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Preface

Wireless communications services are penetrating into our society at an explosive growth
rate, and demands for a variety of high-speed wireless multimedia services continue to
increase. It is everyone’s wish that wireless could act like a wired connection with the
same quality as fixed networks. To realize true high-speed wireless systems, sustained
technical innovation on many fronts will be required. The physical limitations on and
problems with wireless channels (bandwidth and power constraints, multipath fading,
noise and interference) present a fundamental technical challenge to reliable high-speed
wireless communications. This book is an ideal reference for graduate students and
practitioners in the wireless industry.

The text of this book has been developed through years of research by the author and
his graduate students. The aim of this book is to provide an R&D perspective on the field
of high-speed wireless multimedia communications by describing the recent research
developments in this area and also by identifying key areas in which further research
will be needed.

The book is organized into four parts: introduction, ultra-wideband (UWB) commu-
nications, evolved 3G mobile communications and 4G mobile communications, with
twelve chapters.
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1.1

Introduction to high-speed wireless
communications

Wireless communications and internet services have been penetrating into our soci-
ety and affecting our everyday life profoundly during the last decade far beyond any
earlier expectations. In addition, the demand for wireless communications is still grow-
ing rapidly and wireless systems that support voice communications have already been
deployed with great success. Further wireless mobile and personal communication sys-
tems are expected to support a variety of high-speed multimedia services, such as high-
speed internet access, high-quality video transmission and so on. To meet the demand
for high data rate services in broadband wireless systems, various systems and/or tech-
nologies have been proposed, such as the ultra-wideband (UWB) system, and evolved
third generation (3G) and fourth generation (4G) mobile communications systems.

UWB communications

In the foreseeable future, the development of low-power, short-range and high-speed
transmission systems is going to play a significant role in the area of wireless communi-
cation, due to a blooming growth in demand for information sharing and data distribution
tools to be used in hot-spot layer and personal network layer communications. At the
same time, the radio frequency (RF) spectrum suitable for wireless links is limited, so
efficient spectrum utilization is a challenging problem in physical-layer communica-
tion engineering [1]. All these have motivated the exploration of the UWB transmission
system.

Recently, there has been a growing interest in the research and development of novel
technologies aimed at allowing new services to use the radio spectrum already allocated
to established services, but without causing noticeable interference to existing users.
UWB systems [1]-[3], using bandwidths in excess of 500 MHz with very low power
spectral density, are currently attracting much interest as a means of obtaining additional
capacity by overlaying the narrowband signals that currently occupy various portions of
the spectrum.

If the emissions from UWB devices are regulated to avoid causing significant interfer-
ence to licensed narrowband services, then it becomes possible to allow UWB systems to
operate on an unlicensed basis, enabling UWB technology to support a diverse range of
short distance applications, such as wideband multimedia services for home, radar, auto-
motive and medical imaging systems. Currently, mobile phones and unlicensed wireless
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LANSs are not allowed to be used in hospitals, because of the fear that they will interfere
with medical equipment. However, future UWB devices might be used in hospitals since
they have very low power spectral density, i.e., their emissions have very low interference
potential.

The term “ultra-wideband” originated from the Department of Defense of the United
States of America in 1989 [4], although the research and development of the related
radio technology had been taking place for decades. A common accepted definition of
UWSB is that the system signal occupies a bandwidth greater than 500 MHz or 25% of
the center frequency. Numerically, this is given by

fu— fL

fractional bandwidth = > 0.25 (1.1)

C
where fyand f_are the upper and lower frequencies, respectively, of the —10 dB emission
point. The center frequency f¢ is defined as

fo = futf (1.2)
2

There are existing technologies capable of offering short-range wireless services.
Bluetooth technology, using the 2.4 GHz spectrum of the industrial, scientific and med-
ical (ISM) band, supports the data rate of 700 kilo bits per second (kbps). The IEEE’s
standards for wireless local area networks (LAN), IEEE 802.11a and IEEE 802.11b
(so-called wireless fidelity (WiFi)), using the 5GHz and 2.4 GHz spectra of the ISM
band, support data rates of up to 54 mega bits per second (Mbps) and 11 Mbps, respec-
tively. In comparison to these short-range communication devices, future UWB devices
will offer much higher data rates of up to around 500 Mbps, which offers opportunities
for expansion of wireless communications in many areas. For example, UWB technology
can be used for cable displacement in the construction of high-speed home and business
networking; establishing high throughput links for hand-held devices and various con-
sumer electronic appliances such as notebook computers, digital cameras, portable music
players and personal digital assistants; supplying short-range voice, simultaneous video,
audio and Internet services in campus areas, libraries, and even medical and elderly care
facilities; as well as providing high-speed data distribution within airport terminals or
railway stations.

The relative advantage of UWB technology in comparison to the conventional nar-
rowband system is not limited to the increase in transmission rate. As the UWB system
bandwidth would be much larger than the actual data rate, recall Shannon’s equation for
channel capacity:

. (1.3)
noise power

. ) signal power
capacity = bandwidth - log <1 + %>
The expansion of operating bandwidth allows a lower system signal-to-noise ratio for
the same capacity. As a result, UWB devices can have a much lower operating power
than conventional narrowband communication systems, as illustrated in Figure 1.1. Low
emission power is not only beneficial in power-constrained scenarios such as battery-

operated devices, but also allows cheap RF components.



Introduction to high-speed wireless communications 5

30 kHz
Analog cellular voice channel

6 MHz
TV channel

28-100 MHz
Unlicensed spread spectrum devices

1000-3000 MHz
Ultra-wideband devices

Figure 1.1 Bandwidth of typical wireless technologies.

Multipath fading is another main concern for the use of indoor wireless systems,
since the transmitted signal usually reaches the receiver by more than one path due to
reflection, refraction and scattering of radio waves by obstacles. This problem is much
relieved for UWB systems due to fine time resolution, since the bandwidth of the UWB
signal would be much greater than the coherence bandwidth of the channel response.
The greater multiple propagation path resolvability allows better control of fading as
multipath components can be combined constructively, which is less satisfactory in
narrowband communication systems.

In the USA, the standardization and regulation processes are undergoing change and
the Federal Communications Commission (FCC) has introduced spectral masks for the
operation of different types of UWB device. UWB devices for communication must
operate with their —10dB (fractional) bandwidth of at least 500 MHz within the fre-
quency band between 3.1 and 10.6 gigahertz (GHz), as shown in Figure 1.2. The region
of the spectrum below approximately 2 GHz should be well attenuated because it is the
most heavily occupied region of the spectrum, containing services for public safety,
aeronautical and maritime navigation and communications, AM, FM and TV broad-
casting, private and commercial mobile communications, medical telemetry, amateur
communications, and GPS operations. Under such arrangement, these GHz-bandwidth
devices should have very low emission power so as to prevent noticeable interference
to the numerous established narrowband systems scattered over the allocated spectrum
for UWB devices. Overlaying can meet the goal of efficient use of scarce spectrum
resources, but the deployment of UWB technology has aroused a lot of controversy
since systems sharing the spectra are under the threat of mutual interference. Lack of
coordination among the systems involved could further worsen the situation since UWB
devices would operate on an unlicensed basis due to the large expected market size.



Msew [esndads D4 'L ainbiy

0T ZH9 1 Kouanbaig 0T 10T ZH9 u1 Aouenbalg 0T
v R s e T T T T | —r—r—r—T1— T . . T
-4 G/— 5 1 G-
. 2 H C
Hwi GT Med === —40/,—- C NWI GT Mo == | . s . e 0 S
:E__.‘_OO“USO — m W] JOOPU| s H M
m S|
1% 3 169~ 3
e 3
7 2
109~ 2 4 09- S
2 T
z s
195~ & {5 5
a @
& 3
do5- 3 -1 05—
-4 Sp— -4 Sh—
1 ov— i e




Introduction to high-speed wireless communications 7

In accordance with the characteristics described, the UWB wireless communication
system should be very effective and robust in gathering multipath energy, suppressing
narrowband interference, and combating multiple access interference of other UWB sys-
tems. The overlaid UWB system should cause negligible harm to existing systems, have
a frequency spectrum suited to the operational requirements, and achieve acceptable per-
formance in low transmission energy. Therefore, the deployment of UWB technology
is a controversial issue and there are fierce discussions over the methods of its imple-
mentation, for example in the standardization of IEEE 802.15.3a, which considers the
ultra-wide bandwidth physical channel. It should be pointed out that UWB technology
is just an innovative way of using a valuable resource, but should not be confined to
any specific scheme. There is no restriction on the modulation techniques for UWB
technology as long as the operating requirements are met.

Multicarrier-CDMA-based UWB

When considering overlay, interference reduction and interference suppression are the
key issues for sharing the spectrum in harmony between the established narrowband
systems and the overlaid UWB system. The way the allocated resources are shared
among the UWB devices and the rich number of multipaths are used are also important
issues.

The multiple-access scheme is key for UWB wireless communication since the system
is to be used at short range, supporting numerous users, devices or services. Code division
multiplexing is suggested to be a suitable scheme for UWB systems over frequency divi-
sion multiplexing (the fractional bandwidth requirement cannot be met), time division
multiplexing (synchronization among all system users is needed) or carrier-sense mul-
tiple access (inefficient channel sensing and back-off due to collision). Direct sequence
code division multiple access (DS-CDMA) is a spread-spectrum modulation technique.
The origin of the technology can be dated back to pre-World-War Il years, and was ini-
tially used in military communications. CDMA communication systems for commercial
use have appeared in the past decade.

Figure 1.3 illustrates the fundamental components of a DS-CDMA system. Under
this modulation scheme, at the transmitter, the data signal is spread by a higher rate
random code to give the spread signal, which is then passed to the RF modulator where
the signal spectrum is shifted to the assigned frequency location. The resultant signal
is amplified and transmitted. At the receiver, the signal is RF demodulated by reference
carrier and despread by the locally generated code to recover the data. The spreading and
despreading processes result in the attractive features of DS-CDMA system: multiple
access and multipath resolution capabilities, as well as the abilities of anti-jamming and
anti-interference, while decades of effort and experience have proved that CDMA is an
efficient way for wireless communication as well as a suitable candidate for overlaying
purposes. All of these are necessary for the UWB communication environment.

Based on these features, DS-CDMA is a probable multiple access scheme, but it is less
feasible when applied directly to UWB communications because the ultra-wide band-
width demands circuitry with an ultra-fast sampling rate and analog-to-digital conversion
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Figure 1.3  Block diagram of casual DS-CDMA system.
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Figure 1.4  Spectrum of multicarrier CDMA UWB system.

components with a very large dynamic range are required due to the fact that the received
signal exhibits large variation. Furthermore, if a casual DS-CDMA scheme was adopted,
the UWB system would have to cope with the negative effects of all the established
narrowband systems scattering along the allocated bandwidth. As a result, the hybrid of
casual DS-CDMA — multicarrier CDMA, is a promising choice.

Under multicarrier CDMA, after the data signal is spread by a higher rate random
code, the resultant signal is then modulated on multiple carriers. Multicarrier CDMA
offers the following advantages. First, the rate of signal processing is no longer directly
related to the entire occupied spectra since the ultra-wide bandwidth is sliced into a
number of wide bandwidth portions, so lower speed units can be used. Second, the signal
spectra of different carriers can be disjoint from each other, and they can be shifted
to an appropriate frequency region, with the reinforcement of band-limiting techniques
so that important spectra such as ISM bands or those reserved for emergency use can
be easily avoided. Resource allocation can be flexible where trade-off between overall
transmission rate and quality of service from frequency diversity is allowable. Third,
various techniques developed for DS-CDMA signal processing can be applied.

UWB systems are overlaid on the established services, scattered over the operating
bandwidth. In order to share the resource harmoniously, the idea of filtering at the
transmitter has been suggested, in which notches are placed on appropriate frequency
locations so that the emission power of the UWB system is suppressed over the spectra
occupied by the established systems (Figure 1.4), in order to fulfill the interference
avoidance requirement.
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Notch filtering is initially employed for jamming-signal suppression at the receiver
and the related technology has been well explored over the past few decades. It was
proposed that notch filtering at the transmitter can be achieved by passing the spreading
code through a transversal filter before signal spreading takes place. Limited complexity
is an attractive feature of the transversal filter, and the tap weights adaptation of the filter
can be based on either the available information in advance for fixed spectra assignment
in narrowband systems, or feedback of statistics from the receiving end of the UWB
device based on an observation of the captured signal for a totally unknown situation.
Since the overlaid UWB system should not disrupt the established services, but there is
no co-ordination with those systems, this kind of passive avoidance approach is suitable
for a UWB operating scenario.

Alternatively, a convenient method to introduce notch filtering at the transmitter can
be done by chip shape madification. The chip shape is used for band-limiting the trans-
mitted signal, and its modification for other interference suppression purposes has been
discussed [5], [6]. In this book, modification of the spectrum of the transmitted chip
signal is employed for interference avoidance with established services, and the details
are discussed further in Chapter 2.

On the receiving end, the UWB signal can be corrupted by very strong narrowband
interference from existing narrowband users, and can also be distorted by the channel
response which results in a large number of multiple propagation paths. In a conventional
Rake system for exploring multipath diversity, the tapped delay line receiver with tap
weights forms the spreading code, while the time separation between the taps is the chip
interval of the code. The receiver collects the resolvable paths and combines the statistics
coherently to give the data estimation.

However, the processing gain of the DS-CDMA system can only tolerate a certain
level of jamming signal. As the emission power of a UWB system is extremely low in
comparison to those of the established services, the UWB system would malfunction
under an ultra-strong jamming signal. Further increasing the processing gain is not an
appropriate solution as the data transmission rate is sacrificed, while simply discarding a
sub-carrier that is experiencing narrowband interference is also too inefficient. The use of
an adaptive Rake can be a better choice where the determination of the tap weights takes
the channel condition into account and eventually the taps can be adjusted to despread
the UWB signal as well as suppress the narrowband interference. In this work, a pre-
combining minimum-mean-squared-error (MMSE) adaptive Rake is considered, such
that the receiver only depends on the spreading code cross correlations and the average
power profile of the channels so as to relieve the possible severe tracking problem.
The resultant structure is thus capable of jointly gathering the multipath energy and
suppressing narrowband interference. To illustrate the effectiveness of the adaptive Rake
receiver when used in UWB communication, a performance comparison is also made
between the adaptive Rake receiver as well as the conventional Rake receiver and the
one with a notch filter mounted in the front end.

A characteristic feature of indoor wireless communications is the large number of
multiple propagation paths. Combining all available paths is too inefficient as this makes
the receiver much too complex. Selective maximal combination (SMC) is thus employed
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Figure 1.5 Impulse radio.
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Figure 1.6  Transmitter of direct impulse excitation UWB.

for the design in which only the contributions from significant paths are considered, which
are usually the signals from the line-of-sight path and several strong non-line-of-sight
paths.

Impulse-radio-based UWB

From the earlier work on electromagnetic signals for radio transmission and radar, UWB
has been related to the carrier-free baseband signal, called impulse radio (IR). Direct
impulse excitation has been regarded as the conventional approach for UWB signal gen-
eration. Figure 1.5 shows the signal from the direct impulse excitation approach UWB.
The extremely short duration pulse (a duty cycle of nanoseconds) provides the ultra-wide
bandwidth and it is characterized with extremely low power spectral densities. Informa-
tion is conveyed by changing the characteristics of the pulse, such as pulse amplitude
modulation (PAM), pulse position modulation (PPM), on-off keying (OOK), etc.

A typical functional block diagram of the IR-UWB system is shown in Figure 1.6. The
main advantage of IR is that it does not need RF components in transceivers. Therefore,
implementation is relatively simple and the cost is low. Simplicity and low cost are the
attractive features of direct impulse approach UWB. Low power consumption can be
achieved and costly analog components can be avoided as higher frequency translation
is bypassed. The antenna provides band-pass filtering and pulse shaping of the radiated
signal. A high degree of digital implementation is possible. However, direct synthesis
of the very wide bandwidth, from near zero to several gigahertz, means that very high
speed signal processing units are required, but the low spectral region has to be dropped
according to the regulations. PAM, PPM and OOK allow simplicity in transceiver design
but yield signals with spectral lines, which is undesirable. Antenna design would be
challenging since minimizing the signal distortion over a bandwidth of several gigahertz
is difficult. Thus obvious constraints are placed on management and utilization of the
allocated spectrum, which limits the overall efficiency of the system.
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Since the receiver of time hopping IR (TH-IR) is operated by time-gating matched to
the pulse duration, this time-gating reduces the power of continuous-time interference
to the duty cycle of IR. Therefore, TH-IR inherently has the capability of narrowband
interference suppression. When narrowband interference is very strong, however, we may
need to use a notch filter to help reject it. The IR overlay is investigated in Chapter 3.

Accurate synchronization plays a cardinal role in the efficient utilization of any
spread-spectrum system, and the process of synchronization is performed in two steps:
(1) code acquisition, and (2) tracking via code-tracking loop. Much work on the study of
acquisition in CDMA had been done about 40 years ago, and the work can be summarized
as follows:

Parameters of an acquisition subsystem in direct spread-spectrum systems include
detection threshold, correlation interval, number of tests per code chip, and sys-
tem complexity determined by searching strategy and verification scheme. There are
also some implicative parameters, such as the input signal-to-noise ratio (SNR), chip
rate, period of spread code, length of the uncertainty region and false alarm penalty
time [7].

Detection is the core unit of any acquisition subsystem, and it may be coherent or
non-coherent, depending on whether acquisition is behind carrier demodulation or not.
Different selections of detection threshold, such as fixed or adaptive, are determined by
the adopted detection criteria, such as the Bayes rule, the Neyman—Pearson rule, and
others. Furthermore, the detection dwell time, which may be fixed or variable, is the
time interval allotted to each decision. In addition, the first detection level may or may
not be followed by a verification logic that is used to ensure the initial synchronization
indication and to prevent eventual false alarm, alternatively known as “multiple-dwell-
time detector” or “single-dwell-time detector.” The single-dwell detector can employ
either full-period or partial-period correlation. In contrast, the multiple-dwell detec-
tor almost invariably employs a short-time partial-period correlation to expedite the
acquisition process since the negative statistical effects of partial-period correlation can
be removed at higher stages of the verification mode. Such a verification structure can
employ immediate-rejection logic or nonimmediate-rejection logic. Passive integrations,
such as matched-filter and active correlator, are two alternatives for correlation detection.

Different methods of code acquisition have been proposed. The maximum likelihood
(ML) technique is similar to an optimal multiuser detection problem and gives excel-
lent synchronization performance at prohibitive complexity. The sequential estimation
method gathers information from past cell-decisions to improve the current cell-decision
with a sequential search, but its merits decrease with decreasing SNR. The sliding cor-
relator technique is considered exclusively for low-SNR environments and moderate
system complexity.

Regarding sliding correlator techniques, serial search, parallel search, hybrid search,
and matched-filter are included. For fastacquisition, a parallel search scheme or matched-
filter is considered. As a trade-off between system complexity and acquisition speed,
a hybrid search scheme combines serial and parallel searches. Every cell decision
is made at the chip rate in the matched-filter, enabling fast acquisition. In the serial
search scheme, more sophisticated serial-search strategies, such as Z-search, expanding-
window, straight-line, etc., are considered.
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In frequency-selective fading channel environments, acquisition gives only the infor-
mation that one of those paths has been found, and it ends when the threshold of the
comparator is exceeded. An additional sweep should then be performed over a short
timing window to find the existence and location of different multipaths and their com-
plex coefficients. In [8], the optimal decision rule was proposed for frequency-selective
fading channels based on the ML criterion.

One of the design challenges provided by the wide bandwidth property of IR-UWB
signals is timing acquisition. Because of the high resolution in time required to locate
the narrow pulses employed in IR systems, a considerable number of possible pulse
positions in the uncertainty region must be searched in order to acquire the phase of
the received signal. Therefore, a rapid acquisition algorithm is very important in IR-
UWB communication systems. A novel rapid acquisition is proposed and analyzed in
Chapter 4.

Although IR-UWB played a leading position during the early stages in the exploration
of UWB technology, the limitation of IR-UWB motivated researchers to seek alternative
methods of UWB signal generation. The carrier-based or spectrally filtered method,
which is a conventional approach to narrowband communication, has been considered
as a potential candidate for UWB application. Figure 1.7 is the functional block of the
spectrally filtered UWB system, which involves translation of the baseband signal to a
higher frequency, in contrast with IR.

The data sequence is chip or pulse shaped and passes to the frequency conversion com-
ponent, which can be implemented by analog RF mixer, or the digital pseudo carrier. The
resultant signal is then bandpass filtered and transmitted to the antenna. The spectrally fil-
tered approach may suffer from an increase in production cost and system complexity in
comparison to the IR approach, but this approach allows a better and more active control
of the transmitting spectrum under bandpass filtering and frequency conversion, which
is important to fulfil the spectrum mask requirement imposed by the FCC. Lower-speed
processing units can be used since the ultra-wide bandwidth can be achieved indirectly.
Information transmission can make use of phase, frequency and amplitude modulation,
but modifications and adaptations are required to apply the spectrally filtered approach
to UWB wireless communications.

MAC layer in UWB networks

From a network topological point of view, two types of UWB network are generally
considered in practical scenarios. One is the infrastructure network and the other is the
ad hoc network [9].
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In Figure 1.8 an example of an infrastructure UWB network is shown. Via an access
point, mobile nodes (desktops, laptops, personal digital assistants (PDAs) and mobile
phones) embedded with UWB transceivers can be connected to the Internet in order
to communicate with other remote users. Moreover, the access point can also deliver
packets for the nodes in the same UWB network.

In Figure 1.9 an example of an ad hoc UWB network is shown. Since an ad hoc
network could work without setting any base station or access point in advance, people
are able to share large files or have high-quality video conferences easily in a small area.
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Medium access control (MAC) provides a fundamental method to coordinate the
channel access among competing devices. Key research challenges in the area of MAC
are in resource allocation and quality of service (QoS) provisioning. In [9], a centralized
MAC scheme for the infrastructure network and a distributed scheme for the ad hoc
network are investigated. Since this book is mainly devoted to the physical layer, please
refer to [9] for detailed discussions of the MAC layer.

Evolved 3G mobile communications

The wireless channel resources of bandwidth and time need to be shared by all users.
Frequency division multiple access (FDMA), time division multiple access (TDMA)
and code division multiple access (CDMA) are three major solutions proposed for this
multiple access problem. TDMA and FDMA try to separate the users by dividing time and
bandwidth, respectively, while CDMA allows all users to access the whole bandwidth all
the time and differentiates between users by using pre-assigned spreading codes. CDMA
beats other digital and analog technologies on every front, including signal quality,
security, power consumption and reliability. CDMA allows universal reuse of spectrum,
flexible asynchronous access (e.g., voice activation), soft capacity, soft handoff, and
large time-bandwidth signaling that can combat multipath channel fading with Rake
combining [10]. Due to many overwhelming advantages, DS-CDMA has been chosen
as the multiple access scheme by the International Telecommunications Union (ITU)
for third generation (3G) wireless cellular systems. The wideband CDMA (WCDMA)
from 3rd Generation Partnership Project (3GPP) [11] and CDMA2000 from 3GPP2
[12] are two major standards developed for 3G mobile systems. A wideband CDMA
system is defined as one where the spread bandwidth of the underlying waveforms in
the system typically exceeds the coherence bandwidth of the channel over which the
waveforms are transmitted. Moreover, in order to realize completely the advantages of
this time-bandwidth sharing and to enhance the inherent multiple access capability of
CDMA, many recently developed efficient signal processing technologies have been
designed and adopted in both standards. Some important technologies involved in the
3G system standards include: multicode transmission, transmit diversity, packet switched
transmission, adaptive modulation and coding.

Transmit diversity

For the wireless channel, there usually are multiple propagation paths from the transmit-
ter to the receiver and these paths have randomly time-varying amplitudes and delays
depending on the geographical location and mobility of the receiver relative to the trans-
mitter. This time variation in signal characteristics is usually referred to as fading, and can
lead to significant performance degradation compared to the performance in a traditional
deterministic channel with only additive white Gaussian noise (AWGN). Theoretically,
transmitter power control is the most effective technique to mitigate multipath fading;
however, the diversity technologies are more applicable and have been widely adopted
in practical communication systems.
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Receiving diversity

Until the current decade, nearly all diversity technologies actually refer to receiving
diversity schemes. Diversity signaling is a powerful technique to combat short-term
fading and has been thoroughly studied. This technique provides several independently
faded replicas of the same information signal at the receiver and significantly reduces
the probability that all the signal replicas suffer from amplitude fading at the same time.
Depending on the propagation mechanism, some commonly used forms of receiving
diversity techniques include: space diversity, frequency diversity, time diversity and
multipath diversity (as used in the Rake receiver).

In space diversity systems, multiple copies of the signal are obtained by using multiple
spaced receive antennas. In frequency and time diversities, the same transmission is
repeated at multiple frequencies or at multiple time instants. Similarly, in multipath
diversity, multiple copies of the signal are obtained from different resolvable paths. It
is observed that under fairly general conditions, a channel affected by fading can be
turned into an AWGN channel by increasing the number of diversity branches [13].
After obtaining the necessary signal at each diversity branch, these signals need to be
combined to obtain the best result. For most communications, there are three basic linear
combining methods: selection combining (SC), maximal ratio combining (MRC) and
equal gain combining (EGC).

SC is the simplest of all the schemes. An ideal selection combiner chooses the branch
signal with the highest instantaneous signal-to-noise-ratio (SNR); thus the output SNR
is equal to that of the signal from the best branch.

MRC is the optimal linear combining scheme, where signals from all branches are
weighted proportionally to their individual signal voltage-to-noise power ratios and
summed together. The MRC combiner adaptively adjusts both the magnitude and phase
of weights for each branch in order to maximize the total SNR at the output of the
combiner.

EGC is a suboptimal but simple combining method. It is similar to MRC, but there is
no attempt to weight the signals before addition. In other words, each weighting factor
has phase opposite to that of the signal in the respective branch, but all weighting factors
have equal and unity amplitude.

Itisreadily seen that the complexity of MRC and EGC receivers depends on the varying
number of diversity branches. Inaddition, MRC and EGC are sensitive to weighting factor
errors, and these errors tend to be more important when the instantaneous SNR is low. On
the other hand, SC takes advantage of only one branch out of all available branches and
hence does not fully exploit the amount of diversity offered by the channel. Therefore,
there has been an interest in bridging the gap between these two extremes, i.e. MRC/EGC
and SC, by proposing generalized selection combining (GSC), which adaptively selects
and combines (following the rules of MRC or EGC) the several strongest branches among
all available ones [13]. In the context of coherent DS-CDMA systems, the GSC Rake
schemes generally offer less complexity than the conventional EGC and MRC methods.
In addition, the GSC scheme is expected to be more robust toward weighting factor
errors and less sensitive to the so-called “combining loss” of the very weak branches.

Multi-element antenna arrays are widely deployed at base stations to improve the
uplink performance through traditional receiving diversity and to increase the potential
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Figure 1.10  Alamouti space-time block code based transmit diversity scheme.

system capacity through some space-time processing techniques. However, employing
multiple antennas at the mobile terminal contradicts the requirements of the future pocket
communicators with respect to the size, limitation of the power consumption and com-
plexity of the receiver.

Transmit diversity

Transmit diversity (TD) refers to the use of multiple transmit antennas in order to provide
additional copies of the signal over independent channels. TD has been studied exten-
sively as an efficient technique to achieve spatial diversity for downlink with multiple
transmit antennas at the base station rather than multiple receive antennas at the mobile
stations. Since future mobile multimedia services will be involved with high data rate
transmission, it is desirable for the TD technique to provide improvement of both link-
level performance and system capacity on the high-speed downlink without needing to
increase the total transmit power or expand the bandwidth [13].

Although a number of TD approaches had been proposed, Alamouti presented the
first space-time block code (STBC) to achieve full diversity gain with a simple linear
processing decoding algorithm [14]. The Alamouti TD, which is based on STBC, exploits
two transmit antennas and one receive antenna, as shown by the baseband representation
in Figure 1.10. It provides the full diversity order of two and the full rate one, as it
transmits two symbols in two time epochs.

This TD scheme takes one block, i.e., two consecutive symbol periods, to convey one
pair of finite-alphabet modulated symbols x; and x,. During the first symbol period of
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Table 1.1 The encoding and transmission
sequence for the Alamouti TD scheme

Antenna 1 Antenna 2
time t X1 X2
timet+T —X; Xy

one given STBC coding block, two signals x; and x, are simultaneously transmitted
from antenna 1 and antenna 2, respectively. During the second symbol period, signal
(—x3) is transmitted from antenna 1 while x; is transmitted from antenna 2, where
the superscript * stands for the complex conjugate operation. The encoding sequence is
shown in Table 1.1.

It is clear that the encoding is done in both the space and time domains. Let us denote
the transmit sequence from antennas 1 and 2 by x* and x?, respectively,

xXE=[x;  —x3] (1.4)

=[x xi] (1.5)

The key feature of the Alamouti TD-STBC scheme is that the two transmit sequences

from the two transmit antennas are orthogonal, since the inner product of the sequences

xt and x? is zero, i.e., x* @ x? = 0. It is assumed that the channel is flat fading. At time t

the fading channel from transmit antennas 1 and 2 to the receive antenna is modeled by

complex multiplicative coefficients hy(t) and h,(t), respectively. Assuming that fading

of each channel is constant across two consecutive symbol periods, they can be expressed
as follows:

hy(t) = ha(t +Ts) = hy (1.6)

ha(t) = ha(t +T5) = h, (L.7)

where T; is the symbol period. The received signal during the first and second symbol
intervals, respectively, can be expressed by

yr=y{t) =X -hi+xz-ha+m (1.8)

y2 =yt +Ts) = (=x3) -h1 +x{ -ha + 12 (1.9)
where 1, and n, represent AWGN and interference at time t and t + Ts. Moreover, they
are assumed to be independent from each other.

The combiner to decode the Alamouti STBC is shown in Figure 1.10. Assuming
coherent combining and ideal channel state information available at the receiver side,
the two decision variables are constructed as
Xi=yi-hi+y;-hy
X - (Ihaf? + [h2f?) + n1 - hi + 75 - hy (1.9)
Xo=y1-h;—y;-hy
X - (Ihaf* + [h2[?) = 15 - hy + ma - h3 (1.10)
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where | - | stands for the magnitude or the square root of the norm. The combined decision
variables are then sent to the maximum likelihood detector.

It has been proven that the Alamouti TD-STBC scheme is equivalent to the conven-
tional maximum ratio receiving combining (MRRC) scheme [14]. However, the equiv-
alence is only valid when the pair of channels is independent non-frequency selective
and when the total transmission power is actually twice that of the MRRC scheme.
Furthermore, the Alamouti scheme can be readily extended to the system configu-
ration with two transmit and M receive antennas, through which the same diversity
order as a 2M-branch MRRC is obtained with simply additional linear processing at the
receiver. In other words, using two antennas at the transmitter, the scheme doubles the
diversity order of systems employing only one transmit antenna and multiple receive
antennas.

Other TD schemes

The concept of space-time code for open-loop TD was first introduced by Tarokh
et al. [15]. This approach, now called space-time trellis code (STTC), is a joint design
of error control coding, trellis-coded modulation and space-time diversity appropriate to
multiple transmit antennas. STTC provides the best possible trade-off between constel-
lation size, data rate, diversity advantage and trellis complexity. It offers a substantial
diversity improvement, coding gain and spectral efficiency over flat fading channels.
STTC performs well in a slowly fading environment, although the decoding complexity
increases exponentially with the number of antenna elements and expected diversity
order. Therefore, space-time trellis coding schemes are widely exploited to combat the
effects of channel fading in multiple input multiple output (MIMO) systems.

In addressing the issue of decoding complexity in the Alamouti TD-STBC scheme
[14], the concept of STBC first emerged, which is optimal for the complex modula-
tion alphabet and two transmit antennas. The theory of STBC was further developed
by Tarokh et al. [15]. They defined STBCs in terms of orthogonal code matrices. The
properties of these matrices ensure full diversity equal to the number of transmit anten-
nas, and a linear maximal likelihood detection. STBC actually generalizes the Alamouti
scheme to an arbitrary number of transmit antennas and is able to achieve the full diver-
sity promised by transmit and receive antennas. It is proven in [15], however, that the
complex-value orthogonal design exists only for two transmit antennas. In other words,
the Alamouti scheme is unique because it is the only STBC with a square complex
transmission matrix to achieve the full rate one. For complex modulation signal constel-
lations and more than two transmit antennas, the rate of orthogonal STBC is less than
one.

Therefore, some specific orthogonal STBC schemes for three and four transmit anten-
nas were also proposed in [15] and consequent performance results were given in [15],
which can provide full diversity and half or three-quarter code rate. Similarly, STBC
approaches were presented specifically for a system with four transmit antennas. All the
above attempts concentrate in generalizing the complex orthogonal designs that support
STBC with full diversity and a high transmission rate.
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Figure 1.11  Generic block diagram of the STTD encoder.

Transmit diversity in 3G systems

As a method to combat impairments in wireless fading channels, TD is particularly
appealing because of its relative simplicity of implementation and the feasibility of
multiple antennas at the base station. Moreover, the cost of multiple transmit chains at
the base station can be amortized over numerous mobile stations in service.

When the number of transmit antennas is fixed, the decoding complexity of STTC,
which is measured by the number of trellis states at the decoder, increases exponentially as
afunction of both the diversity level and the transmission rate. In comparison to decoding
complexity, the TD-STBC is therefore attractive since only linear processing is required
at the receiver. These codes are able to achieve the full diversity order possible for a
given number of antennas, without bandwidth expansion, although they do not offer the
coding gain possible with STTC. Indeed, due to its significant advantages of simplicity
and performance, the two-antenna complex modulation TD-STBC scheme originally
proposed by Alamouti has already been adopted as an open-loop TD scheme in the 3G
standards [11], [12].

In order to provide high data rate services for a large number of users in the system, both
open- and closed-loop downlink TD techniques are incorporated into the 3G standards.
The open-loop TD specifications are divided into two categories: space-time block coding
based transmit antenna diversity (STTD) and time switched transmit diversity [11]. The
STTD is the TD-STBC scheme proposed by Alamouti in essence. The STTD encoder
operates on blocks of every four consecutive channel bits for QPSK (quadrature phase
shift keying) modulation. The block diagram of the generic STTD encoder for channel
bits bg, b1, by and bs is shown in Figure 1.11. The channel bitb; (j = 0, 1, 2, 3) has been
channel coded, rate matched and interleaved with a real value of +1.

Besides the above STTD encoding diagram, the detailed block diagram of post-
processing specified by the 3G standards is also illustrated for transmit antenna 1 and
antenna 2 in Figures 1.12 and 1.13, respectively. Itis shown that, after the STTD encoding,
two streams of coded bits will be allocated individually to the two processing branches
corresponding to the two transmit antennas. The STTC coded bits will be first serial-
to-parallel converted, spread by the complex spreading secondly, then split into real and
imaginary parts, and finally QPSK modulated onto the carrier frequency.

It is worth noting that the same complex-valued spreading code is employed for both
transmit antenna 1 and antenna 2; in other words, no expense of extra spreading codes
is paid for the system with TD-STBC compared to the system without TD-STBC. In
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both Figures 1.12 and 1.13 the complex-valued spreading codes (S, + jSg) are actually
constructed by multiplying the downlink scrambling codes (Sq + jSqo) by the orthogonal
variable spreading factor (OVSF) channelization codes Cg [10].
In Chapters 5 and 6, the performance of TD applied to 3G systems is presented in
perfect and imperfect channel estimations.
Adaptive modulation

In order to provide a wireless high data rate service, efficient multi-level quadrature
amplitude modulation (MQAM) techniques have to be adopted. However, the broadband
wireless channel is a frequency selective fading channel. Therefore, adaptive modulation
is necessary. When SINR is large, MQAM (e.g., 256 QAM, 64QAM or 16QAM) should
be used, whereas when SINR is small, a simple modulation scheme (QPSK or 8PSK) can
be selected. The introduction of QAM to wireless CDMA results in several problems.
One of them is that QAM is very sensitive to channel estimation quality, especially when
the Doppler frequency shift is large. This is because the QAM demodulator must scale
the received signal to normalize channel fading so that its decision regions correspond
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to the transmitted signal constellation. If the channel estimate contains any error, the
demodulator will improperly scale the received signal, leading to an incorrect decision
even in the absence of channel noise.

MQAM systems with antenna diversity

MQAM was first proposed half a century ago, although developments in its use for wire-
less communications were initially slow. Studies were mainly on constellation design,
and implementation issues for fixed channels or satellite links. The first major paper
considering MQAM for mobile radio applications was published in 1987 [16], which
employed MQAM for voice transmission in Rayleigh fading channels. After that, MQAM
for wireless mobile radio communications became a very hot topic due to its high spec-
tral efficiency. Extensive studies for MQAM systems have been developed, including
some on the potential for adaptive modulation, which can significantly improve system
throughput by changing the modulation scheme adaptively according to different channel
conditions [17]. Other research covers the performance evaluation of MQAM systems
[18-20], which is the basis for the study of adaptive modulation systems. Therefore, it
is necessary to provide a general bit error rate (BER) expression for the performance of
MQAM systems in wireless environments.

In wireless communications, the transmitted symbol is distorted by amplitude and
phase fluctuations due to the channel fading. To recover the transmitted MQAM symbol
from the distorted signal at the receiver there are two traditional approaches: differential
detection and coherent detection [18], [19]. It is found that, compared with coherent
detection, differential detection suffers a 3dB penalty [20]. Thus, coherent detection is
more attractive due to its better performance, although it requires a knowledge of channel
information to compensate for amplitude and phase fluctuations.

Coherent detection for MQAM systems has been studied in [18] under the assumption
of perfect channel estimation. In practice, since MQAM is very sensitive to amplitude
and phase fluctuations [19], channel estimation becomes a key technique for MQAM
systems. In pilot symbol assisted modulation (PSAM) MQAM systems in wireless fad-
ing channels, pilot symbols are periodically inserted in the data stream. Then channel
information can be extracted from the received signal with the help of pilot data [18].
Later studies have been developed to investigate the effect of imperfect channel esti-
mation on PSAM MQAM systems in terms of symbol error rate (SER). In general the
transformation from SER to BER is not straightforward. To clearly indicate the trans-
mission capability of a system, a direct BER measurement/calculation is needed. Some
studies on BER performance were mainly based on computer simulations, though an
analytical result is provided for a special case (e.g. perfect channel estimation and two-
branch space diversity). Hanzo et al. presented the first analytical BER expression for
16-QAM in Rayleigh fading channels in 1990 [21]. But perfect channel estimation was
assumed. In[19], Tang et al. analytically investigated the effect of imperfect pilot symbol
assisted channel estimation on the BER performance of 16/64-QAM systems. The inte-
gration operation for calculating the BER in [19] requires a heavy computational load,
however, and is thus impractical to be extended to diversity cases. Therefore, analytical
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investigation of the effect of channel estimation error on MQAM systems over fading
channels is necessary.

Moreover, considering the poor performance of high-order modulations (e.g. 64/256-
QAM) in fading channels, an enhanced technique, antenna diversity, is employed to
improve the system performance. Antenna diversity is achieved by using multiple anten-
nas at the receiver to combat fading without expanding the bandwidth. Using the char-
acteristic function method in [20], a general BER for PSAM MQAM systems will be
provided in Chapter 7.

MQAM modulated multicode CDMA systems

In the 3G mobile standard, QPSK modulation was adopted in the original CDMA air
interface. To support different high-quality data services with various bit rates, multicode
transmission has been considered to satisfy the requirements and has been adopted in
the 3G standards [11].

In multicode WCDMA systems, the data stream is first split into a number of parallel
substreams, and then each substream is spread on a code-multiplexed channel. Since the
channelization codes are generated from orthogonal variable spreading factor (OVSF)
codes [10], their orthogonal properties prevent the different channels from interfering
with each other in Gaussian or flat fading channels. In frequency selective fading chan-
nels, however, multipath interference occurs due to nonorthogonality of different code
channels in the presence of multipath propagation delays. The performance of multicode
WCDMA systems in frequency selective fading channels has been addressed in [22],
[23]. It is found that the performance is seriously degraded by the multipath interference.

So far, several algorithms have been proposed to suppress the multiuser interference
(MUI) in the uplink of CDMA or WCDMA systems [22]. Although the multiuser detec-
tor for CDMA systems provides the best BER performance, its complexity increases
exponentially with an increase in the number of code/user channels. By using an inter-
ference regeneration and subtraction method, the interference cancellation technique is
found to efficiently combat multipath interference. Because of its low complexity and
performance improvement, interference cancellation has been extensively studied. A
performance evaluation of systems employing interference cancellation technique was
made in [22], [23] by means of simulation and analytical approaches. These algorithms
have been applied to suppress the MUI or multipath interference.

On the demand for much higher speed package transmission in downlink, in addition
to the multicode transmission, MQAM has been applied to high-speed downlink packet
access (HSDPA) due to its high spectral efficiency [11], [12], although few studies have
been investigated on CDMA systems with high-order modulations. Simulation results
for MQAM modulated downlink multicode WCDMA systems have been presented in
[23] with a Rake receiver and interference cancellation.

So far, no explicit BER analytical results have been given for QAM modulated multi-
code CDMA systems with imperfect interference regeneration and cancellation resulting
from inaccurate channel estimation and tentative data decisions. In multicode WCDMA
systems, channel estimation suffers a lot from multipath interference. Since it is used not
only for coherent detection, but also for multipath interference regeneration, it affects
the system performance much more than that for traditional MQAM systems. Therefore,
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it is important to investigate the effect of estimation error on these issues. In Chapter 8,
an analytical BER expression for MQAM modulated multicode WCDMA systems with
interference cancellation is derived.

4G mobile communications

3G long term evolution (LTE), also referred to as Super-3G, has been standardized to
provide higher data rate services [11]. Its target peak data rates are 100 Mbps and 50 Mbps
for downlink and uplink, respectively. Although LTE can provide a wireless multimedia
service, its data rate is still limited. In order to provide richer multimedia services via
wireless, 4G mobile communications, also referred to as LTE-Advanced, need to use a
much broader bandwidth; for example, 100 MHz bandwidth is required to achieve a data
rate of up to 1 Gbps in conjunction with advanced wireless access technologies, MIMO
technologies, hybrid ARQ and so on.

OFCDM - a promising wireless access technique

A popular modulation technique known as orthogonal frequency division multiplexing
(OFDM) has emerged as an efficient method to transfer high-speed data over frequency
selective channels. The Wireless World Research Forum (WWRF) considers OFDM
the most important technology for a future public cellular radio access system. Several
wireless networking systems (e.g., IEEE 802.11 and 802.16) and wireless broadcasting
systems (e.g., DVB-T, DAB) have already been developed using OFDM technology
and are now available in mature commercial products. In the OFDM system, data is
multiplexed on many narrowband sub-carriers, which can be easily generated by using
highly efficient digital signal processing based on fast Fourier transform (FFT). By
inserting a cyclic prefix (CP) between adjacent OFDM symbols, intersymbol interference
(IS1) is virtually eliminated if the maximum channel delay spread is less than the time
interval of the CP.

With a wide bandwidth over a wireless channel, a transmit signal experiences a broad-
band channel with many multipaths, which may cause severe multipath interference.
Although OFDM has been widely accepted, a new multicarrier access scheme, i.e.,
orthogonal frequency and code division multiplexing (OFCDM), has been proposed by
NTT DoCoMo for future wireless communication systems [24], [25]. It has been shown
that OFCDM, or orthogonal multicarrier code division multiple access (MC-CDMA),
exhibits better performance than the conventional DS-CDMA scheme in the broadband
channel. Based on conventional OFDM, OFCDM systems employ a large number of
orthogonal sub-carriers to transmit symbols in parallel, so that the symbol duration is
increased substantially and the system can combat the multipath interference.

In order to have frequency diversity, the same data in OFCDM modulates a number
of interleaved sub-carriers in terms of frequency domain spreading. Since time domain
spreading is also introduced, multiple codes in both domains can be used to transmit a
high data rate with high efficiency. The spreading scheme with both time and frequency
domain spreading is called two-dimensional spreading. The total spreading factor (N) is
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the product of the time spreading factor (N1) and the frequency spreading factor (Ng),
i.e., N = Nt x Ng.

In order to work in different cell environments, a variable spreading factor (VSF) is
adopted for two-dimensional spreading, and the resultant OFCDM systems are called
VSF-OFCDM systems, where N, Nt and Ng can be changed flexibly to provide the
desired quality of service (QoS) according to variable conditions, such as cell structures
and radio link states.

MMSE detection

Using two-dimensional spreading, N = Nt x Ng, there are N code channels available
for information transmission. In downlink, to provide high-speed multimedia services,
multicode transmission is employed, i.e., multiple code channels are assigned to one
user to achieve a high data rate. Using OVSF, the multicode channels are orthogonal in
either time domain or frequency domain in an AWGN or quasi-static flat fading channel.
However, in a realistic mobile channel, the orthogonality no longer remains in time
domain because of possible fast fading or in frequency domain because of independent
fading among sub-carriers. Therefore, severe multicode interference (MCI) may occur. In
order to improve the system performance, MCI should be mitigated as much as possible.

In VSF-OFCDM systems, each data symbol is two-dimensionally spread in both
frequency and time domains. At the receiver, detection (or combining) techniques are
needed to collect the signals from the spread chips. These techniques have been well-
studied for the OFCDM system with only frequency domain spreading [24, 25], including
EGC, MRC, optimal detection or maximum likelihood detection (MLD), and iterative
detection. Among these detection techniques, EGC is a very simple one and has good
performance at low SNR because it will not enhance the noise power. However, when
the orthogonality between code channels is seriously distorted and MCI is dominant, the
performance of EGC is very poor since it cannot reduce the MCI. Therefore, EGC is not
suitable for a multicode system when the code orthogonality is totally distorted. When
the MCI is not serious, however, EGC can be considered because of its simplicity.

Although MLD provides the optimum performance, it is also the most complex detec-
tion technique. The basic idea of MLD is to evaluate the Euclidean distance between
the received sequence and all possible transmitted sequences and find the most likely
transmitted sequence by minimizing the Euclidean distance. So its complexity increases
exponentially with the number of code channels [20].

Traditional MMSE is also optimum in terms of mean square error when both noise
and interference are taken into account. However, this detection technique involves the
inverse operation of a matrix, which is very complicated when the number of code
channels is large. Fortunately, it can be simplified in case of full load and slow fading
channels [20]. The simplified MMSE has been well studied in [24], [25]. MLD and
MMSE will be studied for OFCDM in Chapter 9.

Hybrid detection
Although MMSE is useful due to its simplicity, its performance is not satisfactory in
suppressing MCI. Thus it is desirable to evaluate the performance of the VSF-OFCDM
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system when the MCI cancellation technique is adopted. An efficient interference cancel-
lation method is linear multistage interference cancellation [26], where the complexity of
the canceller grows linearly with the number of code channels. Basically, the multistage
MCI cancellation is implemented in an iterative way until a specified number of stages
are reached.

Although interference cancellation and MMSE detection are well-developed tech-
niques, so far they have not been investigated for the VSF-OFCDM system. The objec-
tive of our research is to analytically investigate the performance of VSF-OFCDM with
hybrid MCI cancellation and MMSE detection. Chapter 10 will focus on this topic.

OFDM MIMO multiplexing systems

One of the ambitious design goals of future wireless communications is to provide reliable
very high data rate transmission; for example, a target peak rate of 1 Gbps in local areas
such as a very small cell with high traffic density, hotspot area or indoor environment.
One way to get very high bit rates under a scattering-rich wireless channel is to use the
multiple-antenna technique [27], which is capable of realizing spectral efficiency that far
exceeds that of single-input single-output (SISO) systems. Much work on the study of
MIMO techniques has been done, and several schemes have been proposed to exploit its
potential, such as: MIMO multiplexing or layered space-time (LST) architecture [28],
orthogonal STBC [14] and STTC [15]. MIMO multiplexing is aimed at the highest
bandwidth efficiency and is thus the most suitable for ultra high data rate transmission.
However, MIMO techniques are suitable for flat fading channels, while the broadband
wireless channel is the frequency selective channel in which frequency diversity becomes
available. The technique of OFDM MIMO multiplexing [29], [30], is called layered
space-time-frequency (LSTF) architecture.

MIMO multiplexing can be viewed as a synchronous CDMA in which the number of
transmit antennas is equal to the number of users. Similarly, the interference between
transmit antennas is equal to the multiple access interference (MAI) in CDMA sys-
tems, while the complex fading coefficients correspond to the spreading sequences. This
analogy can be further extended to receiver strategies so the multiuser receiver struc-
tures derived for CDMA can be directly applied to MIMO multiplexing systems. Under
this scenario, the optimum receiver for an uncoded MIMO multiplexing system is the
ML multiuser detector [31] operating on a trellis and computing ML statistics, as in
the Viterbi algorithm, but its complexity is exponential in the number of the transmit
antennas. Another approach is the minimum mean-square error (MMSE)- or zero forc-
ing (ZF)-nulling/cancelling detector [32], which uses the linear nulling and successive
interference cancellation processes to estimate transmitted symbols. The MMSE- or ZF-
nulling/cancelling detector has lower complexity than the ML detector but sub-optimal
performance.

For coded MIMO multiplexing systems, the optimum receiver performs joint detection
and decoding on an overall trellis obtained by combining the trellises of the layered space-
time code and the channel code. However, this optimum receiver is almost infeasible
because its complexity is an exponential function of the product of the number of transmit
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antennas and the code memory order. Thus, one approach is to use the non-iterative
receiver structure, which consists of the detector for uncoded MIMO multiplexing and
the channel decoder. In [33], the non-iterative receiver consisting of complexity-reduced
type ML detector and turbo decoder has been shown to achieve satisfactory performance
and feasible complexity. On the other hand, the iterative processing technique for joint
multiuser detection and decoding can be applied to coded MIMO multiplexing. The
complexity of the multiuser detector constitutes a major part of the overall complexity of
iterative receivers. Three multiuser detection algorithms that provide a trade-off between
performance and complexity have been proposed in the literature. The first is based on the
maximum a posteriori (MAP) probability rule [34]; the second is the iterative receiver
with parallel interference canceller (PIC) [35]; and the third is the iterative minimum-
mean-square-error soft-interference-cancellation (MMSE-SIC) detector, which makes
use of both soft interference cancellation and instantaneous linear MMSE filtering [36].
In Chapter 11, an iterative receiver with convolutional coding is studied for LSTF.

Hybrid ARQ

Besides error correcting codes, the automatic repeat request (ARQ) is another tech-
nique for controlling transmission errors in high-speed wireless communication. It was
introduced in the early days of data communication as a result of the development of
parity-check codes [37], [38]. The main feature of this technique is that it can adapt to
the channel conditions at low complexity. In an ARQ system, each information block
is encoded with a good error detection code. At the receiver, error detection is carried
out first. The information block will be accepted if no error is detected, and a positive
acknowledgment (ACK) signal will be sent to the transmitter via a feedback channel,
indicating a successful transmission. If an erroneous code word is detected, a negative
acknowledgment (NAK) signal will be sent to the transmitter to ask for a retransmis-
sion of the same data. This process continues until the information block is successfully
accepted or the maximum retransmission attempts are reached.

There are three basic ARQ protocols, i.e., the stop-and-wait ARQ, the go-back-Ng
ARQ and the selective-repeat ARQ [38]. In a stop-and-wait ARQ system, the transmitter
sends a code word to the receiver and waits for the acknowledgement signals. In a go-
back-Ng ARQ system, the code words are transmitted continuously. When the transmitter
receives an NAK signal, it goes back to the code word that is negatively acknowledged and
resends that code word and Ng — 1 succeeding code words transmitted during the round-
trip delay. A selective-repeat ARQ system also transmits the code words continuously.
But only those negatively acknowledged code words will be resent. Among these three
protocols, selective-repeat ARQ is the most efficient but also the most complex.

Pure ARQ protocols only employ error detection codes. In 1960, forward-error-
correction (FEC) codes were introduced into ARQ protocols [37], and the results are
now known as hybrid ARQ protocols. Hybrid systems can achieve throughput similar
to FEC systems and provide the good reliability and flexibility of pure ARQ protocols.
There are two main types of hybrid ARQ protocol, i.e., type | hybrid ARQ and type Il
hybrid ARQ [38]. In a type | hybrid ARQ system, the erroneously received code words



Introduction to high-speed wireless communications 27

will be discarded. In a type Il hybrid ARQ system, the erroneously received code words
will be stored in buffers and optimally combined with the retransmitted code words.
Incremental redundancy concepts can also be exploited in the type Il hybrid ARQ proto-
col. In the first transmission, only part of the parity bits is transmitted with information
bits. When retransmission is needed, another part of the parity bits is transmitted instead
of resending the same data as the previous transmission. A new code word with a lower
rate can then be constructed with the increased parity bits, which makes this a more pow-
erful method of correcting any transmission errors. The type Il hybrid ARQ is efficient
but it needs large buffer size at the receiver.

Many powerful FEC codes have been considered for hybrid ARQ systems, such as
Turbo codes [39] and convolutional codes [40], [41]. Turbo codes have been shown to have
excellent performance [42]. However, turbo decoding is very complicated. Convolutional
codes are still attractive in real applications due to their simple realization. Convolutional
codes can be obtained by shift register techniques, and exhibit good error correction
capability by use of the maximum likelihood decoding scheme, i.e., the Viterbi decoding
scheme [43]. Convolutional codes have been widely employed in many communication
systems, such as deep-space and satellite communication systems, second generation
(2G) and third generation (3G) mobile communication systems [11], [12], and so on.
A typical convolutional encoder is involved with one-bit input, a few-bit output and a
constraint length. The performance of convolutional codes is determined by the Viterbi
decoding, which selects survival paths in making decisions. Thus, convolutional codes
have a property of burst errors.

A conventional complete-packet ARQ scheme is inefficient with some codes, such as
convolutional codes, because the whole packet will be retransmitted even though there
are only one or two bit errors. This problem can be improved if sub-packet schemes
are employed. In sub-packet transmissions, only those sub-packets that include errors
need to be retransmitted, so that the system throughput can be improved. Therefore, it is
interesting to study the performance of convolutional-coded hybrid ARQ systems with
sub-packet transmission. Chapter 12 will investigate this topic in detail.
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UWB communications






2.1

Multicarrier COMA overlay for UNVB
communications

This chapter investigates the use of promising measures incorporated in the multicarrier
CDMA overlay to meet the goals of UWB communications, as well as on their impacts
on the parties involved. At the transmitter, interference reduction on the established
narrowband systems is done using notch filters. A multipath Nakagami fading channel is
assumed. At the receiver, the interference suppression from those narrowband systems
is fulfilled by MMSE detection techniques. Numerical results show that pre-combining
MMSE with selective-maximal combining provides the UWB system with much better
performance than a receiver made up of a notch filter in cascade with code correlator
(NCC).

Transmitter, channel and narrowband interference

The multicarrier CDMA system is assumed to contain M sub-carriers and K active users.
The block diagram of the transmitter is shown in Figure 2.1, where cl((”) is the uth element
of the spreading sequence, which is assumed to be random. b,&“/NJ isthe [u/N Jthelement
of the data sequence (| x Jth stands for the integer part of x).

The expectations of the data sequence and spreading sequence elements have the

following properties:

1, for up=uy; ki=ks

Ui U2

E [bibi] = { 0, otherwise (21)
LU 1/N, for u;=uy ki=k

E [Cﬁl CEZ] - {0, otherwise (22)

where N is the processing gain of each sub-channel, given by T,/ T, where T, and T, are
bit duration and chip duration, respectively. The product of the two sequences results in
the spread sequence of user k, given by

d = Ml (2.3)

The idea of using notch filter at transmitter has been outlined in [1], [2] such that
the frequency bands occupied by narrowband systems are notched out. In this study
a low-complexity scheme is suggested whereby the notch action is achieved by the
chip-shaping modification via a two-sided transversal-type filter, so the resultant chip
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shaping can simultaneously achieve band-limiting and interference avoidance to the
established service. In the proposed transmitter, the source signal passes through the
chip-shaping filter to give the baseband signal before frequency up conversion, but as a
derivative of a conventional multicarrier CDMA transmitter. Independent chip shaping
filters are employed in the modulators of the sub-carriers due to the different interfer-
ence avoidance requirements for each sub-band. The chip-shaping filter is shown in
Figure 2.2, and its impulse response is given by

() = FH{HR (1)} = FH{Hx(HHG (1)) (2.4)

where H\S\,m)( f) is the frequency response of the two-sided transversal-type notch filter
with 2W + 1 taps. For the mth sub-carrier the filter frequency response is

%
H () = > aMexp(—j2r fwT,) (2.5)
w=—W
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The tap coefficients are adapted to suppress the spectra with narrowband systems via the
chip-shaping modification, but coordination is impossible among the coexisting systems.
This leads to a need for a dynamic scheme where the taps are determined based on the
observation at the receiver, driven by the existence of the narrowband system such that
any adjustment reflects the actual channel condition. As described in [3], since the present
value of the narrowband process can be predicted from past and future values, but is
not applicable to the UWB signal and channel noise as they are wideband process, the
estimation of the location of the narrowband system can be done by observation of the past
and future values of the received signal samples. Here perfect information is assumed by
the feedback of parameters from the receiver, and the details of coefficient formulation are
provided in a later sub-section (Section 2.3.1). When there is no narrowband interference,
no notch is inserted and the filter reduces to an all-pass filter, i.e., H\Svm)(f) =1, then the
undistorted raised-cosine chip shape is transmitted, as if the notch filter did not exist. The
impact of notch filtering on the chip shape is illustrated and discussed in Section 2.5. In
(2.4), Hrx(f) denotes the frequency response of the unfiltered chip-shaped filter at the
transmitter, and with the chip-matched filter hrx(t) at the receiver (Hgrx( f) denotes its
frequency response) gives the raised-cosine [4] chip shape Hgc(f) with roll-off factor
«a for the purpose of band-limiting the transmitted signal:

Hrc(f) = Hrx(f)Hrx(f)

1—
0<|fl<=_"
Te 2T¢
l—« 1-— 1+«
= Te{1l+cos|7Te f — for f
°{+ [ /“< 2T, )“ . = 11=
0 1+«
Il >
2T,
(2.6)
Thus, the transmitted signal of the kth user can be written as
s®(t) = V2P Z (deh“;z(t — uTe) cos (anmt—i—@rﬂ()))
U=—00 1
M
Z sW() 2.7)

where P is the transmit power per sub-carrier, and f, and er(nk) are the carrier frequency
and random phase of the mth sub-carrier, respectively.

The channel response of UWB communications is characterized by a rich number of
multiple propagation paths. With reference to the stochastic tapped-delay-line model of
UWB indoor application suggested in [5], [6], channel variation is assumed to be slow
so that the parameters are time-invariant over a bit period. The channel response of the
mth sub-band for the kth user can be expressed as

h®(t) = Re [Z B (t — 73) exp (jqb(k))] (2.8)
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where L is the number of resolvable paths for each carrier of the UWB system, with the
assumption of slow and frequency selective fading. d)r(:f)', (k) and ﬁ(k) denote the phase
shift, delay and attenuation factor of the Ith path, respectlvely. All resolvable paths for
the same sub-carrier of the same user are assumed to be time-separated by chip duration

such that
W =7+ (- DT, (2.9

where rr%k) is the random delay uniformly distributed over [0, Ty). The phase shifts are
independently and uniformly distributed over [0, ). The attenuation factors are assumed
to be independent, identical and Nakagami distributed and, unless for the same path from
the same sub-carrier of the same user, the attenuation factors are uncorrelated to each
other such that

[ﬂ(k) (k)]_{Qﬂ%, for k=k'; I=lI') m=m

= ] 2.1
.| 0, otherwise (2.10)

where Q ), is the normalized power-decay profile (PDP), which is the second moment

of the attenuation, and is related to the PDP of the initial path for the same user Q(k)
via [5]

) = Qe exp (— () — ) /5)) (2.11)

m,| =

where Q( ) is related to the total transmitted power as
1

ol _
1+x(1—exp (Tc/a(k) )

1.m

(2.12)

and 8,(::,)' is the decay rate for the Ith path. « is the power ratio of the second PDP to the direct
path, which is assumed to be the strongest path and falls into the first observation bin.
The PDPs decay exponentially with delay starting from the second bin. The probability
density function attenuation factor is given by [7]

O —1 k) \ Al (k)
2(p) 2=t/ ( L
(IB(k)) ( m,l)(k) I(T()I exp r(]:()l (ﬂ(k)) (213)
1—‘(II’Lm,I) Qm,I Qm,I

where ,um , denotes the fading figure, given by

M(k) (Q(k) )2
"E[(BY) - (@¥)]

The established narrowband systems along the operating spectrum of the UWB system
are assumed to be band-limited Gaussian processes with a flat power spectrum. For the
sake of simplicity, single-path propagation is assumed for the narrowband system, and
at most one narrowband system is assumed in any given sub-band. The collection of

(2.14)
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established narrowband systems along the operating spectrum of the UWB system can
be represented by

M
i)=Y jn® (2.15)
m=1

where jn(t) denotes the narrowband system within the mth sub-band, and the power
spectral density of the narrowband system can be expressed as

PM o< |f— Un | _ Pm
Pj(m)(f) — J - T | — 2T, (2.16)
0, otherwise

where Pj(m) is the power of the narrowband system within the spectrum region of the mth
sub-carrier at the UWB receiver. We define pp, as the ratio of the narrowband system
bandwidth to the UWB system sub-band bandwidth, suchthat0 < py, < 1.qp is defined
as the offset of the center frequency of the narrowband system signal from the mth sub-
carrier’s center frequency in the UWB system, which is normalized by the sub-band
bandwidth of the UWB system, such that —0.5(1 + «) < gy < 0.5(1 + «).

Receiver

The received signal can be expressed as

K M
r(t)=> > ~V2Ps(t) «h{(t) + j(t) + n(t) (2.17)

k=1 m=1

where x stands for convolution. n(t) is an additive white Gaussian noise (AWGN) with
two-sided power spectral density of n,/2. The block diagram of the proposed UWB
receiver is shown in Figure 2.3.

After frequency down conversion, chip-matching and low-pass filtering, the recovered
baseband signal can be written as

xW(t) = (r(t)cos (27 fnt + e(k))) * hex (t — 79)
K
ZZ /_ﬁ(k)s(k)( .L.r%k)) cos (q)g:)l) % th(t _ .L,r%k))
=11

+ (j(t)cos (27 fmt + 1)) * hpx (t — 7) (2.18)
+ (n(t) cos (27 fmt + 6%)) * hrx (t — )
=sP® + 3P0 +nfo)
where s(k)(t) j(k)(t) and n(k)(t) are the contributions from UWB signal, narrowband

system and background noise, respectively, and these terms are independent from each
other. d)fﬁ?l is equivalent to the effective phase shift due to the random phase introduced

at the transmitting end and the channel distortion, i.e. d)ﬁf?, & +¢(k) The chip-
matched filter hrx(t) should be synchronized with one of the paths for the kth user,
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Figure 2.3 Receiver.

i.e. the first arrival path of the desired user. The output of the low-pass filter is sampled
at the chip rate, and the discrete-time sample of the recovered baseband signal is then
passed to the Rake receiver for data recovery as well as to the estimation circuitry for
notch filter coefficient formulation.

Tap weights of the transversal-type notch filter

Referring to the previous discussion of the functional block of the notch filter at the
transmitter (illustrated in Figure 2.2), the estimator at the receiver should have a similar
structure. If the time reference is set at t = 0, X is defined as the array of past W
received samples and future W received samples from the chip-matched filtered output
for the mth sub-carrier such that

xg';f:[xr(nk)(—wn) v XBETXOM) L xBWT)] (2.19)

where x,(#)(t) is the chip-matched filter output defined in (2.16), and its frequency repre-
sentation can take the form

xO(f) = F {xP())
= F {s®) + j¥) + n®(t)} (2.20)
= SR+ 390(H) + NP ()

Then the filter coefficients for the mth sub-carrier can be written as [3]

a((,m) =1
a™ = [a&mve, oc(_ml) agm) a\(,r\?)] (2.21)
k)t k
_ p//En) p/En)

and are selected to minimize the mean-square output of the estimator at the receiver, so
as to provide the desired frequency response to the transmitter filter for suppressing the
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spectrum of the narrowband system, and the taps are assumed to be sufficiently trained
to achieve the optimal values. p’®) is a 2W x 1 matrix:

P’ = E[xP0)xY | (2.22)
and the uth element of X, can be written as
P () = EpPOXY ()]
= E[x90xYW)]
E[s¥@s¥W)] + E[i¥@iPW)] + E [n§©OnPw)]

— Re (E {/ Pj"“)(f)HRc(f)exp(jznfuTc)dfD (2.23)

—00

since the UWB signal and the noise signal have zero cross-correlation in time. Similarly
p"%isa 2w x 2W matrix:

p""% = B[ XX | (2.24)
and the element at the uth row and vth column of p’’% can be written as
P (U, v) = E[XP XY )]
E [x®ux® ()] (2.25)
E [s$Ws{@)] + E [i¥ (Wi )] + E [nHun$ )]

since the UWB signal, narrowband system signal and background noise are mutually
independent. As the UWB signal and the noise signal have non-zero autocorrelation,
(2.25) can be expressed as:

(for u # v)
PO, v) = ( / P™(f)exp(2rf(u — v)TC)df:|) (2.26)
( / P™(f)Hrc(F)exp(i2r f (u — v)TC)df:|)
(foru = v) )

p"®u,v) =Re (E {/ s,ﬁPz(f)de +Re (E {/ P,-(m)(f)de
1 Re (E [f N,Sf)z(f)de

P& exp? (j(2p%) (‘z?r—znfm(k) Eﬁ?r))
=rel g [N ™ S af
k=1 1=1 x Qi HEc(F) (Hy (f))

—00
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+Re %E /HRc(f)df
+Re (E fpj(m)(f)HRc(f)df ) (2.27)

where A¢(k) |§'§)r denotes the phase difference between the paths, which is uniformly

distributed over [0, ), and Ar(k) |(k) denotes the delay difference between the paths,
which is uniformly distributed over [0, T.), given by

Ap¥ 10 = 9%, — ®, (2.28)
k k k k
AT 0 = () = 7)) = 750 — =) (2.29)
222 Rake structure for data recovery

For each sub-carrier, the R highest (R < L) power paths out of all resolvable paths are
selected for decision making. If we consider the mth sub-carrier of the kth user, the batch
of samples over one bit period to be processed by the fth correlator can be expressed in
array form as

X = (k) 5P FHH (F)Hee(F)) - g:)r + 'f:)r + Js:)r + nfﬁ)r (2.30)

where the emboldened notations are N x 1 arrays:

g [0 o) .
§nk’: =[i% @) i@+ (=0T (232)
i =[P - IOED + N -1 (2.33)
= [n0E0) @+ - T (2.34)

which denote the spreading code of the desired user, multipath interference (MPI) plus
multiple access interference (MAI), narrowband interference (NBI) and channel noise

(AWGN), respectlvely | (t) is the sum of MPI and MAI, expressed as
(K k k k k
|r(]1?f(t) =sO(t) - v2 PAY.s(t — rrﬁ]),) cos (@f]q?f) * hrx (t — 1)

—ZJ_ BRSOt — i) cos (@) # hax(t — ) (2.35)
I;ér

] A
Y V2PB Y58t — 1) cos (CD )) * hax(t — )

=1

Mx

+

~ x
o=

+
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Figure 24 CC receiver.

In this section, a comparison of the performance of the receiver of the code correlator,
the receiver of the notch filter in cascade with code correlator (NCC) and the receiver
of the minimum mean square error (MMSE) adaptive correlator is provided, and these
receiving strategies are presented in the following sub-section.

Code correlator (CC)
The conventional method for data recovery in a DS-CDMA system is correlating the
received signal with the synchronized spreading code, as illustrated in Figure 2.4. The
decision variable of the Fth finger on the mth sub-carrier of the kth user is given by

O = c®Ix® (2.36)

()
m,rcc
and its mean and variance can be expressed as

o0

E[b'¥]ec = VPBYE / HIV(f)Hre(f)d f (2.37)
1(k) ®) (k) (k) &) \ ()
Var[b m,f]CC = E[Cmf(lm,f + ‘Jm,f + Nm,f)cm,f] (2'38)

where If]';?f, Jfﬁ?f and Nf;)f are independent N x N matrices due to the autocorrelation
function of the signal corresponding to the multipath plus multiple access interference,
narrowband interference and channel noise, respectively. If the frequency domain rep-
resentation of the sum of MPI and MAI is given by Irﬁl‘f)f(f), the element at the uth row

and vth column of matrix Ifﬁ?f can be expressed as
k ®) o
19, 0) = E[i% )%, ()] (2.39)

= (8 + - 01,6 + 0 - D7)
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- ; (k) :
With random code assumption, for u # v, 1;%:(u, v) = 0, and for u = v:

19, 0) =Re [ E /Oo('ﬁ}(f))zde

S - 2 ]
/ N 2o (iaom 190) @ HE (D (H () [

- 141 L

=Re|E P ©
¢ N k;; [ex0? (i (268 1©, —2rf Azl 1))

+/ Kotk df
o xQ ¥ ch(f)(Hv(v”‘)(f))z]

) (2.40)

The element at the uth row and vth column of matrices Jﬁf?f and NE,';)f can be expressed
as

39w = E[[Q0 )]

© 4 u-)T) iO® + - 1T)] (2.41)

[
( { p;m’(f)HRc(f)exp(jhf(u - v)Tc)de

N, v) = E[n®; )@, )]

= EOEO + - 1T «n®(® + 0 - 1T)] (2.42)

Re(E |:%/HRC(f)df:|) for u=uv

0 for u#v

After weighting by the estimated attenuation factor, the signal-to-interference-plus-
noise ratio (SINR) of the symbolic decision for the Fth finger on the mth sub-carrier of
the kth user is given by

= (807 (2.43)

m Jfee

SINRce (0'r) =

where

P [E ( Z (HV<V”‘)(f))HRC(f)o|f)}2

E[c®, (lf];) +J(k) +N(k)) (k)T]

P& (] (W) ettt )}
(

(k)

m,fec

_ (2.44)
Zdlag E[(fn + It ® + Np ¢ )]
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Figure 25 NCC receiver.

as under random code assumption E[cfﬁ?f(u)cfﬁ’)ﬁ(v)] =1 for u = v, and

E [cfﬁ?f(u)cfﬁ?f(v)] = 0 otherwise. In (2.44) Y diag(x) stands for the sum of the diagonal
elements of matrix Xx.

Notch filter in cascade with code correlator (NCC)

The use of a notch filter at the receiver for narrowband interference suppression in
addition to the processing gain of the CDMA system has been described in [3], such
that the transversal notch filter is inserted between the chip-matched filter and the Rake
structure, as shown in Figure 2.5. The notch filter response at the receiver should be the
same as that at the transmitter since their taps are adapted using the same information.
The output from the receiver notch filter is

x®yect) = FH{HM(HXO(F)) (2.45)
where Xr(nR)( f) is the frequency domain representation of (2.18):
xP(1) = FH{xP(h) (2.46)
The signal is then processed by the code-matched Rake receiver, i.e.
e = S Xirc 247)

and its mean and variance can be expressed as

o0
/(k / 2
E[b En,)f]NCC = VPE / (H\gvm)(f)) Hre(f)d f (2.48)
—00
() ® (@ () () ®)
Var[b/m,f]NCC = E[cm,f(lm,chc + ‘Jm,chc + Nm,chc)Cm,f] (249)
where the emboldened terms Ifﬁ)f , Jfﬁ)f and Nfr‘f)f , Which correspond to
sI'NCC sI'NCC s NCC

MPI/MAI, NBI and AWGN (analogous to those of the CC receiver), can be
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written as
|$?chc(U, v) (2.50)
P /w S ® & (k) 2 m |
— exp® (j Ay |() QuHE(F)(Hy  (f)) df
v ) e ( ) (HiP()
—00 I#r
K L
Rel E . kg |—Z1 [EXPZ (j <A¢r(:,)||(k) 27TfA’fr$1k)| E]lq()r)) ,for u=v
= +% / k#k df
kS x QW H2(D(H() |
] 0, C o for u #v

m,I'nce

IO (u,v)=Re (E [/ (HV‘V’“)(f))zpj(m)(f)HRc(f)exp(jznf(u - v)Tc)de (2.51)

—00

No r (m) 2 —
N (o) = Re(E |:2/(HW (f)) HRc(f)de, for u=v e

m.r'nce IS
0, for u#v

Similarly, the SINR of the symbolic decision for the Fth finger on the mth sub-carrier of
the kth user after weighting by the estimated attenuation factor takes the form

. E2 b/( )A
S|NRNcc(b/s1<)f) = [7n:<r] (ﬂ(k)) J/m rNCC (2.53)
’ ,(K)
Var[b mqf]
where
00 2
PIE( [ (H () HRC(f)df>
(k) —00
Yitnee = T 1 @) (® @ NO O (254)
E[ m,r Im I'nce + ‘]m rNcc m rNcc) m,f

N

[ (Z () HRc(f)df>

Zdlag( [( En + JETll(,)chc + NE;)?NCC)])

MMSE adaptive correlator

According to [8], [9], [11], adaptive Rake filtering allows joint exploration of the path
diversity in casual CDMA systems as well as the suppression of interference by single-
user linear MMSE filtering, and the pre-combining approach allows rapid adaptation
to the channel condition. The structure of the MMSE adaptive correlator shown in
Figure 2.6 is similar to that of the code correlator except the synchronized spreading
code is replaced by tap weight. The decision variable of the fth finger on the mth
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sub-carrier of the kth user is

(k) &7 (k)
‘s = Wi Xm¢ (2.55)

—

(k)

where w,°; represents the N x 1 array of tap weights of the MMSE filter given by

wl=[w®@ . w®m] (2.56)

The tap weights are determined by minimizing the mean-squared error between the
correlator output with the product of the estimated attenuation factor ﬁ/fﬁ}, the power

and the feedback estimated data symbol b/(R), which is equivalent to [12], [13]
MSE = E[[w x®, — g O VPb g [°] (2.57)

The feedback of the estimated data symbol, b/(,;), determined by the equal gain combi-
nation of the outputs from all R branches of the adaptive Rake from all M sub-carriers,
can be written as

b g = Z Z b’(k) (2.58)

m=1r=

since the outputs of the correlators have been weighted by their own channel attenuation
factor as shown in the following. To minimize (2.57), by Wiener’s solution, the tap weight
array can be expressed as

(k) _ﬁ’(k) \/—( (k) (k)T) 105;)? (2.59)

where the channel estimation with the feedback estimated data symbol provides the
steering force to adapt the spreading code. Perfect channel estimation is assumed, i.e.
ﬁ’(k) ﬁ(k) The decision statistic consists of the contribution from the desired signal,
MPI, MAI of the UWB system, narrowband interference and noise, while all the terms
are assumed to be independent from each other. The mean and variance of the decision
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variable of the Fth finger on the mth sub-carrier of the kth user, conditioned on the
attenuation factor, are given by [10]

o0

E[b®.] = vPsYE f H () Hre(f)d f (2.60)
Varlo ] = E[ s — 52, /P ]
1
- Q) (k) (k) (k) -1 (k)T (261)
E[Cm,f(l ‘] N ) mr]
As a result, the average signal-to-interference-plus-noise ratio (SINR) of b’fﬁ?f is
R E? b/(R)~
Var[b/ " ]
= (89278 s (2.62)
where
00 2
yo =P /Hv‘vm’(f)HRC(f)df E[c®.(19, + 3% 4+ NO) 7O
00 2
—P (/ Hv‘vm’(f)HRc(f)df) > diag(E[(1%; + 3% + NE) 7))
(2.63)
2.3 Probability of error

The path-selective approach is adopted so that only the contributions from significant
paths are considered. A total of M - R contributions are added for decision making,
and they can be added together to provide the overall symbolic decision. Since for the
receiver of an MMSE correlator, with the notch filter in cascade with a code-matched
correlator and a causal code-matched correlator, the average SINR of the decision statistic
is separable in terms of ﬂ(k) and an independent component yrﬁk)r, and the conditional
average bit error probability can be written as

P, = / Q50 P(E)dG
0
[ ii D2 | (s £ B
—_— m=1r=1 ’

M R folds

x dBl9dsY) ... dpY s (2.64)
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where Q(x) is the Q-function and p( iki ﬁf‘% (k) ) is the joint probability density

function of the attenuation factors of the selected multlpaths among the sub-carriers. As
the path selection is independent among the sub-carriers, p( fki ﬂik% cees (k) ') can be
expressed as

M
k) Hk) (k) (k) (k) (k)
P(Bi1. Bios-- s ]_[ B, BYR) (2.65)

which is the product of M joint probability density functions corresponding to
each sub-carrier, and the joint probability density function for the mth sub-carrier
p( r(,:‘,)l, rﬂ‘,)z,... (k) r)is[13]
®© L) ® L! © )]-* R 5%)
p( )= p(B (2.66)
=1

m,1> Pm,2> -+ -5 Pm R _(L—R)' mR) |

with the assumption that 8%, > g%, > ... > ﬁrﬂ(’)R and P (%) is the probability dis-

m,1 =
tribution function of the Nakagami varlable. The derivative of the probability distribution

function is given by [14]
X
k K
P( é,)R) :/ p( r(TL)R)dX
0
0 EmR o0 2 (2.67)
VI HmRr> Q(k’) ( m,R) '

m,R

- (k)
l_‘('um R)
where y(a, b) and I"(a) are the lower incomplete gamma function and complete gamma
function, respectively:

b
y(a,b) = / t2 e tdt (2.68)
0

I'(@) = /Ooo x3~te™Xdx (2.69)

The M - R-fold integration of (2.64) is a complicated computational process. For the
sake of simplicity, it is assumed that the decision statistics from all the correlators of
the same sub-carrier for the same user share the common y(k) Since MPI is at most
equivalent to MAI from an additional user for K > 1, the common y(k) is the simplified
version of y(k) formulated in the previous sub-section. For the CC receiver and MMSE
receiver [1], [15]:

. 2
P [E([ (H\fvm)(f))HRc(f)df)}

(k)
e T L diag ({1 + 97 + N

00 2
v mse = P [E ( / Hv(v””(f)HRc(f)dfﬂ > diag(E[(1% + 3% + N®) 7))

—00

(2.70)

(2.71)
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where J® = J(k) and N® = N(k) ,while 1% isasimplified form of I A and its element
at the uth row and vth column is glven by

1. v)
P K L (k)
g exp | 27'rfAr |(k)
_ ReE/ N;;[ (< )> df ,foru=v
- e x Q) H%(f)( Pm)]
0, foru#£v
(2.72)
For the NCC receiver
00 2
P [E(/ (H\Svm)(f))zHRC(f)dfﬂ
(Knee : - 2.73)
m > diag (E[( (k)Ncc + J(k)NCC + NE,']()NCC)])
similarly, J®_ = 3%, and NO) = Nfﬁ,)fNCC, and for I?;)CC (the simplified form of

Ifﬁ’mcc), its element at the uth row and vth column is given by

k
IEn)NCC(U, v)

K L k

Re | E E/ kgllzzi[exp ( (Ad)m)l‘ ~2rtan k ‘::)f)> df ,foru=v
I x o), HRC(f)(H\f\/m)(f)> ]

0, for u#£v

(2.74)

Therefore, inserting (2.65) into (2.64) and replacing ym by ym , the average bit error
probability can be rewritten as

PZUZAQ(JZZ sy <k>)t[l

MR folds

( r(r:<)1’/9r(r:<)2’~- (k) ) ﬂ(k) ’3(k) ﬁ(k) (2.75)

From [16], the Q-function Q(x) can be expressed as

1 (2 x2
QXx) = ;/0 exp <—m> doe (2.76)

Substituting x = \/%“22( (k) )2 ® into the above equatlon gives
m=11—
k) \2 (k
Q(\lXM:XR: 9, (k)) :E/gexp _mzuz( ) 4o
m=11=1 7 Jo 2sin’ ©

L
_1 _Pm o (77
71/0 HHexp( 2sin’ ® @.77)
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The order of integration can be changed and an inner decomposition of the error prob-
ability equation can be done, converting to a single integration on the product of the M
independent (sub-carrier) R-fold (multipath) integration:

(o050

T M m
Pezlfz l—[ / / / ]_[exp( 23|n®>
TJo | m=t]| JO oA 8Y, K LK ﬁ(k)R)
m,

m,1> Fm,22 o

x dp¥dp%, .. dpY, “

R

o (- 6227wt
{ L — R)I/ /(k) /ﬁm (rnl ( p( )

1/§1M[
o X<P lg()R))L_R

m=1

« d,B(k) ,B(k) ﬁ(k) }

1 K pk k
e ((L — R)l) / H R(BSL Brss - BYR)dO (2.78)
where R( r(#)l ﬁr(rt(,)z, e (k) ) is the term related to the mth sub-carrier components

and can be expressed as

k k k
R(BY. By .. BY%R)
“) >
= [ e [
R ) ) ©)) dp®,ap® ®)
x <|]_[1exp< 23|n ® )p Pmr ) Ufnz2 - dbnr (2.79)

= [ e TR

k ’ k *© K K K K K
x/(k) R'(BY% ) - f(k) R'(BY,) [(k) /(8%,)d8Y,d8Y, - dp,_,dpY,
ﬁm,R ﬂ ﬁm,Z

m,3

where R (. ) is a function of % as 4 and © are constant within the R-fold integral
R(Bnr rg(,)?_, .., BY%) such that

) ,B(k_) 2y(k)
R'(BY,) = exp <_% p(BY)) (2.80)

With the assumption of the same fading parameter among the multipaths, one obtains

dR”(y)
d

R"(y) = /OO R'(x)dx = = —R'(y) (2.81)
y



50

24

241

High-speed wireless communications

Insert the above relations into (2.79) and iteratively the R-fold integration can be reduced
into a single integration with respect to ﬂ,ﬂ‘?R such that [17]

R(BYL, 88, .., BYR) (2.82)

m,1°> ~m,2>

1 o _
= (R _:|_)!</0 [P( r(T:()R)]L RR,( r(rll(,)R)[R”( r(T:<)R)] d.B(k)

Thus the error probability can be written in the form of a triple-level integration:

1 L! M
Pe=2 <(R “DI(L - R)!) (259

[T TPt R " et o

Numerical results

The effects of various parameters on the system performance are illustrated in this
section. The impact of the use of a notch filter is studied and different receiving strategies
(MMSE, NCC and CC) are compared. Without being explicitly specified, the plotting is
done based on the results obtained in this section, and the following system parameters
are assumed: the number of sub-carriers M = 8, the processing gain N = 32, the chip
period T, = 2 ns, the roll-off factor of the square-root raise-cosine filter « = 0.25, the
number of taps in the two-sided transversal filter 2W 4+ 1 = 25, the number of correlators
within the Rake receiver per sub-carrier R = 3, the number of active users K = 20, and
the number of paths per sub-band L = 10. The decay rate §, the fading figure x and the
power ratio « are assumed to be 10761, 3.5 and 10-%4, respectively [5].

Significance of the transmitter filtering

Figure 2.7 shows the spectra of an unmodified chip shape (raised-cosine) and the spectra
of a modified chip shape corresponding to narrowband interference at three different
frequency locations (gm = 0, 0.2 and 0.3, respectively). Two different bandwidth ratios
pm = 0.05and p,, = 0.1are considered. It is assumed that the power ratio of narrowband
interference to the UWB signal Pj(m)/P = 50 dB and the signal-to-noise ratio P /n, =
10 dB. It can be seen that in addition to raised cosine shaping, narrowband notching is
created; however, the most efficient notching appears when the narrowband interference
is located at the center frequency of the UWB sub-band (g, = 0). Due to the periodicity
of the estimating function (2.5), for gy # 0, the notching is created not only in the
position of narrowband interference, but also in the symmetric location about the origin,
such that the partial clean spectrum has to be notched. In comparison to the undistorted
raised-cosine signal spectrum, it can be seen that the larger the bandwidth ratio pp,, the
greater the extent of the distortion of the spectrum.

Interference reduction to the established services can be achieved via the use of a notch
filter, but this brings side-effects on the chip-matching mechanism due to the distor-
tion, and worsens the inter-chip interference in the despreading process. The correlation
function of the original chip shape and modified chip shape are plotted under the
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Figure 2.7 Comparison of the baseband spectra of the notch filtered chip shapes.

conditions of the power ratio of narrowband interference to the UWB signal Pj(m) /P =
60 dB and the signal-to-noise ratio, P/n, = 10 dB. With the undistorted chip shape
as reference, Figure 2.8 presents the correlation as the function of the normalized time
shift with fixed frequency offset g, = 0.1 and Figure 2.9 presents the correlation as the
function of the normalized time shift with fixed bandwidth ratio, py, = 0.05.

As shown in the plots, the derivations from the autocorrelation function of the original
(fixed line) indicates that the introduction of notch filtering to the pulse shape inevitably
causes distortion, but the original correlation property is slightly altered when the time
offset is within the single chip interval. As the time offset increases, the original zero-
crossing property is changed and the distortion is greater, and these increase the MPI and
MALI in the decision statistic, but the processing gain of the random code can suppress

this.
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Figure 210 Ratio of the average SINR with and without transmitter notch filter.

To investigate the effect of the use of transmitter filtering on UWB system performance,
the ratio of the average SINR of the received signal with and without the use of a notch
filter at the transmitter is plotted (Figure 2.10) against the power ratio of narrowband
interference to the UWB signal Pj(m)/P with P/n, = 10dB, pn = 0.05and g, = 0. It
can be observed that there is a tiny difference in the average SINR for the MMSE and
CC receivers before and after the introduction of the notch filter, but the average SINR
drop is obvious for the NCC receiver.

For the MMSE and CC receivers, the jamming signal should play a more significant
role and its effect will overshadow the effect of using a notch filter at the transmitter.
Meanwhile the impact of the transmitter notch filter on the NCC receiver is neverthe-
less greater than that on the MMSE and CC receivers, but this is just a small atten-
uation, caused by the double notching (transmitter and receiver), which results in a
double distortion of the desired signal waveform. As the change of the average SINR
is limited, it can be concluded that the use of a notch filter at the transmitter, which
results in the scarification of a certain amount of the transmitted power, does not cause
significant degradation of the system performance. This is because even if no notch
is inserted in the spectra of the transmitted signal, the power of the frequency region
occupied by the narrowband system is corrupted and no longer useful to the decision
statistic.

Although under normal operation the emission power of UWB devices would be very
low such that its impact on the existing narrowband systems would be insignificant,
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transmitter notch filtering is still necessary. The motivation for the introduction of notch
filtering at a UWB device transmitter is that UWB devices are designed to operate
without causing trouble to existing systems, and it is clear that the existing systems do
not have any specific measures to deal with the interference from UWB devices. It is the
responsibility of UWB devices to avoid causing any possible interference.

In the following, we are going to show that notch filtering at the transmitter of the
multicarrier CDMA UWB system can be beneficial to narrowband systems when the
power difference with the UWB system is not too great; for example, when they are
suffering from the near—far problem. To illustrate this, for simplicity, the narrowband
communication system is assumed to be a BPSK system, and the overlaid sub-band of
the UWB system is regarded as wideband noise by the narrowband system. By Gaussian
approximation, the SINR of the decision statistic for the narrowband system over the
spectrum of the mth sub-carrier of the UWB system can be expressed as
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and the error probability P, of the narrowband system is given by

P, =Q (@) (2.85)

Figure 2.11 shows the plot of probability of the bit error of the narrowband system
versus the number of UWB active users K, with P /n, = 5 dB, p, = 0.05 and g, = 0.
The power ratio P; /P is increased from 10 dB to 30 dB, which represents the situation
when the power of the narrowband device is relatively weak up to a typical situation.

Two main observations are noted from the plot. First, without the use of the notch filter
at the UWB device’s transmitter, the performance of the narrowband system is heavily
downgraded even when the number of UWB system users is small, but the situation
is much improved after the protective measure is introduced. Second, the significant
improvement diminishes as K increases due to the fact that the portion of the UWB
signal spectrum overlaid on the narrowband system is suppressed but not completely
removed, so the impact of the residue increases as K grows, which means that there is
a limit to the number of UWB system users that the narrowband system can sustain,
but such tolerance is much increased in comparison to the case without notch filtering
at the transmitter. It is interesting to point out that while the introduction of the notch
filter at the UWB system transmitter provides effective protection to the established
systems, there should be capacity for the UWB system to increase its overall transmitted
power in the non-overlaying spectra, which allows a smaller power difference between
the established system and the overlaid UWB system once the notches are properly
inserted.
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Figure 2.11  Probability of bit error of the narrowband system versus the number of UWB active
users.

Comparison of the receiving strategies

Figure 2.12 shows error probabilities as a function of Pj(m)/P for different numbers of
narrowband interferers (M; = 2, M; = 5 and M; = 7, respectively). It is assumed that
P/no = 10 dB, p, = 0.05 and gy, = 0. Satisfactory performance is achieved for small
values of M; irrespective of the type of receiver used, but the situation is different for a
large value of M.

For the CC receiver, the performance degrades significantly when narrowband inter-
ference exists. The curve levels off quickly, which means that the decision statistics from
the polluted sub-bands are unreliable even at low Pj(m)/P, and the symbol decision can
only rely on those sub-bands that remain clean.

For the NCC receiver, the performance curve has a typical S-shape, which represents
three different phases: at low Pj(m)/P the probability of error increases very slowly,
because the double-sided transversal-type filter at the front end provides sufficient atten-
uation to the narrowband interference. When Pj(m) /P increases beyond 40 dB, the error
rate increases rapidly, and this observation can be explained by the fact that the notch
introduced by the filter is too shallow for interference suppression, so the reliability of the
decision statistic from the polluted sub-band decreases as P(m) /P increases. The curve
eventually levels off as P(m) /P further increases (> 80dB) and coincides with the curve
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Figure 2.12  Error probability as a function of the power ratio of NBI to UWB signal.

of the CC receiver, which indicates that the contributions from the polluted sub-bands
are no longer useful.

In contrast, for the MMSE receiver, the increase of Pj(m) /P only leads to a moderate
growth in error probability. This means that the MMSE receiver is still able to provide
valid protection under very large Pj(m)/P, which is typical for the UWB application
scenario. Furthermore, the performance improvement is more significant as the number
of sub-bands overlaid with the narrowband system (i.e., M;) increases.

To summarize, it can be seen from the figure that for a given number of narrowband
interferers, the performance of the NCC receiver degrades dramatically when Pj(m)/P
increases beyond 40 dB, whereas the performance of the MMSE receiver is almost
independent of the size of Pj(m) /P. Furthermore, the performance of the NCC receiver
and CC receiver are much affected by the number of narrowband interferers. However,
the MMSE receiver is robust to the number of interferers.

Multipath diversity can be further explored by adding correlators in the Rake receiver,
but this results in an increase in the complexity of the receiver design, so it is desired
to seek for a balance point. The effect of the number of correlators in the Rake receiver
per sub-carrier R on the performance of the multicarrier CDMA system is illustrated
in Figure 2.13, from single-path combing (R = 1) to all-path combing (R = L = 10).
The conditions of P/n, =5dB, P/, = 10dB and P /n, = 15 dB are picked for com-
parison, and the other system parameters are Pj(m)/P = 60dB, py = 0.05, gy = 0and
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Figure 2.13 Relationship between error probability and R.

M; = 4. Itis seen that when the number of correlators R increases, the error probability
decreases sharply at the beginning, but the curve becomes flat as R approaches L. In
other words, the marginal performance improvement diminishes for a large R; thus a
low-complexity Rake receiver can achieve acceptable performance. The MMSE receiver
always outperforms the NCC and CC receivers. For example, at P /n, = 5dB, the MMSE
receiver already has a better performance than both the NCC and CC receivers with a
transmission power of P /n, = 15 dB. As P /n, increases, the performance improvement
of the MMSE receiver is much greater than that of the NCC or CC receivers.

Figure 2.14 illustrates the error probability as a function of the number of active
users K for Pj(m)/P =30 dB and Pj(m)/P = 60 dB, respectively. It is assumed that
pm = 0.05, gn =0, Mj =3 and P/n, =5 dB. The MMSE receiver is significantly
superior to both the NCC and CC receivers for the multiple access capability when a
strong narrowband system exists. For a probability of error at 1072, with a narrowband
system of Pj(m)/P = 60 dB, the multicarrier CDMA system capacity when using the
NCC and CC receivers is 25 users and 20 users, respectively, but the capacity can be
over 30 users for the MMSE receiver. The number of users supported by the UWB system
is much affected by Pj(m)/P for the NCC and CC receivers, but it is less dependent on

Pj(m)/P for the MMSE receiver. This is consistent with Figure 2.12 in that the MMSE
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Figure 2.14  Probability of error against the number of active UWB system users.

receiver is more capable of suppressing strong narrowband interference than either the
NCC or CC receivers, because the greater the narrowband interference suppression
ability, the greater the allowable tolerance to other types of interference.

The relationship between error probability and transmitted power in terms of the
signal-to-noise ratio (SNR) P /1, is shown in Figure 2.15, for narrowband interferers of
P(™/P =30dBand P /P = 60 dB, with the assumption of P/, = 10dB, M; =5,
pm = 0.05and g, = 0. Notice that the performance curves for all types of receiver are of
similar shape. The error probability shows a heavy drop as P /7, increases but soon levels
off for large P /5. This means that the overlay system is still capable of working under
a low P /n, operating environment, but it can be observed that narrowband interference
exhibits a different degree of impact on different receivers. For the CC receiver, system
performance is heavily downgraded in the presence of NBI. For the NCC receiver, the
error probability is less affected when the NBI is weak (i.e., Pj(m)/P = 30 dB) as the
notch filter is still effective for suppressing the narrowband interference, but the system
performance deteriorates for strong NBI. For the MMSE receiver, however, the overlay
UWB system performance is much improved.

Frequency diversity can be explored under the multi-carrier system, but the presence
of the narrowband system brings an adverse effect to the exploration of diversity. The
effect of the number of sub-bands with narrowband interference M; on the performance
of the multicarrier CDMA system is shown in Figure 2.16, for Pj(m)/P =30 dB and
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Figure 2.17  Probability of error versus the bandwidth ratio of the narrowband system to the
UWB sub-band pp,.

Pj(m)/P = 50dB, where P/n, = 10dB, p, = 0.05and g, = 0. For the MMSE receiver,
the system performance experiences a slight degradation as M; increases. For the NCC
receiver, protection is valid for weak NBI, but for strong NBI the performance drop is
obvious when M; is large. For the CC receiver, which represents no additional protective
measure against NBI except processing gain of the spreading code, the error probability
rises drastically from losing frequency diversity since the tolerance to NBI is small.

Figure 2.17 shows the error probability as a function of the bandwidth ratio of the
narrowband system to the UWB system sub-band pn,. The remaining parameters are
P/no = 10 dB, Om =0and M; = 3.

With reference to Figure 2.12, look closely for the following curves in Figure 2.17: for
the CC receiver, since the error probability rises sharply as py, increases and the curve
flattens out quickly, it indicates that the CC receiver has no effect such that the contribu-
tion of the polluted sub-band is useless. For the NCC receiver, when Pj(m)/P =304dB,
it represents the state that the NCC receiver is effective in suppressing narrowband inter-
ference. The error probability increases slightly as pn, increases. When Pj(m)/ P =60dB,
it represents the state that the NCC receiver is marginally effective. Its ability to sup-
press narrowband interference steadily decreases as pp, increases. However, it can be
seen that when the MMSE receiver is used, the system performance degrades slowly as
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Figure 2.18 Probability of error versus the normalized frequency offset of the narrowband
system from the sub-carrier center frequency Q.

pm increases regardless of the change in P(m) /P, in contrast to both the NCC and CC
receivers, whose system error probability i mcreases dramatically for large P(m) /P.

In Figure 2.18, error probability is plotted against the normalized frequency offset gm
of the narrowband system from the sub-carrier center, with P/, = 10 dB, Pj(m) /P =
60 dB, pm = 0.05 and M; = 3. It can be seen that the MMSE receiver provides a more
stable performance than either the NCC or CC receivers as g varies. The findings
are in accordance with the discussion of the notch filtered chip shape in the previous
sub-section: as the deepness of the notch produced decreases when gy, is non-zero, the
narrowband rejection capability also decreases.

Other aspects

In this section, the results presented are based on the assumption that all sub-carriers
are used to convey the same transmitted signal. Actually, each sub-carrier is operating
independently of each another before decision statistic combining takes place. This
suggests that, in addition to the approach described previously, each sub-carrier can be
used to convey an independent transmitted signal, or divided into groups to transmit a
different data stream. In comparison to the original scheme, the benefit of frequency
diversity is traded for a higher data rate. In the proposed system, the UWB system has
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Table 2.1 Sub-carrier grouping under different transmission rates

Transmission rate 1 2 4 8
Grouping of sub-carriers 8 44 2,2,2,2 111,111,111
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Figure 219  System performance under different transmission rates.

a sub-carrier M of 8, and it is assumed that the number of sub-carriers per group only
takes values of powers of two, so there are four possible transmission rates, as illustrated
in Table 2.1.

The transmission rate is defined as the number of independent data conveyed by the
sub-carrier. For example, a transmission rate of 4 means that the system operates at four
times its basic transmission rate (all sub-carriers are used to transmit the same data), eight
sub-carriers are divided into four groups and the two sub-carriers of the same group are
transmitting the same data stream.

In Figure 2.19, error probability is plotted against transmission rate, and the other
system parametersare P /n, = 10 dB, Pj(m)/P =60dB, py, =0.05andgn =0.M; =2
and M; = 5 are selected for comparison in the performance evaluation. The possible
distribution of the narrowband system over the sub-bands is shown in Table 2.2. All
cases are assumed to be equally probable.
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Table 2.2 Narrowband system and grouped sub-carriers

Transmission

rate 1 2 4 8
M; =2 2 (2,0)or (1,1) (2,0,0,0)0r (1,1,0,00 (1,1,0,0,0,0,0,0)
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Figure 220 Comparison with the discarding polluted sub-band scheme.

From the graph, it can be seen that the MMSE receiver is best able to combat the
effects of the reduction in frequency diversity when the transmission rate is increased.
Meanwhile, the performance of the NCC receiver is acceptable at low transmission rate,
but the performance of the NCC receiver drops drastically when the transmission rate
increases. Once the NBI can be suppressed, the sub-band overlaid with the narrowband
system is still useful, so there is capacity to exchange diversity for data rate.

To tackle the problem of overlaid narrowband systems, apart from applying the NBI
rejection technique, a simpler way is to discard the polluted sub-band so that the decision
statistic relies on the contributions from “clean” sub-carriers. For UWB devices, however,
the bandwidth of each sub-carrier signal is extremely wide when compared with that of
NBI. Simply discarding a sub-carrier that is experiencing NBI is too inefficient and
even non-beneficial. Figure 2.20 illustrates the inefficiency of simply discarding the
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polluted sub-band in comparison to the preserving approach, with the system parameters
as P/n, =10 dB, py = 0.05 and g, = 0. The performance difference between the
discarding approach and the preserving approach (MMSE, NCC and CC) is slim when
M; is small. However, the performance gap enlarges significantly for large values of M;,
where the NBI suppression (MMSE and NCC) for the preserving approach shows its
effectiveness, since the jammed sub-carrier signals still make positive contributions to
the net frequency diversity for the system.

Discussion

In this chapter, a spectrally filtered transmission approach is considered instead of the
conventional carrier-less design for UWB communications. The application environ-
ment is assumed to be a short-range high-speed system with multiple users. Multicarrier
CDMA overlay is proposed as a potential candidate. As described in Section 1.1, interfer-
ence reduction and interference suppression are the key issues for harmoniously sharing
the spectrum between the established narrowband systems and the overlaid UWB system.
An investigation is carried out on the use of compromising measures incorporated in the
multicarrier CDMA overlay system to meet these goals, as well as their impacts on the
parties involved. Numerical expressions are derived in Section 2.4 for the performance
evaluations presented in Section 2.5. In this section, we review the proposed design and
discuss some related issues.

Multicarrier CDMA, although now considered to be the best modulation and mul-
tiple access scheme for UWB wireless communication, was previously thought to be
spectrally inefficient in conventional applications, but this is relieved when an ultra-wide
bandwidth is made available. As mentioned in Section 1.1, by using multicarrier CDMA,
better spectral control can be achieved. CDMA has been proved to be an effective mul-
tiple access scheme under a large number of active users. In addition to the instinctive
frequency diversity, the flexibility of resource allocation increases. Since the sub-bands
can be disjoint, they can be shifted to appropriate spectral locations and therefore the
system spectra can bypass certain frequency regions that require additional protection.

The processing speed requirement for both transmitting and receiving ends is lowered,
because the 7.5 GHz ultra-wide bandwidth is sliced into a number of wideband portions,
allowing devices with a lower dynamic range to be used. Furthermore, the transforma-
tion of ultra-wide bandwidth to several wideband spectra also suggests the possibility
of applying technologies developed for wideband communications to ultra-wideband
communications. All of these are found to be a problem for carrier-less UWB, but IR is
attractive due to the absence of the costly analog RF mixer component, which is the major
drawback of the spectrally filtered UWB approach, yet the production cost for analog
components can be lower or even avoided due to the breakthrough in the development
of software radio and advanced digital-signal-processing technologies.

Next the focus moved to the design of the transceiver. At the transmitter, interference
reduction to established narrowband systems is achieved via chip-shape modification. It
is assumed that the filter adapting information is accurate. Results demonstrate that the
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notch is formed at the target spectral position, and this measure is shown to be capable
of providing significant protection to lower operating power narrowband systems.

One could argue that the narrowband devices should have a much higher operating
power relative to any future UWB devices so that transmitter filtering would be unneces-
sary. However, one of the criteria of UWB wireless communication is that it should cause
little interruption to established services. There would be a lack of coordination among
the overlaid systems, since they are expected to exist independently and the UWB device
would operate without licensing [19]. The actual power difference between the parties
involved would not be as large as expected because this depends on the different oper-
ating ranges and the relative locations of the devices involved. Under the situation with
a number of unknown factors or undetermined variables, the UWB devices should take
the responsibility to have active avoidance in signal transmission and passive tolerance
in signal reception.

In the use of notch filtering at the transmitter, for the UWB devices themselves, the
benefits of cosine roll-off filtering, the band-limiting effect remains but the first Nyquist
criterion in the time domain cannot be totally preserved. It is shown that the chip-shaping
modification of the UWB signal slightly alters the original correlation property of the
chip-shaping filter at the transmitter and the chip-matching filter at the receiver. As
inter-chip interference increases, the MAI and MPI components of the decision statistic
also increase, but its significance is less in comparison to the bad effect from NBI, as
illustrated in the plot of the ratio of the average SINR of the correlator output with and
without transmitter filtering. This indicates that the introduction of notch filtering at the
transmitter has a limited influence on the performance of any UWB device, while it is
effective in protecting established narrowband services, so there is no need to discard or
turn off those overlaid sub-bands in the UWB device.

At the receiver, the data recovery process is carried out with the suppression of the
interference from those narrowband systems, and it is shown that the use of the NBI
suppression technique is more efficient than simply discarding the sub-bands with NBI.
A comparison is made between the receiver using the minimum mean square error
detection technique in a correlator, the receiver of a notch filter in cascade with a code-
matched correlator, and the receiver of a conventional code-matched correlator. On the
basis of the results obtained, the following remarks can be made:

(1) The conventional CC receiver cannot sustain strong narrowband interference. The
NCC receiver can only provide sufficient suppression for narrowband interference
when the narrowband system power to UWB system power ratio is moderate, but the
MMSE receiver offers valid protection when the narrowband interference is much
stronger.

(2) The MMSE receiver can support a higher number of active users than the NCC
receiver as well as the CC receiver under strong narrowband interference from estab-
lished services due to the reason stated above.

(3) For the same probability of error requirement, a lower transmission power is allowed
when the MMSE receiver is used. The MMSE receiver also allows the potential of
selective-maximal combining to be better exercised in comparison to either the NCC
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or CC receivers. The MMSE receiver also shows a higher tolerance in the reduction
of frequency diversity when more narrowband systems fall within the operating
spectra of UWB devices.

(4) The MMSE receiver can sustain a narrowband system of wider bandwidth than the
NCC receiver. The MMSE receiver is also found to have low susceptibility to the
variations due to the chip-shape modification in the receiver. This allows interference
reduction measures to the established services to be adopted with limited impact on
the overlaid UWB multicarrier CDMA system performance.

Theoretical results show that pre-combining MMSE with selective-maximal combin-
ing provides the UWB system with much better performance than either the NCC or CC
receivers can supply. A discussion of the implementation issues of the MMSE receiver
for a CDMA system can be found in [18]. Nevertheless, since cost is also a major fac-
tor in design formulation, it is incorrect to reach the conclusion that the NCC and CC
receivers are totally inferior to the MMSE receiver. For the structure of a notch filter in
cascade with a code-matched correlator, its NBI rejection capability can be increased by
increasing the number of taps of the transversal filter. The performance of any structure
using a code-matched correlator can be improved by increasing the processing gain of the
system. However, this requires further analysis of the trade-off between the improvement
in performance and the growth in complexity before a decision is made.

Multicarrier CDMA has the potential to be used in UWB wireless communications.
In this chapter, the major problems that would be encountered when using multicarrier
CDMA for UWB applications are considered. The analytical framework formulated takes
the possible problem of interference from narrowband systems and the large number
of propagation paths in frequency selective fading into consideration. Study on the
impacts of various system parameters is presented by numerical results. When freedom
is provided, any possibility should not be underestimated or ignored. In Section 1.1, it
was generally thought that ultra-wideband communication was equivalent to IR, because
IR had played a dominant role in UWB. As time goes by, however, researchers are
starting to seek alternatives due to the shortcomings of IR UWB system. With the
recent development of UWB technology [15], it seems that more researchers are looking
favorably at spectrally filtered UWB systems.

References

[1] T.T.Wong and J. Wang, “MMSE receiver for multicarrier CDMA overlay in ultra-wideband
communications,” IEEE Trans. Vehicular Techn., vol. VT-54, pp. 603-614, March 2005.

[2] B.J. Rainboltand S. L. Miller, “The necessity for and use of CDMA transmitter filtering in
overlay systems,” IEEE J. Select. Areas Commun., vol. 16, no. 9, pp. 1756-1764, Dec. 1998.

[3] L. B. Milstein, “Interference rejection techniques in spread-spectrum communications,”
Proc. IEEE, vol. 76, no. 6, pp. 657-671, June 1988.

[4] J. G. Proakis, Digital Communications, 4th edition. New York: McGraw-Hill, 2001.

[5] D. Cassioli, M. Z. Win and A. F. Molisch, “The ultra-wide bandwidth indoor channel: from
statistical model to simulations,” IEEE J. Select. Areas Commun., vol. 20, no. 6, pp. 1247-
1257, Aug. 2002.



(6]

[7]

(8]

(9]

[10]

[11]

[12]
[13]
[14]
[15]
[16]

[17]

(18]

[19]

Multicarrier CDMA overlay for UWB communications 67

J. R. Forester, “Ultra-wideband technology enabling low-power, high rate connectivity,” paper
presented at 2002 IEEE CAS Workshop on Wireless Communications and Networking, Sept.
2002.

M. Nakagami, “The m-distribution — a general formula of intensity distribution of rapid
fading,” in W. C. Hoffman, ed., Statistical Methods in Radio Wave Propagation. Oxford:
Pergamon Press, 1960.

Y. Sanada, A. Kajiwara and M. Nakagawa, “Adaptive rake system for mobile communica-
tions,” in Proc. IEEE International Conference on Selected Topics in Wireless Communica-
tions 1992, pp. 227-230, June 1992.

C. N. Pateros and G. J. Saulnier, “An adaptive correlator receiver for direct-sequence spread-
spectrum communication,” IEEE Trans. Commun., vol. 44, no. 11, pp. 1543-1552, Nov.
1996.

H. V. Poor and X. Wang, “Code-aided interference suppression for DS/CDMA communi-
cations — part I: interference suppression capability,” IEEE Trans. Commun., vol. 45, no. 9,
pp- 1101-1111, Sept. 1997.

W. Xu and L. B. Milstein, “MMSE interference suppression for multicarrier DS-CDMA in
frequency selective channels,” in Proc. IEEE Global Telecommunications Conference 1998,
The Bridge to Global Integration, GLOBECOM 98, vol. 1, pp. 259-264, Nov. 1998.

M. Latva-aho and M. J. Juntti, “LMMSE detection for DS-CDMA systems in fading chan-
nels,” IEEE Trans. Commun., vol. 48, no. 2, pp 194-199, Feb. 2000.

A. Papoulis and S. U. Pillai, Probability, Random Variables and Stochastic Processes,
4th edition. New York: McGraw-Hill, 2002.

N. Kong and L. B. Milstein, “Average SNR of a generalized diversity selection combining
scheme,” IEEE Commun. Lett., vol. 3, no. 3, pp. 57-59, March 1999.

J. Wang and L. B. Milstein, “Multicarrier CDMA overlay for ultra-wideband communica-
tions,” IEEE Trans. Commun., vol. COM-52, pp. 1664-1669, Oct. 2004.

T. T. Wong, “Multicarrier CDMA overlay for ultra-wideband wireless communications,”
M.Phil. Thesis, University of Hong Kong, 2003.

A. Annamalai and C. Tellambura, “A new approach to performance evaluation of general-
ized selection diversity receivers in wireless channels,” in Proc. IEEE VTS 54th \ehicular
Technology Conference, VTC 2001 Fall, vol. 4, pp. 2309-2313, Oct. 2001.

H. V. Poor and X. Wang, “Code-aided interference suppression for DS/CDMA communi-
cations — part 11: parallel blind adaptive implementations,” IEEE Trans. Commun., vol. 45,
No. 9, pp. 1112-1122, Sept. 1997.

IEEE 802.15 Working Group for Wireless Personal Area Networks (WPANS),
http://ieee802.org/15/index.html.



3.1

Impulse radio overlay in UWB
communications

Interference suppression is important to allow UWB devices to operate over the spectrum
occupied by narrowband systems. In this chapter, the use of a notch filter in TH-IR for
UWB communication is considered, where a Gaussian monopulse is employed with pulse
position modulation (PPM). A lognormal fading channel is assumed and a complete ana-
Iytical framework is provided for performance evaluation using a transversal-type notch
filter to reject narrowband interference. A closed-form expression of BER is derived, and
the numerical results show that the use of a notch filter can significantly improve system
performance. Furthermore, a performance comparison between TH-IR and multicarrier
CDMA UWB systems is also made for the same transmit power, the same data rate
and the same bandwidth. It is shown that, in the presence of narrowband interference,
the TH-IR system with a notch filter can achieve a performance similar to multicarrier
CDMA.

Introduction

Over the last decade, there has been a great interest in ultra-wideband (UWB) time-
hopping (TH) impulse radio (IR) communication systems [1-8]. These systems make
use of ultra-short duration pulses (monocycles), which yield ultra-wide bandwidth sig-
nals characterized by extremely low power densities. UWB systems are particularly
promising for short-range high-speed wireless communications as they potentially com-
bine reduced complexity with low power consumption, low probability of intercept,
high accuracy positioning and immunity to multipath fading due to discontinuous trans-
mission. Recently, the Federal Communications Commission (FCC) has defined the
—10 dB emission mask between 3.1 GHz and 10.6 GHz for unlicensed UWB systems
with a bandwidth of at least 500 MHz [9]. However, in this frequency band there are a
variety of existing narrowband interfering signals, such as public safety band and wire-
less LAN (IEEE 802.11a) operating at frequencies of 4.9 GHz and 5.2 GHz, respectively.
This means that UWB signals and narrowband signals must coexist and that there must
be minimal mutual interference between them. Therefore, the successful deployment of
UWB technology depends not only on the development of efficient multiple access tech-
niques, but also on narrowband interference suppression techniques. Since the TH-IR
receiver is operated by time-gating matched to the pulse duration [1-3], this time gating
reduces the power of continuous-time interference to the duty cycle of IR. Therefore,
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TH-IR inherently has the capability of narrowband interference suppression. However,
when narrowband interference is very strong, we may need to use a notch filter [10] to
help reject it.

Suppression schemes based on MMSE Rake combining were proposed in [11] and
[12], while the computation complexity of the tap weight would be increased with the
addition of branches within the Rake receiver as it is driven by the decision statistic.
In this chapter, we study the use of a notch filter to suppress narrowband interference
for TH-IR. A notch filter has been widely studied to reject narrowband interference for
CDMA overlay systems when narrowband interference is very strong [13], [14]. Apart
from the requirement for a higher sampling speed in comparison to the solutions proposed
in [11] and [12], since the computation of the tap weights for notch filter is dependent on
the nature of the narrowband interferer, the same set of weights can be adopted among
the branches with the Rake receiver. Moreover, the notch filter also offers flexibility as
its narrowband rejection ability can be enhanced by the addition of more taps. In this
chapter, we will provide a complete performance analysis of error probability in addition
to the simulation result.

The UWB concept can be based on several techniques, such as TH-IR or multicarrier
CDMA techniques. In the proposed multicarrier CDMA system for UWB shown in
Chapter 2, a notch filter has been shown to be very effective in rejecting narrowband
signals. For the two different systems (TH-IR and multicarrier CDMA), we will compare
their performances with a notch filter, assuming that they have the same transmit power,
the same data rate and the same bandwidth.

System models

Suppose the time scale is divided into frames with duration T, and each frame is com-
posed of Ny, slots of duration T, the transmitted signal of the kth UWB user employing
TH-IR with pulse position modulation (PPM) is given by:

sdt) = Y VEE(—nTi—c"T —ed™) (3.1)

n=—0o0

where Ey is the energy of a pulse and Z(t) is the shape of the transmitted pulse. {cf(")}
is the time hopping code of the kth user, where cﬁ”) €{0,1,..., Ny — 1}, such that
an additional time shift of CS‘)Tc is introduced when the nth pulse of the kth user is
transmitted. The code sequences of all users are assumed to be mutually independent. N¢
is the number of pulses transmitted per symbol, i.e. the processing gain, the modulating
data symbol changes every Ng hops (frames) and the index of the data symbol is [n/Ns
(1x] is the integer part of x). {d."/™*)} is the binary data sequence of the kth user and
composed of equally likely symbols (or bits). A symbol has duration Ts = NsT¢ and the
symbol rate is Rs = 1/Ts = 1/(NsT¢). ¢ is the modulation index, where it is assumed
thate > 0,and Ty + & < T¢, where T, denotes the pulse width, and the time shift added
to a pulse by data is £ d"/™*/. The optimal value of ¢ is around 20% of a pulse width [7].
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Figure 3.1 Sample of UWB TH-IR waveform (N; = 3 frames, N, = 4 bins). (a) Data: d,"/"
=0, (b)d"™ =1.

Inthis study, the monocycle denoted by E(t) is assumed to be a scaled second derivative
of the Gaussian function with unit energy, i.e. ffozo E2(t)dt = 1, and one form of a
Gaussian monocycle in [8] is adopted as

seno= [z (3) o 5(2)] e

and the —10 dB bandwidth of the Gaussian pulse is approximately given by

Buwe ~ 3.185/T, (3.3)

Figure 3.1 shows a sample of a UWB transmitted signal, where Ns = 3 and N, = 4.
The narrowband interferer j(t) is assumed to be a passband Gaussian with center
frequency f; and bandwidth Bj. The double-sided flat power spectral density of the
narrowband interferer is given by
J/(2Bj), [f £ fj| <Bj/2

Si(f) = 3.4
i) 0, otherwise 34
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where J is the power of the narrowband interference, and the autocorrelation function
of j(t) is
o0

Rj(r) = / Sj(f)exp(j2nfr)df = J - Rj(z) (3.5)

—00

where f%,- (t) denotes the normalized autocorrelation function of j(t), given by
sin(z Bjt)

ﬁj(r) - mBjt

cos(2r fj7) (3.6)

For consistency with the analysis of multicarrier CDMA in later sections, the parameter
p is defined as aratio of the bandwidth of the narrowband signal to the —10 dB bandwidth,
Buws, of the Gaussian pulse, which can be written as

p = Bj/Buws (3.7)

For a typical narrowband system, the usual range of the ratio should be 0 < p « 0.1.
Another important parameter q is defined as the ratio of the difference in center frequen-
cies (between the narrowband interferer and the Gaussian pulse) to the bandwidth of the
Gaussian pulse, given by

q = (fj — fuws)/Buws (3.8)

where —0.5 < q < 0.5. In (3.8), fuws is the center frequency of the spectrum of the
Gaussian pulse and fuws ~ Buws/2. Therefore, the parameter g can be written approx-
imately as

q:(fj— BUZWB)/BUWB:fj/BUWB_% (3.9)

The realistic UWB channel should be a dense multipath fading channel [7]. More than
a dozen resolvable paths should exist. In the multiple access system with K users, the
received signal can be expressed as

K L
rt) =YY viBisclt — ma) + i) +n(t) (3.10)

k=L I=1
where vy 1, B.1 and 7 | represent the phase, amplitude attenuation and delay, respectively,
of the Ith arrival path of the kth user. Independent fading is assumed for each path as
well as for each user [15]. The phases are independent variables and take the value 1
or —1 with equal probability to account for signal inversion due to reflection. The delay is
assumed to be uniformly distributed over [0, Ts), i.e. the symbol duration. The amplitude
attenuation is lognormally distributed with i and oy being the mean and standard
deviation, respectively; its probability density function takes the form

1 —[In(Bit) — i l?
Briokiv2m expi 207 }

P(Br1) = (3.11)
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Figure 3.2 The rth branch of the receiver.

and its normalized intensity profile is given by

1 —exp(—v)

Q1 = E[ﬂl?l] = m

exp[—( — 1)v] (3.12)
where v is the decay rate. Note that the normalization implies that the sum of the atten-
uation power of all paths is one (Z,":l Q1 = 1). In (3.10), n(t) is an AWGN with a
double-sided power spectral density of 1,/2.

Performance evaluation

Selective maximal combination (SMC) is considered for the proposed receiver design,
with the R highest (R < L) power paths out of all resolvable paths chosen for decision
making. Perfect power control is also assumed. As shown in Figure 3.2, each branch
of the Rake receiver consists of a pulse correlator, a notch filter and an accumulator.
Assuming that the first user is the desired user, the output of the pulse correlator for the
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rth selected path is given by

i+1)T, Te
ur(i) = / r(t)Zv(t—iTc—rl,r)dtz/r(t—l—iTc—l—rl,r)v(t)dt (3.13)
iTe ! 0

where v(t) is the template pulse function, defined as

() = E(t) — E(t — ¢) (3.14)

Note that the pulse correlator output is sampled at the rate of one sample per bin
period T¢. The notch filter (Wiener filter) is used to predict and notch out the narrowband
interference [10]. The number of taps on each side of the notch filter is W and thus the total
number of taps is 2W + 1. The coefficients of the filter are {«,, } withw = [-W, ..., W]
and «g = 1. Note that when there is no narrowband interference the filter reduces to an
all-pass filter, i.e. «,, = 0 for w £ 0. The conceptual frequency response of the notch
filter along with the spectra of TH-IR signal and narrowband interference are shown in
Figure 3.3, which shows that the narrowband interference can be suppressed. The output
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of the notch filter can be expressed as

W W

()= > ayur(i—w)= Y aw/r(t—wTC+iTC+rl’r)v(t)dt (3.15)
0

w=—W w=—W

This output is passed to the accumulator using a delta function §(i — nNy, — c&“)), where
3(i)=21and 0 for i =0 and i # 0, respectively. Thus, with the multiplication phase
Y1.r and the amplitude attenuation g; , perfectly estimated from the channel, the random
variable at the output of the accumulator is given by

oo Ng—1
51r1/f1r Z Zxr(l) 8 [ _nNh_an))
i=—0co n=l
Ns—1
= ﬂl,rl/fl,r Z Xr (n Np + C(n))
n=0
Ng—1 W Te
= Bur¥ir Z Z Q) / r t —wTe+nTs+ Cy )Tc + 1, r)v(t)dt
n=0 | w=—-W 0
= Zpr + Ziyr (3.16)

Zpr is the desired signal term from the rth selected path for the first user, from the
central tap of the notch filter, and is given by

Te

Zop = Z ﬂlr%,f L(t+nTe+ T u(t)dt

_VE ﬂer / —ed™ oot

VEiBE Nep, for d"™ =0
| —VELB2 Nyp, for dN =1
1r 1

where p stands for the correlation between the transmitted pulse and the template
function:

(3.17)

Te Te

p= / E(t)v(t)dt ~ — / E(t)v(t — &)dt (3.18)

0 0

Z,r in (3.16) is the total interference for the rth selected path given by
Zir = Znpir + Zwair + Znsir + Zawenir (3.19)

where Zypyr is the multipath interference (MPI) from other paths of the desired user,
Znair is the multiple access interference (MAI) from all other K — 1 interfering users,
Zygr is the narrowband interference (NBI), and Zawenyr is the AWGN. Note that
the disturbance (self-interference) caused by the notch filter to the desired user (or
interference of the desired user caused by the non-central taps of the notch filter) should
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be very small when the bandwidth ratio p is small [14]. Including this interference
makes the analysis very complicated since this term contains the same fading factors
as the desired term, so self-interference is neglected in (3.19) for simple analysis. Since
the terms in (3.19) are independent when the number of multipaths is large, the total
interference can be approximated as Gaussian with variance

Var[Zyr] = Var[Zwpir] + Var[Zmair] + Var[Zngir] + Var[Zawenir] — (3.20)

where Var[Zypi ], Var[Zmair] and Var[Zngi -] stand for the variances of the MPI, MAI
and the NBI, respectively, derived in the Appendices 3A, 3B and 3C, respectively, and are
given by (3A.11), (3B.10) and (3C.6), respectively. Var[Z awenir] Stands for the variance
of the noise term, given by

Var(Zawenir) = Uoﬁlz,ra,f?\wemr (3.21)

where
T,

w
TRweNr = % ( > ai) /Uz(t)dt (3.22)

w=—W 0
Therefore, after weighting by amplitude attenuation, the SINR in Z, is given by
E2[Z/] 2 {UI\ZAPHr (K — 1)GI\2/IAI\r (J ) UﬁBHr

T Var[z,] T | Ngp? N2 p? P ) N2p?NyTe
-1
Ev) " 0’/§WGN|r -
—b = 3.23
" ( Mo ) Nsp? Pier ( )

where y; is the average SINR excluding the amplitude attenuation B1r, Epy = E1Ns
denotes the received bit energy, and P = E; /(N T;) represents the average transmitted
power of the UWB signal. The outputs from the R selected branches of the Rake receiver
are combined, so the decision variable is given by

R
z2=Y 17 (3.24)
r=1
with SINR
R
vy =) Bt (3.29)
r=1

Since the square of a lognormal random variable is still lognormally distributed, by
Schwartz and Yeh’s method [16], the distribution of the sum of lognormal random vari-
ables can be approximated by another lognormal distribution. Its mean and variance can
be obtained by a recursive approach from the individual mean and standard derivation of
the attenuation factors. If we define ya,e = % Zf:l vr as the mean of the average SINR
excluding the attenuation factor for all selected paths, and ¢ = ZrR:l B? as the sum of
the square of the attenuation factors, then the error probability can be approximated as

P, — / Q/P()dy ~ / Q(v/ZTme) () (3.26)
0 0
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where the Q-function Q(x) is defined as
1 oo
QKX) = — / exp(—9?/2)de (3.27)
N2 J

Comparison of time-hopping and multicarrier CDOMA

In order to compare the time-hopping system with the multicarrier (MC) CDMA in the
presence of narrowband interference, we briefly describe the multicarrier CDMA, which
was studied in Chapter 2. Multicarrier CODMA modulates different sub-carriers using the
same data. All sub-carrier spectra are disjoint. The MC-CDMA has an inherent frequency
diversity capability by combining the outputs of the different sub-carrier signals at the
receiver. Moreover, it yields effective narrowband interference rejection in an overlay
mode. For example, when there is a strong narrowband interferer in one of the sub-bands,
in the worst case the receiver can simply ignore the signal in that sub-carrier band. An
effective way is to use a notch filter to suppress narrowband interference in each sub-
carrier. Then, even a jammed sub-carrier signal can still make a positive contribution to
the net frequency diversity.

The pulse interference is shown in Figure 3.4. Figure 3.5 illustrates the trans-
mitter of the multicarrier CDMA system. The source binary data sequence is first
spread by the random binary sequence. Then, the spread signal is shaped by a chip-
waveform-shaping filter (a square-root raised cosine filter of roll-off factor ) with
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Figure 3.5 Transmitter for the kth user of the multicarrier CDMA UWB system.

frequency response H(f). After that, the shaped signal modulates M different sub-
carriers. Finally, the M sub-carrier modulated signals are summed to form a transmitter
signal.

For fair comparison, the channel parameters have to be chosen appropriately as each
sub-band of multicarrier CDMA occupies only a portion of the bandwidth of the UWB
system. It is assumed that the number of paths in each sub-carrier is Lyyc = L/M. That
is each sub-band of the multicarrier CDMA would have fewer multipaths but of greater
power and with a larger decay rate than in the TH-IR system. In addition, the phase
of each path is no longer a binary but is a random variable uniformly distributed over
[0, 277), due to the introduction of the carrier.

As shown in Figure 3.6, the receiver consists of M parallel branches of the Rake
receiver with R correlators, corresponding to M sub-carriers. In each branch, the received
signal is input to a frequency down converter. After that, a baseband-matched filter with
frequency response H*(f) is employed. Then, the output of the matched filter passes
through a despreader. Similarly, the output of the despreader can be approximated as a
Gaussian random variable with the SINR in the rth branch given by [13]

Lmc
yiy = 2N2 >+ (K~ 1) 3 el
I#r wi=—W wy=—W
N—1N-1
M J
x Rwi —A+nwy—A+n)+————.67. =
n=0 i=0 Np(l+0) P

Eb L 2
+M (—) > (M) (3.28)
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and in the absence of narrowband interference [13]
-1
™ Lmc N—1N-1 Ey -1
m ~ N
=1 >+ (K -1 R(n—n,n—n)+M(—)
n=0 A=0 Mo
I;ér
(3.29)
where N is the spreading factor of one sub-carrier. R(w; — A +n, w, — A +n) is
defined as
1
R(ng, np) = /X(TTch —N1Ten) X (tTen — N2 Ten)d (3.30)
0

where x(t) is the impulse response of a raised cosine filter and Tg, is the chip rate. In
(3.28), 62 is given by
(149)(@+Pp)/ Ten
62 = / [Hy, ()12 [H(f)2df (3.31)
(14+9)(G—P)/ Ten

p and § are defined, respectively, as the ratio of the bandwidth of the narrowband
interferer to the bandwidth of one sub-band and the ratio of the difference in center
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frequencies (between the narrowband interferer and the corrupted sub-band) to the band-
width of one sub-band.

The despreader output is weighted by a channel estimate, and the weighted outputs
from all branches are summed to form the final test statistics:

R

M
Z Z m, rVr = 718w, + v2Bm-wm, (3.32)

r=1

where My is the number of sub-bands with narrowband interference. In (3.32), y1 and y»
stand for the mean of the average SINR excluding the attenuation factor for all selected
paths from all the sub-bands with and without narrowband interference, respectively.
They are numerically expressed as

M; R
ZZ yir- (3.33)
m=1r=1
M R (m)
2= M MR Ml) ; 21 (3.34)

vy, = Zr':fl:l ZrRzl B2, is defined as the sum of the square of the attenuation factors
for the sub-carriers with the narrowband interferers, and {m—m, = Z,’:]":Mﬁl SR BE.
denotes the sum of the remainders. The bit error rate (BER) for the multicarrier CODMA
system can thus be expressed as

P — / Q) P()dy
0

://Q(VV1§M1+V2§M—M1)p(;Ml)p(gM—Ml)dé‘Mld;M—Ml (3.35)
00

where p(x) denotes the lognormal probability density function.

The TH-IR and multicarrier CDMA systems are compared under the conditions of
same signal power, same data rate and same bandwidth. The total bandwidth of the
multicarrier CDMA UWB system is approximately

Buwe ® M - (1 +9)/Ten (3.36)

Assuming that only one narrowband interferer is present, the parameters describing the
narrowband interference for TH-IR UWB system and multicarrier CDMA system can
be related as

P = Bj/(Buwe/M)~ p-M (3:37)

gw q |: M _E] 3.38
(Buws/M)  q] —la-M (3.38)

<
I
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Figure 3.7 Error probability as a function of interference power to signal power ratio.

Numerical results

Some representative numerical results of the TH-IR UWB in the presence of narrowband
interference are illustrated first in this section. The following system parameters are
assumed unless explicitly specified: the pulse width of the Gaussian monocycle Ty, the
modulation index ¢, and the duration of the time bin T, are 1.0 ns, 0.2 ns and 2.0 ns,
respectively [7]. The number of pulses transmitted per symbol Ng is 5, the number of
time slots per frame Ny, is 8, and the number of active users K is 8. For the channel
response, the number of multipaths L is 30, where the decay rate v and the standard
deviation o are set at 0.15 and 0.5, respectively.

Figure 3.7 shows the error probabilities for a receiver with and without a notch filter
as a function of J/P. For comparison, the case without narrowband interference is also
shown. Simulation and analytical results are presented under these conditions: E,/n, =
15dB, p=0.01,g =0, R =10 and W = 12. It can be seen from the figure that the
performance without a notch filter degrades dramatically as J/P increases, especially
when J/P is larger than 0 dB. When J /P is small (less than 0 dB), performances with
and without a notch filter are very close, so a notch filter is unnecessary. When J/P
increases from O dB, the performance gap between the filter and no-filter conditions
increases. When J /P is larger than 10 dB, the use of a notch filter gives an improvement
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Figure 3.8 Bit error rate for different Rake complexity.

of two to three orders of magnitude. It can be observed that the analytic results and
simulation results are close.

Figure 3.8 investigates the system performance by exploring multipath diversity (Rake
receiver) for different values of signal-to-noise ratio (Ep/n, = 10 dB, 15 dB and 20 dB).
Other parameters are J/P = 30dB, p =0.01, g = 0and W = 12. It can be seen that
for a given Ey /1, the error probability decreases sharply when the number of Rake fin-
gers increases at the beginning (R < 10), with the performance improvement becoming
small when R approaches L. This indicates that reliable symbol decision making can be
achieved by using a limited number of significant paths, rather than all available paths.

The effect of the number of notch filter taps on system performance is presented
in Figure 3.9, for p = 0.01, Ey/n, = 15dB, J/P =30dB, q =0and R = 10. It can
be seen that the curves show a zig-zag shape in performance rather than a smooth
fall. This is because the further addition of taps, although providing better narrowband
interference suppression, introduces more pulse interference to the decision statistics,
which is mainly due to the increased probability of capturing pulses from multipath
and multiple access users. This phenomenon is serious when W is small, as the limited
benefit of narrowband interference reduction is counterbalanced or exceeded by the
worsening pulse interference. However, the overall trend of performance improvement
continues as more taps are used. The curve levels off when W > 8, which indicates that
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Figure 3.9 System performance corresponding to different of number of taps per side of the
notch filter.

the marginal improvement is limited. The error rates converge to different levels for
different bandwidth ratios.

Figures 3.10and 3.11 are plotted against the bandwidth ratio p (forq = 0) and the ratio
g (for p = 0.02) of the offset of the center frequency of the narrowband interferer to the
bandwidth, respectively. The remaining system parameters are setat J/P = 30dB with
Ebv/no = 15dB. In accordance with the observation from Figure 3.9, a notch filter with
larger W offers greater resistance to an increase in the bandwidth ratio. From Figure 3.11,
it can be observed that the system performance varies with the normalized frequency
offset. The frequency response of the notch filter can be written as

W
Hw(f)= Y a,exp(—j2r fwT,) (3.39)
w=—W

Such variations can be accounted by the periodicity and sinusoidal characteristics of the
frequency response of the filter, as illustrated in Figure 3.3. Better jamming rejection
can be achieved when the center frequency of the narrowband system coincides with
certain harmonics of 1/T.. The degree of accuracy of the estimating function depends
on the number of taps per side of the notch filter. A notch filter with W = 6 offers better
protection than that with W = 3, but the reliability of the decision statistic is unstable as
g varies. When W is increased to 12, however, the sensitivity of the error rate subjected
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Figure 3.10  Error probability versus the bandwidth ratio.

to the change in q is reduced significantly. The rate and fluctuation of the bit error can
be reduced by using a filter of larger W.

Figure 3.12 compares the performances of TH-IR and multicarrier CODOMA UWB
systems subject to the change in J/P. The symbol times for a TH-IR system and a
multicarrier CDMA system, respectively, are given by Ts = NsNp T and Ts = N Tgy,. It
is assumed that the roll-off factor ¢ of the raised-cosine filter is 0.3, and the chip period
Ten is 10 ns, the spreading gain per sub-carrier N is 8, and the number of sub-carriers M
is 10. For the channel response, the number of multipaths Ly is 3, and the decay rate
vmc and the standard deviation opc are 1.5 and 0.5, respectively. Only one narrowband
signal is assumed within the spectrum of the system signal. When the bandwith and
normalized offset ratios for the TH-IR system are p = 0.01 and g = 0.05, respectively,
the corresponding ratios for the multicarrier CDMA system are p = 0.1 (see (3.37))
and § = 0 (see (3.38)), respectively. In the absence of the near—far effect, by assuming
perfect power control for both systems, the signal-to-noise ratio Ep/n, is 10 dB and the
conditions for the number of active users K being 3 and 8 are illustrated. For the TH-IR
system, the parameters W and R are kept unchanged at 12 and 10, respectively. For the
multicarrier CDMA system, the number of taps per side of the notch filter W is also 12.
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The number of correlators per sub-carrier R is 1, so as to maintain the same degree
of diversity as in the TH-IR system (10/30) in decision combining. Theoretically, the
relative advantage of the multicarrier CDMA system over the TH-IR system is that the
multicarrier CDMA system can enjoy frequency diversity of the branches unaffected by
the narrowband system. For the multicarrier CDMA system, the impact of the jamming
signal can be isolated within certain sub-bands. As observed, however, the use of a
notch filter for TH-IR provides a good improvement in performance. Subject to a change
in Ep/no, the performance difference between the TH-IR system and the multicarrier
CDMA system is limited.

Conclusions

In this chapter, performance expressions are derived for the TH-IR UWB communication
system with transversal type notch filtering at the receiver front end. Results show that
the use of a notch filter can provide significant improvement in system performance in
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Figure 3.12 Comparison between TH-IR and multicarrier CDMA UWB systems.

various situations. Comparison between TH-IR and multicarrier COMA UWB systems is
also made. Under certain conditions, the relatively low complexity TH-IR UWB system
with notch filtering at the receiver front end is capable of achieving a similar bit error
rate as multicarrier CDMA.

Appendix 3A Derivation of the variances of multipath interference

Undesired pulses from multipath and multiple access can be collectively defined as an
interfering pulse to the reference path of the first user. The possibility of sampling the
interfering pulse is due to the combinational effect of random-coded time shifts, random
propagation time delays and the sampling time at the receiver. If we consider the fith
sampling instant for the first user, the relative delay of the nth pulse from the Ith path of
the kth user with respect to the rth path of the first user can be expressed as

o) =t 4+ ATe = NTe — ) = M Te + AT+ ADT (3A.1)

where Ay € [0, 1), Aﬁ"f e [0, N, — 1] and AE]) €{0,1, ..., c0}. The pulse interference
is shown in Figure 3.4. The template pulse for the rth correlator of the reference user
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and the interfering pulse from the Ith path of the kth user may overlap when A,((”l) =0or

when the pulses are within the same time bin. When A(knl) # 0, no overlapping exists.
The multipath interference Zypyr takes the form

Ns—1

L
Zupir = Brevir Y YuiBu Y
n=0

1£r

X ZW oy / Sl(t —1) —wle+nTs+c )Tc + 11, r)v(t)dt

No—1
= VE1Bir¥ir lefuﬂll Z Iveir (1, N) (3A.2)

I#r

where Iy (1, n) can be written as

Te
e (1, 0) = o / B(t — auiTe — ADT — ADT - ed M)y (t)at
wf—W

(3A3)
and A", A) and A" are given by
i = (tn =t + wTe = nTe = T — ANT — AT TO) /T (3A.4)
A = | (tw) — tur + wTe =T — VT — ANTH) /T | (3A.5)
A" = | (ru1 = 7oy + wTe — 0T — ¢VTe) /T (3A.6)

The integral in (3A.3) is non-zero only when the pulses are overlapped. Obviously,
AY) = 0 leads to [(z1 — 1)/ Te) —ci” = —w, where the sum on the left-hand side
of the expression takes the same probability of 1/ Ny, for any possible value of arithmetic
modulo Ny (i.e. 0,1, ..., Ny — 1). The probability of [ (1) — t1.r)/Tc] — c(”) —w is
given by

2
Prob(((ces — 71r)/Te) — ¢ = —w) = (Nih) (No — [ (3A7)

Thus the variance of the MPI term is
2

Var[Zwpir] = E | | YorBrr Zlﬁllﬂll\/_ Z Ivpie (1, n)

I;ér
Ne—1 Ny—1
= E187, ZQM (Z Z E[IMPI|r(nl)|MPI|r(n2)]> (3A.8)
n1=0 ny,=0
I;ér

where E[lveir (N1) Imeir (N2)] can be expressed as different forms corresponding to the
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values of ny and n,. When ny = ny,

E[Impir (1) Ivpiyr (N2)]

T 2

<& Na—lwl V(o
_(ZWThzaw)- 0/ E(b/ B(t ,\Tc)u(t)dt)
2

Te
+ % (/ 2(t — AT, —s)v(t)dt) da

0

When ny # ny,

E[lmpir(ng) IMPI\r(nZ)]

Np — | I\ [/ Nh — |ws]
<w1§—:W wz_X_:W < : - ) ( . Nﬁwz >Olw10(w2>
1 c 2
1/ ( [ =~ xTc)v(odt)
0

T, 2
+ % (/ E(t — AT — g)v(t)dt) da

0

N =

Therefore the variance of Zypyr can be written as
2 2
Var[Zwpir] = Bi; E1oyp
where
n1=0 n,=0

No—1 Ne—1
UMPnr = ZQM {Z Z E[IMPIr(nl)IMPHr(nZ)]}
I;ér

Appendix 3B Derivation of the variances of multiple access interference

The multiple access interference Zyayr can be written as

K L Ny—1
Zyair = Brrr Z Z Y1 Br,l Z
k=2 I=1 n—0

[ Z u / skt — 1 — wTe + T+ U To)u(t)dt

Ny—1

= ﬂlrlﬁlrz\/_zl/fmﬂkl Z Ivair (k. 1, 1)
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(3A.9)

(3A.10)

(3A.11)

(3A.12)

(3B.1)
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where Iyair (K, 1, n) is given by

IMAI\r(ka I,n)

w=—W

.
=Y a, / Bt — maTe — ADT — AOT —ed ™)t (38.2)
0

and 1), A" and A{") are given by

= | (w1 — tr + wTe =T 4+ ¢ Te — 1) /T (3B.3)
Afjf = | (w1 — tur + wTe =T+ T — " Te — ANTH) /T | (3B.4)

= (v = tr + wTe = T4+ VT — VT — ANTe — ANTS) /T (3B5)

Similarly, the integral in (3B.2) has a non-zero value only when Aﬁ”l) = 0, or alternatively

L(mkt — tar)/Tel + c(") (“) —w. Again, the sum takes the same probability of 1/ Ny,
for any value in the set [0, 1, ..., Ny — 1]. The probability of pulse overlapping is given

by
1 2
Prob(L (s — 71/ Tel + ¢V — ¢ = —w) = (N—) (Nh— [wl)  (3B.6)
h

Thus, the variance of the MAI term is
K L Ne—1 2
Var[Zmair] = E (ﬁl,rllfl,r DY vaBaVEC Y wairk, 1, n))
k=2 1=1 n=0

K L 1N
=B ) Ex <Z Qk,l) <Z > E['MAlr(”1)|MAl|r(n2)]>
k=2 I=1 11=0 n,=0 @B7)

where E[Imanr (n1) Imanr (n2)] has a different form for different ny and n,. For ny = no,

E LImanr (1) Imaiyr (n2) ]

& N wl L1 T}
= <w=zw Taw> /0 5 (/ E(t — ATc)v(t)dt

0

2

2

.
/ E(t —ATc—s)v(t)dt) d.l  (3B8)
0

N =
=~
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For ny # ny,

E[|MA|\r(n1) |MAI|r(n2)]

(2, 2, () (g

wi1=
2

1 Te Te
1 _ 1 _
/ > ( / 2(t — ﬂc)v(t)dt) +3 ( / (t — ﬂc)v(t)dt)

0 0 0

Te
x ( / E(t — ATe — 8)U(t)dt):| dk} (3B.9)
0

Therefore the variance of Zyar is

K
Var(Zmair) = Bi, (Z Ek> TMAlr (3B.10)
k=2
where
No—1Ny—1
oAl = {Z Z E[IMAIr(nl)IMAHr(nZ)]} (3B.11)
n;=0 ny=

Appendix 3C Derivation of the variances of narrowband interference

The narrowband interference Zygr is given by

n=0

w=—

Ng—1 "
Zngir = Brrr Z { Z Oy / t +nr—wle+nTs+ C(n)Tc)U(t)dt] (3C.1)

with variance

Var(Zngir)
No—1 No—1
3038 Bl s
=0 nz= wi=—W wy=—W
T T

X//E[j (tl—i—rlqr +n1Ts + C:(Lnl)TC — wch) -j(tz + 1+ 0T+ anZ)TC — szc)]

X v(tl)v(tz)dtldtg }

Ns—1 Ng—

=J. ﬂlrzz

n;=0 ny,=0
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W W
X { Z Z Otwlolwz
w1=7W w2=7W
Te Te
/ / E{Rj[ts — to + (1 — ) Te + (™ — ¢ Te — (w1 — w)Te]}

00

: U(tl)v(tZ)dtldtZ] }

Ng—1 Ne—1

=B, Z Z Ingiir (N1, N2) (3C.2)

n1=0 ny=

Since { el )} is a random sequence and each element takes the same probability of 1/Np

for any value of 0,1, ..., Ny — 1, the probability of ¢"™) — ¢ =m, m e [-(N, —
1), Ny — 1], is given by

1 2
Prob(cgnl) — anz) =m)= (N—> (Nh — Im]) (3C.3)
h

Ingir (N1, N2) can be expressed as different forms based on the values of ny and n,. For
Ny =Ny,

T T
W
ot (M) = 3 Z sl / / Rl — o — (w1 — wo) Telu(t)u(t)dtrdty
wy=—W wr=—W 0
(3C.4)
For ny # ny,
Nh—1
Ingiir (N1, N2) = Z Z Qo Qu, Z (Nn — Im[/N7)
wi=—W wy=—W m=—(Np—1)
T T

// Rj[ts — t2 + (N1 — N2)Te + MTe — (w1 — wy) Te]u(t)u(tz)dtydt

(3C.5)
Thus, Var(Zyg)r) is given by
Var(Zngir) = Jﬁira,\le”r (3C.6)
where
No—1 Ng—
ey = Z Z Ingir (N1, N2) (3C.7)

n;=0 ny=
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Rapid acquisition

Ultra-wideband impulse radio is a promising radio technology for networks delivering
extremely high data rates at short ranges. The use of extremely short duration pulses,
however, makes the synchronization task more difficult. In this chapter a two-stage
acquisition with serial search noncoherent correlator for time-hopping impulse radio is
proposed. The proposed two-stage acquisition scheme gets chip timing synchronization,
and aligns the phase of the local time-hopping code in two successive stages. With
the aid of the flow-graph approach, analytical expressions are presented for the mean
acquisition time and the probability of acquisition. Numerical results in a slow fading
channel show that the proposed two-stage acquisition method can offer a much shorter
mean acquisition time or much higher probability of acquisition than that delivered by
conventional acquisition.

Introduction

Asexplained in Section 1.1, one of the design challenges provided by the wide bandwidth
property of IR-UWB signals is timing acquisition, so a rapid acquisition algorithm is
very important in IR-UWB communications. A few papers have focused on acquisition
for TH IR-UWB signals. In [1] the authors analyze the acquisition performance of the IR-
UWSB signal. In [2] a generalized analysis of various serial search strategies is presented
for reducing the mean acquisition time for IR-UWB signals in a dense multipath envi-
ronment, and finally in [3] hybrid schemes for IR-UWB signal acquisition are proposed
to trade off the speed of parallel schemes with the simplicity of serial search schemes.

For an IR-UWB system that occupies the wideband from 3.1-10.6 GHz, a pulse-
matched filter is not practical, while an active correlator is suitable exclusively for its
implementation simplicity [4]. In addition, parallel search outperforms serial search but
the associated complexity is often prohibitive [3]. Therefore, we focus our discussion
on the serial search noncoherent-correlator-based approach for acquisition of TH IR-
UWSB signals. In this chapter, a novel two-stage serial search acquisition is proposed,
which gets chip timing synchronization, and aligns the phase of the local time-hopping
code in two successive stages. This novel acquisition scheme can offer a much shorter
mean acquisition time and much higher probability of acquisition than that delivered by
conventional acquisition. Furthermore, the novel two-stage acquisition scheme proposed
in this chapter can also be adopted for parallel search acquisition.
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System model
Signal model

In a TH-IR UWB system, the transmitted signal of the kth user in acquisition mode is
unmodulated, given by

sO ) = A Z (t— T —cTe) (4.1)

j=—00
where A is the amplitude and I; denotes the time frame or pulse repetition time. Following
[5], the monocycle pulse waveform is chosen to be the second derivative of a Gaussian

function as
4 t\? 1/t)\?
"o m[“(a)]“"[‘z(a” 2

where \/4/(3t, /) ensures the normalized condition ff"oo w? (t) = 1. Itis assumed that
w(t) =0and |t| > Ty/2, where T, is the width of monocycle duration determined by
the parameter t, and, usually, equal to less than 1 nanosecond.

An additional time shift of every monocycle in the pulse train is determined by the chip
duration T, and the TH sequence {cﬂk)} with length Np. TH sequences support multiple-
access communication systems and smooth the IR power spectral density in order to
lower interference to existing narrowband radio at the same time. The elements cgk) of the
sequence are chosen from a finite set {0, 1, ..., Ny — 1}, so that the signal is transmitted
with Ny, possible hops (chips) per frame. For system simplicity, the chip duration T is
always set at several nanoseconds [6], so that Ty, < T¢ [7]. Thus, Tf = Ny T¢ + Tg, where
Ty is a guard time introduced to account for the processing delay at the receiver between
two successive received frames (see, e.g., [7], [8]). Here, for simplicity, it is assumed that
Ty = 0and Tr = Np T, but the novel scheme can encompass the case Ty # 0 as well, by
setting Ty = NgTe, with integer Ng and restricting the sequence cgk) to take its value in
{0,1,..., N/ — 1}, where N/ = Ny — Nj.

The UWB channel model has been described in Chapters 2 and 3. In the case of very
low mobility of indoor UWB communication systems, the coherence time of the channel
is larger than the length of one packet [9], and therefore the slow fading channel model is
adopted from the point of acquisition. In [9] an UWB channel model is derived from the
Saleh—Valenzuela model [10] with modifications that include using a lognormal rather
than a Rayleigh distribution for the multipath gain magnitude. Multipath components
provide replicas of the pilot that are all valid candidates for acquisition, but to keep
analysis tractable a single path channel model is frequently used.

Therefore the received signal from the kth user can be represented as

r(t) = «A Z jTe—c9Tc — 7) +n(t) (4.3)
j=—00
where « is a fading coefficient, n(t) is a white Gaussian noise with double-sided power
spectral density of Ng/2 and t represents the time delay between the clock of the trans-
mitter and the receiver.
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In (4.3) the sign of the fading coefficient, «, is equiprobable +1/—1 to account for
signal inversion due to reflection. The absolute value |o| = 10#/20, where B is a Gaussian
random variable with mean of —2.6526 and standard deviation of 4.8 satisfying the
condition E(|«r|?) = 1, then the probability density function (PDF) of « can be written
as

exp[— (In(ja]) 4 0.30539)? /0.61078]

al) = 4.4
¢l +/0.610787 |«| “4)
TH-code design criteria and bound on auto- and cross-correlation
Equation (4.1) can be rewritten as
sO =AD" abuw(t —nT) (4.5)
n=—00
where aﬁk) is defined as
1, n=jNy+ c®
K _ ) h i
a” = 4.6
" { 0, otherwise (4.6)

Then, the normalized periodic correlation between the sequences k; and ky (1 < ky, ky <
K, and K, denotes the number of TH sequences) is

NpNp—1

> aly al @7
n=0

Rk (n:) 1

1Y Ne)=———= =
klkZ( ) Rk1k1(0) NP

where Rk, (0) = Np and @ denotes addition modulo N, Np, leading to the periodic nature
of the computation.

The Johnson bound [11, page 527] gives an upper bound of B(N, 2d, W), the max-
imum number of binary vectors with length N, Hamming distance at least 2d and
constant-weight W (the number of “1’s in a binary vector) as follows:

N[N-1 |N-W+d+1|N—W-+d
B(N,2d,W)§{W{W_1~-[ d:1+{ d+HH

(4.8)

where | x| denotes the integer part of x. Similar to [12], the sequences {aﬁk)}ﬁl and
their respective N, Ny — 1 cyclic shifts are viewed as constant-weight code words over
the field of {0, 1}. Then, we can transform the Johnson bound to one on the number
of TH sequences that can be designed with a prescribed upper bound on auto- and
cross-correlation.

The design criterion of {aﬁk)}ﬁl is to minimize the periodic correlations Ny px,k, (N<)
except when k; = kz and n, = 0, in which case pk, (0) = 1. Thus, by specifying 2, we
can impose the condition

N, Np—1
0 < Nppiyk,(N7) = Z S‘G;)nragk” <Xi, whenki #k, or n,#£0 (4.9)

n=0
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Substituting N by NyNn, W by Ny, and d by N, — X in (4.8), the Johnson bound states
that

B(NoNi. 2(Np — 1), Ny)

K, <
‘= N, Ni

(4.10)

Equation (4.10) can be used to select parameters such as A, N, and Nj to support a
reasonable number of TH sequences so that a multiple-access signal design is feasible.

For simple analysis, the upper bound of (4.9) is considered, i.e. px,k,(N-) = A/Npy when
ki # ky or n, # 0. Therefore the analysis is not too complicated and is independent
of TH code design. Thus, the normalized periodic auto-correlation function (ACF) of
s®(t) is

Ru(t), Tl <Ty

Rs(7) A
= ={ —Ry,(t—nTy), n=#0 and nT, T, (4.11
ps(T) Rs(0) Np (r c) I cl < ( )

0, else

where R,,(7) is the autocorrelation of the monocycle pulse as

Ry (7) = [ QS —

o0

LGS @ e[ G e

Both w(t) and R,,(t) are plotted in Figure 4.1 with t, = 0.125 ns in (4.2).
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Conventional serial search acquisition
System description

In the absence of any a priori information regarding the phase ¢ of the incoming signal,
the whole uncertainty region of 7 is the full TH code period T, = N,Ts. The whole
uncertainty region is quantized into a finite number of elements (cells), with the cell
width being within the lock-in range of the tracking loop used for fine code alignment.
From (4.12) it can be found that R, (£ty) = 0, to = (v/6 — 2+/6)t, ~ 1.05t,, so the
main-lobe of R,,(t) is in the slot of (—to, t) ~ (—t,, ty) where R,,(t) > 0. Therefore the
cell width is set as 2At,, where 1/ A denotes the sampling time of every interval of length
2t,. The value of 1/ A should be large enough to ensure reducing the performance loss
due tosampling timingerror (e.g. A = 1,1/2 or 1/4, etc.). Thus the number of cells in the
whole uncertainty regionis Ne = N, T¢/(2At,). Acquisition is to align the unknown phase
7 of the incoming signal with the known phase ¢ of the local identical TH pulse train at
the receiver to within the 2t, interval, i.e. the absolute phase offset |At| = ¢ — 7| < tp.
The desired cell is denoted the Hj-cell, and the alternative hypothesis is denoted Ho-cell
|At| = |¢ — 7] > t,. Inserial search acquisition, the search starts from a specific starting
cell and serially examines the remaining cells until Hi-cell is found. If the acquisition is
not achieved after the first round of searching, we start the next round.

To facilitate our analysis, the following situations are considered as in [13]: (1) all
cell test statistics are independent; (2) the sampling occurs at the peak (R, (A7) = 1).
Therefore, only one sample per 2t, interval suffices (A = 1, N. = N, T¢/(2t,)), and there
is one and only one H;-cell in the uncertainty time region; (3) the acquisition can start
from every cell in the uncertainty region with the uniform probability of 1/Nc.

Noncoherent correlation detector

The basic unit in any acquisition receiver is the decision-making device (detector). In
the noncoherent detector shown in Figure 4.2, the received signal is multiplied by the
local pulse train, accumulated over the dwell time interval, passed through the square
operator and compared with a threshold & to decide whether the cell is an H;-cell for
every cell test. Here full period correlation is adopted, i.e. the dwell time is equal to T,.
Under one static channel realization with given fading coefficient «, the output signal of
the correlator is

1 Nt oG
Y=an 2 / rtw(t — jTr—¢;Tc — £)dt = aps(AT) + 1 (4.13)
AN, =5 Jim,
where At = 7 — ¢, and n is the noise component, given by
1 Nl G
~ AN, n(w(t — jTr—c;Te — ¢)dt 414
n Aijz:;/ij Ow(t — jTr—c;Te — ¢) (4.14)

It can be shown that » is a Gaussian random variable with zero mean and variance
of No/(2N,A?). Therefore Y is a Gaussian random variable with mean «ps(At) and
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Figure 42 Block diagram of the conventional serial search acquisition scheme.

variance o = No/(2N,A?). Thus the decision variable Z = Y2 has a non-central chi-
square PDF with one degree of freedom:

—Z —a?p3(A Zaps(A
o p2( T)}Cosh[x/_apz( T) 7=

1
Zla) = ex 0
p(Z|a) Ny ™ p[ 207 o7 >
(4.15)
X e X

where the hyperbolic cosine function is defined as cosh(x) =

It is assumed that for simplicity one T, is composed of N, pulse main-lobes, i.e.
Te = 2Nentn, and At = 2nt,, 0 < n < N¢ — 1. Since the maximum value of R, (t) out
of the range of the main lobe is very small, its impact on the periodic ACF can be
neglected. Therefore, one obtains

1, n=0
A
ps(2nty) = N_p n mod Negp, =0 (4.16)
0, else

Thus the PDF of Z inthe nthcell (n =0,1,...,N; — 1) is

7 2.2
02 |a) = Z — a?p] (2ntn)]cosh [ﬁaps (m)}’ 70

1
ex
V2n Zoy P |: 202 2

Oy
(4.17)

and the detection probability of an H;-cell is

Pa(a) = P(Z > £IHy) = /E " pO(Zla)dz

—/OO ! exp[_z_az]cosh Via dz
~Je N2rZoy 207 oy

* 1 — —_\
= / —exp(—Z — ,uozz) cosh <2 ,uaZZ) dz
& nZ
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= C(§, pna?) (4.18)

where C (x, y) = /7 1/+/wtexp(—t — y) cosh(2,/yt)dt, u is the average received SNR
for the faded signal (after integration), given by

_E@ N A?
_E@) _ T (4.19)
ZUY No
and & is the normalized threshold
£ =puk (4.20)

Similarly, the false alarm probability PF(R)(a)(n =1,2,...N; — 1) of Hy-cells can be
derived as

P (a) = P(Z > £|Ho) = /E D02 a)dZ

2452
T HatA _
_[C(s, N2 ) n mod N¢, =0, (4.21)
(

C(£,0), else

Flow diagram analysis

The discrete-time Markovian nature of the acquisition process allows it to be represented
by a flow diagram with definite states [14], [15]. The flow diagram for the conventional
serial search acquisition scheme for TH-IR signals is described in Figure 4.3, where the
parameter z is used to mark time as one proceeds through the flow diagram and its power
represents the number of time units (dwell time T,). Each state in the diagram corresponds
to a phase cell with uniform a priori probability 7, = 1/N.,n =0,1,2, ..., N — 1 of
being the first state in the search. The two remaining states are the correct-acquisition
and the false-alarm states. When a false alarm does occur, it can be recognized in the
tracking system and the search for the desired cell will restart after a delay of the penalty
time. Although the false alarm probability PF(R)(a)(n =1,2,...N; — 1) of Hg-cells is
not identical, similar to [16] the generating function of the conventional serial search
acquisition under one channel realization with given « can be derived as

Ne—1 j
Faco(2) = o) [Z -l Hé“ﬂ“’(z)}

—1
1- Hu(@) [T H"@) n=1
n=1
_ i Pd(Ol)Z
© 1-(1- Py(e)) Nﬁl [(1 - PQ(e)z + PR @)z +1]
n=1

Ne—1
{ > ﬁ PR())z + P(“>(a)z'<+1]} (4.22)

where Hp(z) = Pg(x)z is a gain of the branch leading from the Hj state (state 0) to
acquisition state; Hu(z) = (1 — Pg(@))z is a gain of the branch connecting the H; state
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Figure 4.3 Flow diagram for the conventional serial search acquisition scheme.

(state 0) to state 1; H"(z) = HIL (2) + HY @) Hp(2) = (1 — PR (a))z + PR (o) 242
is a gain of the branch connecting two successive states (n,n +1), n =1,..., N. —
1 Hn(erA(Z) =01- PF(R)(a))z characterizes the path without a false alarm between two
successive states (n,n+1),n=1,..., N —1; HF(R)(Z) = PF(R)(a)z stands for a false
alarm between two successive states (n,n+1), n=1,...,Nc—1; Hy(z) =zK is a
gain of the transition from the false alarm state to the next cell; and KT, = KN, Ty is the
penalty time.

In the most common case of having a non-limited permitted acquisition time,
which is typically employed in applications where data modulation is always present
in the received waveform, the meaningful performance parameter generally used for
serial search acquisition is the mean acquisition time. First, we get the mean acqui-
sition time in one channel realization with given « as (after some algebra shown in
Appendix 4A)

dFaco(2)
Tacq(@) = Tp - TQ
Z z=1
NS D) PR S0 Nt D)
(1 — N¢)Pg(a) + 2N + 2K Y Pea; (@) + 2K Py(w) T > NnPcy () — > Pea; ()
n=1 n=1 n=1

=T,-
P 2Py(a)

(4.23)
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From (4.18) and (4.21) it can be seen that Py(c), P (a) are irrelevant to the sign
of «, then the mean acquisition time in a lognormal fadlng channel can be obtained by
averaging as

Taco = fo " Taco@(lal)dlal (4.29)

In the case of a packetized transmission mode with a short preamble interval, if a
false alarm occurs before the end of the preamble, the simple implementation is that the
receiver must demodulate and decode for the duration of an entire packet and determine
that cyclic-redundancy-check failure has occurred in order to detect that a false alarm
has occurred [16]. In this situation the false alarm is catastrophic and causes a total
miss of the correct code phase, which means that the false alarm state is an absorbing
state and Hy(z) = 0. For packetized transmission mode the performance measure is the
probability of acquisition in L or fewer dwells, while this cumulative probability requires
first obtaining an expression for the PDF of the number of dwells to obtain successful
synchronization [17]. Starting from (4.22), we rewrite the generating function in the
form of a power series in z, namely

Faca(2)
o Ne—1 i 1 Ne=t
= Py(a)z ) |:(1—Pd(oe))z [T -PR(@)z } [N— [T(2-Pa @) z}
i=0 n=1 ¢ j=0 n=1

- —Pue) [ (1- PR@) [T 0-P @)

n=1

|
gk
=

(4.25)
1=0

where f; denotes the probability of the event that starting from some initial state the

process will reach acquisition state in | dwells. After getting f;, 1 =1,2,...,L, the

probability of acquisition in L or fewer dwells under one channel realization with given

« can be obtained as

L
Paco(L, @) =)
I=1

_ Pi@) ¢ e ]

Z [(1 — Py(a)) l_[ (1- PF(R)(“))}
=1 n=1

(I—1) mod N¢

< J] @-pPR ") (4.26)

Therefore, the probability of acquisition in L or fewer dwells in a lognormal fading
channel is obtained by averaging

Paco(L) = /0 " Pacol(L. )g(lal)dlal (4.27)
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Figure 4.4 The novel two-stage serial search acquisition procedure.

Novel two-stage acquisition
System description

To overcome the drawback of the long time that is needed in conventional serial search
acquisition with an advancing step size of 2t,, it is necessary to propose a novel scheme to
improve the advancing step size. Assumingt =1, - To + 171, 72 = [t/ T, 0 < 11 < Tg,
the novel acquisition method is based on the following idea: if we can estimate t; (chip
synchronization) correctly at first, then we can align the phase of the local TH sequence
pulse train with the advancing step size enlarged to be T, to search for the correct t,
(code synchronization). Without channel noise, this acquisition procedure can be done
in two stages as shown in Figure 4.4. First, in order to estimate 1, the received signal
is correlated by the regular spacing pulse train Z‘j’;oo w(t — jTc) with an advancing
step size of 2t,; second, once chip synchronization is achieved, the system proceeds with
code synchronization and the received signal is correlated by the local TH sequence
pulse train.

A block diagram of the novel two-stage acquisition method is shown in Figure 4.5. In
the first stage, the output of the correlator is

1 MeNg-1

~ ANpN,

(+DTe
Y1 / rw(t — jTc — ¢)dt (4.28)
i

j=0 Te

where ¢; is the phase of the regular spacing pulse train Zj-x’:foo w(t — jT) with an
advancing step size of 2t,. The uncertainty region of z; in the first stage is only T,
which is quantized into a finite number of elements (sectors). The sector width is set as
2t,, therefore the number of sectors is q; = T¢/(2t,). In the whole uncertainty region,
there exists only one H;-sector that corresponds to the correct estimation of 7; (JA1| =
|¢1 — 71| < tn). The other q; — 1 sectors are Hg-sectors (JAti| = |1 — 71| > t,) with
PDFs identical to the decision variable Z; = Yf. Once a “hit” (Z, > &) is observed by
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Figure 4.5 Block diagram of the novel two-stage serial search acquisition scheme.

the threshold detector, the current sector with phase of ¢, is considered to be an H;-sector
and the system goes into the second stage.
In the second stage, the output of the correlator is given by

Np—1 i

1 Nl G _

V2= A 2 / r®w(t — jTr—¢jTe — &Te — ca)dt (4.29)
P j=0 v iTs

There are a total of g» (92 = NpNp) unknown phase cells with the phases ¢, T + ¢1,
£ =0,1,2,...,02 — 1 in the selected sector in the first stage. If the selected sector
in the first stage is the Hj-sector, there exists one Hi-cell (|t — (&2 - T + ¢1)| < tn),
otherwise there exists no Hy-cell in this sector. There are two cases of Hy-cells: one is
in the H;-sector and the other is in the Hp-sector. The procedure of the second stage is
similar to the MAX/TC criterion [18]. The serial decision variable (Z,) for every cell test
is stored. After a number of cell tests, gz, the maximum variable is selected and compared
to the threshold. If max(Z,) > &, the current cell is considered to be an H;-cell and the
system goes into the tracking mode, otherwise the first stage is resumed from the phase
point next to ¢;. If a false alarm does occur, it can be recognized by the tracking system
and the first stage will restart after a delay.

4.4.2 Noncoherent correlation detector

To facilitate our analysis, the three situations mentioned in Sub-section 4.3.1 are also
considered for the novel two-stage scheme. Under one-channel realization with given «,
the output of the correlator Y, is given by

a+n1, |An| < th(Hy-sector)
Y, = 4.30
' { N1, |Aty| > t,(Ho-sector) (4.30)
and the noise component
1 NN G .
m = / nt)w(t — jTc — &1)dt (4.31)
ANpNh j=0 iTe
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is a Gaussian random variable with zero mean and a variance of No/(2N,A?). Therefore
Y, is a Gaussian random variable:

N
G <a, Tﬁﬂ) , |At1| < ty(Hi-sector)
Y1 ~ |\T (4.32)
0
G0, =—— ), |ATi| > ty(Ho-sector
( 2NpA2> |Ati| > th(Ho )

The decision variable Z; = le has a noncentral chi-square distribution with one
degree of freedom, and therefore the detection probability of the H;-sector is given by

Par(a) = P(Z1 > &|Hy) = / P(Z1|Hy)dZ,
&

00 1 _Zl — (XZ 2\/ Zla i|
- h| Y= |4z
6 /TNo/(N,A2)Z; eX'O[No/(NpAz)}COS [No/(NpAz) '

© 1 — —\
= — exp(—Z; — pna®) cosh <2\/,ua221> dz;
/7 \/T[Zl

&1
= C(&1. pa) (4.33)

where y is given by (4.19) and & is the normalized threshold in the first stage as
& = & (4.34)
Thus, the false alarm probability of the Hy-sector is
Pra1 = P(Z1 > &1|Ho) = / p(Z1|Ho)dZ4
&1
0 1 -7 ]
= ex dz
6 /7No/(NyA?)Zy P [No/(NpAZ) '
00 1 o
= — exp(—Z1)dZ,
/;1 Vv TT Zl

=C(&,0) (4.35)

For the second stage, the output of the correlator Y, is a Gaussian random variable:

No
Gla, —— |, Hi-cell
<a 2NpA2> ’

ai No i
Yo~{ G| —, ,  Ho-cell in Hy-sector 4.36
2~ {6 (5 ) Hocellin b (430

No .
G|(O, , Ho-cell in Ho-sector
(0 ). stin

Under one-channel realization with given o, the decision variable Z, = Y2 has a
noncentral chi-square distribution with one degree of freedom, so that the PDF of Z, of
the Hq-cell is

. 1 —Zg — Ol2 2\/ 05222
pi(Z2]a) = TN A7 exp [ No/(NpAZ)] cosh |:4N0/(NpA2)} ,Z2,>0

(4.37)
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The PDF of Z, of the Hp-cells in the H;-sector is

1 — 75 — a?)2/N2 2 Ja?)2/N2Z,
exp 2 2/ P cosh Z‘; ,
7 No/(Np A?)Z; No/(NpA?) No/(NpA2)

pP(Z;la) =

and the PDF of Z, of the Hg-cells in the Hp-sector is
1 [ —Z5
exp 5
J7No/(N,A2)Z, No/(Np A?)

Three disjoint events are possible if the selected sector in the first stage is the H;-sector:

Py (Z2) = } 2,20 (4.39)

(1) Missed detection: all of the g, test variables are below threshold &,, with probability
Pm2(a).

(2) Correct detection: the H;-cell test variable is above threshold and is the maximum,
with probability Pgo(c).

(3) Error: at least one test variable associated with an Hy-cell is above threshold and is
greater than the Hj-cell test variable, with probability Pe,(c).

Another case is that the selected sector in the first stage is the Hg-sector, therefore
there exists no Hi-cell in this sector for the search of the second stage. In this case two
disjoint events are possible:

(1) False alarm: at least one test variable is above threshold &, with probability Pras.
(2) Correct rejection: all the g, test variables are below threshold, with probability
1 — Peao.

The probability of detection, error, and false alarm in the second stage can be written as

00 Z, NpNh—l
PM@:[ mamﬂ/ whmm} 4z,

&

00 1 o —
= / exp(—Z2 — pa?) cosh <2 /wzzzg)

&5 rZy
N, Np—1
— pa?p? P _
x [1 —C (zz, &ﬂ dZ, (4.40)

N
. & NpNh—1
Pra(cr) = / p1(Z2| @)dZ; / pi(Z,] @)dZ,
- W22 NpNh—1
= [1 - C(E, po?)] [1 -C (g “Nz )} (4.41)
p
Pe2(or) = 1 — Paz(er) — Pma(ar) (4.42)

& 0 NpNh
Pra2 =1 — |:/ pé)(Zz)dZZ]

=1—[1—C(&, 0)]"N (4.43)
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Figure 4.6 Flow diagram for the novel two-stage serial search acquisition scheme.

where &, is the normalized threshold in the second stage as

& = uk (4.44)

Flow diagram analysis

The flow diagram for the novel two-stage serial search acquisition scheme is shown in
Figure 4.6. Each state in the flow diagram now corresponds to a sector in the uncertainty
region of the first stage, and the Hj-sector is designated as state 0. A priori informa-
tion of being the first state, uniformly distributed, in the search makes =, = 1/q;, n =
0,1,2,...,0: — 1. Besides the correspondence between states and sectors, the other
fundamental difference with a flow diagram of the conventional scheme is the presence
of an additional branch out of the H; state to the false alarm state, corresponding to
the error event. Note that here correlation length in the first stage is NyN2T, = N, Ty,
and the whole time needed for one search round of the second stage is Ny N, Tp.

As in [16], the flow-diagram generating function of the novel two-stage acquisition
under one-channel realization with given « can be derived as

M T 4 T [Ha@) + R@H@IHE @) | &

where Hp(z) = Py () Ppa(ar)z(MNotNo) s g gain of the branch leading from the H; state
(state 0) to the acquisition state; Hy(z) = [(1 — Pgi(a)) + Pga(er) Pmo(a)zN Nz is a
gain of the branch connecting the H; state (state 0) to state 1 without an error event;
He(2) = Pgi(a)(1 — Pgo(ar) — Pa(a))zNntNn js a gain of the branch out of the H; state
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(state 0) to the false alarm state, corresponding to the error event; Ho(z) = Hﬁ,”F)A(z) +
HSB(Z) Hp(Z) = [(1 — PFAl) + PFAl(l — PFAz)ZNpNh + Pra1 PFAzzNDNh+K]ZNh is a gain
of the branch connecting two successive states; Hnea(z) = [(1 — Pra1) + Pra1(1 —
Pra2)z™Nn]zNe characterizes the path going to the next state without false alarm;
Hra(z) = Pra1 Pragz™™NetNn stands for a false alarm; and Hp(z) = z¥ is the gain of
the transition from the false alarm state to the next cell.

The mean acquisition time under one-channel realization with given « is given by
(after some algebra shown in Appendix 4B)

Taco(a) =Ty - w 72=1
- Pdl(a-;—llji’dz(a) [_K Pa1 () Poz(e) — K Paa (&) Pma(@t) + (K + Np Nin) P ()

_ Pai(e) Paa(e)

+Nh+(Q1—1)<l >

) (Np + NpNpPrar K PFAlFAZ)j|
(4.46)

From (4.33), (4.40) and (4.41) it can be seen that Py, («), Py,(«) and P, («) are irrelevant
to the sign of «, then the mean acquisition time in a lognormal fading channel can be
obtained with the same form as (4.24).

With the packetized transmission situation that a false alarm leads to a catastrophic
situation, i.e. Hp(z) = 0, we rewrite the generating function in the form of a power series
in z, namely

Faca(2)
H

00 a1 _
- ;’1‘2) 3 {[Hu@ + H@)He @] HE ') [Z H (z)}
i=0 j=0

Par (@) Poa(0) %O S i — D+ [
= TZZ Z Z( ) (m>[PFA1(1_ Peaz)]"

i=0 j=0 h=0 m=0 h

(1 = Pear)' @ DHIN (Pyy () Pra (@)™ (1 — Pgy () ~Mz N0 i+ Mo Na(hobm-1)

- i f,2' (4.47)
1=0

As in [17], determination of these coefficients f;, | = 1,2, ... is possible but quite
tedious. To make matters more tractable, with (4.33)—(4.35) and (4.40)—(4.44) and for one
L — NoNp — Nj,
01N
of index i,and findout f;, | = 1,2, ..., L, respectively, using numerical computation.
After that, the probability of acquisition in L or fewer dwells of the novel scheme in
one-channel realization with given o can be obtained as Pacq(L, ) = le-:l fi. Finally,
the probability of acquisition in L or fewer dwells in a lognormal fading channel can be
obtained with the same form of (4.27).

arbitrary number of L, we can make imax = L J + 1 as the upper limit



4.5

Rapid acquisition 107

10°

,,,,,,, Conventional

T=as ——  Novel

TS~ K'=200, 800

Mean acquisition time (T;)

L | I I 3
6 9 12 15 18

SNR (dB)

Figure 47 Mean acquisition time (Tp).

Numerical results

In this section, comparison of acquisition performance is investigated by numerical
calculations on the equations in Sections 4.3 and 4.4 for the conventional and the novel
two-stage acquisition schemes with different system parameters. The fading is assumed
to be lognormally distributed, as noted in (4.4). The frame duration Tt is set to be
100 ns, and the chip duration T is chosen as 10 ns. Thus, we deduce Ny, = T;/ T, = 10.
t, = 0.125 nsis adopted to yield the monocycle pulse width T,, < 1 ns. The period of TH
code, Np, issetas 15, and 2 = 3 is chosen to describe the ACF of the TH code. Therefore
the number of cells in the whole time uncertainty region is N = N, Tf/(2t,) = 6000.
There exist different thresholds setting rules in the decision-making device or detector,
i.e. fixed thresholds, constant false alarm rate criteria, maximum selection (the case
when no threshold is used), or optimum threshold setting [19], [20]. Here, in order to
compare the performance of the two acquisition schemes and in order to avoid the effect
of detailed threshold setting selection on acquisition performance, the thresholds & for
the conventional scheme, and &; and &, for the novel two-stage scheme are adjusted to
optimize acquisition performances such as the mean acquisition time and the probability
of acquisition in L or fewer dwells for every value of L.

Figure 4.7 depicts the comparison of the mean acquisition time for the two acquisition
schemes as a function of the average received SNR with two different values of the
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Figure 48 Probability of acquisition in L or fewer dwells.

penalty time, i.e. K =200, 800. For both values of K, it can be seen that the mean
acquisition time of the novel two-stage acquisition scheme is always much shorter than
that of the conventional acquisition scheme, especially under low SNR. Furthermore,
when the penalty time K increases, under low SNR the mean acquisition time of the
conventional scheme increases significantly, whereas the increment of the mean acqui-
sition time for the novel scheme is much smaller. When the SNR increases, for the both
acquisition methods the false alarm probability of every Hy-cell (or Hy-sector) test can
be controlled to lower level by adjusting the threshold, thereby the impact of penalty time
K on the mean acquisition time becomes increasingly insignificant, especially negligible
for the novel two-stage acquisition scheme with SNR larger than 15 dB.

Figure 4.8 compares the probability of acquisition in L or fewer dwells for the two
acquisition schemes as a function of L /N, for different values of SNR. It can be seen
that for both schemes, and for a given L /N, the probability of acquisition increases as
SNR increases. Furthermore, for a given SNR, the probability of acquisition of the novel
scheme is larger than that of the conventional scheme especially when L /N is small.
When L /N increases from 0.2 to 1, the probability of acquisition of the conventional
scheme increases almost linearly, while the increment of the probability of acquisition
for the novel scheme is not significant. The phenomenon implies that in order to reach
large probability of acquisition under every SNR, the preamble length L needed in the
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Figure 49 Optimum thresholds for mean acquisition time.

conventional acquisition scheme should be much larger than that in the novel acquisition
scheme.

Figure 4.9 shows the optimum thresholds to minimize the mean acquisition time for
different values of the penalty time K. It can be seen that, for a given K, the optimum
thresholds &; and &; of the novel scheme are smaller than the optimum threshold & of
the conventional scheme. For low SNR, the optimum thresholds of the two schemes are
high to keep the false alarm probability in every detection of the Hyq-cell (or Ho-sector)
small enough and get a reasonable detection probability in the Hj-cell test, while these
thresholds decrease when the SNR increases (or the variance of noise decreases). For
example, with an SNR of 6 dB and K 800, the optimum threshold & of the conventional
acquisition scheme is larger than 1 (the normalized amplitude of the useful signal after
correlation in the Hy-cell test), which justifies the very poor detection probability in the
Hs-cell test, whereas the optimum thresholds &; and &, of the novel acquisition scheme
are much smaller than & of the conventional scheme. When the penalty time K increases,
a lower false alarm probability is needed, and the optimum thresholds of the two schemes
obviously increase.

Figure 4.10 illustrates the optimum thresholds in order to maximize the probability of
acquisition in L or fewer dwells for two specific values of L (L = 0.4N. and N¢). It can
be seen that when L increases in the conventional acquisition, the optimum threshold &
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must be significantly increased in order to reduce the catastrophic false alarm, while when
L increases in the novel acquisition, &, in the second stage increases significantly to get
a smaller false alarm probability in the Ho-cell test, whereas &; in the first stage is almost
flat in order to get a higher detection probability in the Hj-sector test. Furthermore,
for a given L, when the SNR increases the optimum threshold & in the conventional
acquisition and & in the novel acquisition decrease remarkably, while the decrease in &;
in the novel acquisition is much slighter, which means that a higher detection probability
in the Hi-sector test is more important in the first stage, while reducing false alarms in
the Ho-cell test is more important in the second stage, to get the optimum probability of
acquisition in L or fewer dwells.

One noticeable point is that the former analysis and corresponding numerical results
are obtained in the single-user environment. In asynchronous multiuser systems, the
false alarm probability in the first stage (chip acquisition) may be larger due to multiuser
interference (MUI). The worst case is that there are many users without chip synchro-
nization, and the false alarm probability remains 1 in every test of chip acquisition for
the target user due to the severe MUI. In this situation, the flow diagrams show that due
to chip acquisition more time is needed for the novel acquisition than for the conven-
tional acquisition to complete one round of searching. However, it can easily be seen that
such time consumed by chip acquisition is only a small fraction of one searching round
time. Furthermore, in asynchronous multiuser systems this novel acquisition scheme can
be combined with a multiuser detection receiver, such as the structure of interference
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cancellation (IC) followed by acquisition as proposed in [20]. Thus, after the interference
from the synchronized users is cancelled by IC, the residual signal is sent to the novel
acquisition scheme and the false alarm in the chip acquisition could be alleviated.

4.6 Summary

In this chapter, a novel two-stage serial search acquisition scheme has been proposed
and analyzed for TH-IR code acquisition under a slow fading channel. It has been shown
that the proposed novel scheme achieves much better acquisition performance than the
conventional acquisition scheme:

(1) In the case of having non-limited permitted acquisition time, using the novel two-
stage acquisition scheme reduces the mean acquisition time much more than using
the conventional acquisition scheme, particularly under low SNR or with a large
penalty time.

(2) In the case of a packetized transmission mode with a short preamble interval, the
preamble length needed in the novel two-stage acquisition scheme is much shorter
than that in the conventional acquisition scheme to reach the same probability of
acquisition under every reasonable SNR.

Appendix 4A The derivation of Tacq in (4.23)

By using (4.22) and Hp(z) = Py(«)z, the derivative of Faco(z) with respect to z is

dFacq(z)  Py(a)
dz N

[D() +2D'(2)] (4A.1)

where

[Nc_l ll[ HéNrn)(Z)}
j=0 n=1

N )
1—-Hwm(@) ] Hy (@)
n=1

(4A.2)

Itis easy to get Hw(1) = Hiy(2)] .21 = (1 — Py(@)), H"(2) = 1, and [H" (@)1 | 121 =

N
1+ K PF(,Z)(a). Therefore from (4A.1) we can obtain D(1) = 5 (C )’ and
dl\&

D'(z)

z=1

Ne—1 Ne-l j '
[1— Hu(1) [T Hé”)(n] : [ > 11 Hé““*”(z)}
n=1 j

j=0 n=1

Ne—1 j B
z:l‘[_z [T H"™ “)(1)}
j=0 n=1

Nt o]
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Nl ! Ne—1 '
Po(ct) - [_Z I Hg °*">(z>] 21+ Ne- [HM<z) I Hé”)(z)] -
_ j=0 n=1 . n=1 (4A3)
Pd ()

Ne—1
Pa(e) - [ 22

(1+K Pé}ﬂ*”)(a))} + No(1 — Py(t)) [1 L5 (1 +K P}:(X‘rn)(a))}
n=1

j=1 n=1
a P (@)
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Now the expression of Tacg in conventional serial search acquisition with no identical
PDF of the Hp-cell can be written as

Tacg = Tp - dFAdC;(Z) =1
=7, 2 (0@ + 20
Ne(Ne — 1) = o Ne—1
—S " Pa(e) +| Y nPR (@) [K Py(e) + Ne(L = Py(@)) [Ne + K D~ PEL(a)
T Py (o) N 2 n=1 n=1
T PN | Pe) PZ(a)
Ne—1 Ne—1
w Pa(e) + {Z nPéX’(a)} K Pg(a) + Ne(1 — Pg(e)) [Nc +K Y PQA(a):|
n=1 n=1
N TP . N¢ Pu(a)
Ne—1 " 1 Ne—1 . Ne—1
(1 NOPa(e) + 2N + 2K 5 nPL(@) + 2K Pu@) [N— IEROES psm}
=T - = = (4A.4)

2Py(a)

Appendix 4B  The derivation of Tacq in (4.46)

From (4.45), the mean acquisition time of the two-stage acquisition is given by

dFacq(z)
Tacq = Tp- dZQ

=1

a1 ;o g sl
[1 - [HmM® + He@He ] Hg" )] - [ Hp(0) ¥ HW+HoMHGW ¥ iHg O
_ P j= j=

& [1 - [ (®) + He@He@I K )
_ _ qi-1 .
[0~ DT+ He M0 HEE 20 + [y 0) + DM+ M) HEE 0] o) 5 1
T i=
o [1- (M@ + He@Hp ] M2 )]

(4B.1)
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Itis easy to get Ho(1) = 1 and 1 — [Hm(1) + He(1)Hp(1)] = Hp(1), so that (4B.1) can
be rewritten as

[1 — [Hu(D) + He(WHp (] - [Hs(l)ql T Ho(H(D)
[1 - [Hum(L) + He(Q)Hp (D11
T 10— D)+ H@H T HD + a1 [ D) + H D + H@HEW]] Hol)

q1(qs — 1)]
T, 2
T _ P
AQ Q1

G [1 — [Hu(1) + He(1)Hp(DIF®
=T o | B H) + MR + R + @ - D) [1- 752 |}
(4B.2)
We also can get

Hp(1) = Py1(o) P2 (a) (4B.3)
Hp(1) = Pa(er) Paz(e)(NpNh + Ni) (4B.4)
Hu(1) = (1 — Pg1(a))Nh + Paa(er) Pma()(Np Nk + Np) (4B.5)
He(1) = Paa(e)(1 — Paz(r) — Pma(er)) (4B.6)
He(1) = Par(@)(1 — Paz(a) — Pma(e))(NpNh + Np) (4B.7)
Ho(1) =1 (4B.8)
HA(1) = K (4B.9)

Ho(1) = (1 — Pra1)Nh + Praz(1 — Pra2)(Np N + Np)
+Pra1 Pra2(Np Np + N + K) (4B.10)

Therefore substituting (4B.3)—(4B.10) into (4B.2) gives the mean acquisition time for
the two-stage acquisition as (4.46).
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5.2
5.2.1

TD receiver with ideal channel
state information

In this chapter, TD performance is studied by assuming that the ideal channel state
information is available at the receiver side. Under a frequency-selective Rayleigh fading
environment, the performance of EGC and GSC 2D-Rake receivers is analyzed for either
mutually independent or mutually correlated pairs of channels. The spatial diversity gain
provided by TD-STBC is compared with that of a system deploying only one transmit
antenna.

Introduction

It is assumed that the ideal channel state information (CSI) is available at the receiver, in
other words, the channel estimation is perfect. The performance of the TD-STBC scheme
is investigated in terms of the BER (bit error rate). In the next chapter, a common pilot
signal transmission is employed to assist receivers in estimating the channel fading
coefficients; hence, the impact of imperfect channel estimation on system performance
can be investigated through comparing the results obtained in Chapters 5 and 6. The
effect of correlation between the pair of channels from two transmit antennas to receive
antenna is studied. In order to emphasize the spatial diversity gain from using TD-STBC,
the performance of the corresponding Rake receiver of the conventional CDMA system
with only one transmit antenna is evaluated and compared.

The rest of this chapter is organized as follows. In Section 5.2, the transmitter, channel
and receiver models are described. The performance of coherent reception for downlink
of the CDMA system with and without TD-STBC is analyzed in Section 5.3, and the
closed-form expressions of BER are obtained. In Section 5.4 the numerical results for
various system scenarios and discussions are presented. Finally, Section 5.5 summarizes
the chapter and draws a number of conclusions.

System model
Transmitter model in CDMA downlink

Two transmit antennas are deployed at a base station while only one receive antenna is
employed at each mobile station. It is assumed that there are K simultaneously active
CDMA users. Hence, K totally different spreading code sequences are required, which
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Figure 5.1 The block diagram of the transmitter.

are mutually orthogonal within one symbol interval. Furthermore, it is assumed that
all spreading codes are unit-norm complex simple random binary sequences with value
(1 £j)/~/2, where j = «/—1. As shown in Figure 5.1, the lowpass equivalent trans-
mitted signal at the first antenna is

[e¢]

K
st)= ) [JEC -y bk, [n/NJ) - Sa(k, n)} -gt—nTe) (5.1)
n=—00 k=1
This is compatible with the conventional system with only one transmit antenna, which
is investigated and compared in Section 5.3.4.
Meanwhile, the signal transmitted from the second antenna is

00 K
)= ) [E > bk, [n/NJ) - Sq(k, n)] gt —nTo) (5.2)
n=—o00 k=1

where E. is the chip energy of the data channel and Sy(k, n) represents the spreading
code sequence of the data channel for the kth user. The operation |-] stands for the
integer part of the operand. N is the spread factor (SF) and T is the chip interval.
The chip waveform function g(t) is assumed to be rectangular with unit energy. For the
sake of simple analysis, the data symbol b(k, n) of the kth user is assumed to be a real
value. In (5.2), b’(k, n) is the STBC encoded data symbol, given by

b'(k, Ln/NJ) = { —b(k, [n/NJ+1), [n/N]J iseven

bk, [n/N| —1), [n/N] is odd (53

Channel model

The discrete tap-delay-line channel model with time-varying tap coefficients is assumed
and the channel from the ith (i = 1, 2) transmit antenna to the receive antenna com-
prises L discrete resolvable paths, expressed through the channel coefficients h;; (I =
1 ..., L). The two sets of temporal multipaths corresponding to two transmit antennas
experience independent but identical distributed (i.i.d.) Rayleigh fading with a constant
multipath intensity profile (MIP). Therefore, all the channel coefficients h; | are complex-
valued Gaussian random variables with zero-mean and with the same variance of o2
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in both real and imaginary parts, i.e. h;; € CN(0, 02). The lowpass equivalent com-
plex impulse response of the channel between the ith transmit antenna and the receive
antenna is

L
hit) = hiy-8(t—m) (5.4)
1=1

where 7; is the delay of the Ith resolvable path, irrespective of the antenna index i, and
8(+) is the Kronecker delta function. For one given temporal path index I, hy; and hy
are identically Rayleigh distributed but can be correlated with a constant correlation
coefficient p, defined as
o Elhu-hy)
J/Var{hy} - /Var{hy,}

where the superscript * represents the complex conjugate operation and E{-} stands for
the expected or mean value of the variable. When p = 0, hy and hy, are independent
from each other. Moreover, for a given spatial antenna index i, h;; and h; . (I #1’) are
mutually independent random variables. Finally, h; is assumed invariant over at least
one STBC block, which refers to every two consecutive symbol periods in which two
original data symbols are STBC encoded.

(5.5)

Receiver model

For any one mobile station, downlink signals from K synchronous data channels experi-
ence the same frequency selective fading and arrive at the receiver as

L
r(t) =) [hur-sa(t — 1) +hoy - ot — @)1 + () (5.6)
1=1

where n(t) represents the AWGN with double-sided power spectral density (PSD) of
no/2. It is assumed that the coherent detection and chip synchronization at the receiver
are perfect. Thus, the signal at each path can be resolved by a matched filter (MF)
with a local delayed spreading code sequence that is properly locked to the concerned
path. Within the context of wideband CDMA, it is assumed that multipath delays are
approximately a few chips in duration and much smaller than the symbol period so that
the inter-symbol interference (I1SI) can be neglected.

Without loss of generality, let us focus on the mth STBC block. By sampling the output
of the pulse MF, for any mobile station the received signal in the first and second symbol
intervals of the mth STBC block can be given by, respectively,

K L
u®m.n) =" > {VEc- Sa(k.2mN +n — [1/Tc))

k=1 1=1
- [ba(k, m) - hii(m) = ba(k, m) - hay (M} +nP(m,n)  (5.7)

K L
u@(m,n) =" {VEc- Salk, @m +1)- N +n - [n/Te]]
k=1 I=1

- [ba(k, m) - (M) + ba(k, m) - oy (M} +n®(m,n) ~ (5.8)
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Figure 52 The block diagram of the receiver.

wheren =0,1,...,N —1and bj(k, m) (j = 1, 2) stands for the jth original data bit
of the kth active user transmitted in the mth STBC block. h;(m) (i = 1, 2) represents
the fading coefficient of the Ith resolvable path of the channel between the ith transmit
antenna and the receive antenna in the mth STBC block. n)(m, n) (j = 1, 2) is the
sampled AWGN at the receiver in the jth symbol period of the mth STBC block.

5.3 Performance analysis of coherent reception
5.3.1 STBC decoding at each branch

Without loss of generality, the first user (k = 1) is assumed to be the desired user. Hence,
the following discussion is implicitly concerned with the first user. The receiver structure
is shown in Figure 5.2.

Assuming perfect chip timing synchronization and that the local despreading code
sequence is locked to the ith (I = 1,2, ..., L) resolvable path, the data channel of
the first user at the Ith path is despread during the first and second symbol intervals
of the mth STBC block as follows, respectively,

N—-1
rPm. D)= u®m.n)- S50, 2mN +n — [7/Te])
n=0

= V/Ec - N - [by(1, m) - hy () — b(1, m) - hy ;)] + 0§’ (m, 1)

K L
+3 3 VEe - REY(m. ki 1L T) - [oy(k, m) - hyy(m) — ba(k, m) - hpy(m)]

k=1 1=t
14

(5.9)

N—-1
r@m, Ny =Y u@m,n)- SFL, @m+1)- N +n— [5/Tcl]
n=0

= VEc- N - [b2(L, m) - hy j(m) + by(L, m) - hy y(m)] + 5P (m, 1)

K L
+3 3" VEe - REM. K; 1T - [ba(k, m) -y (m) + ba(k, m) - hyy(m)]

k=1 1=t
14

(5.10)
where the background AWGN component néj)(m, D (j =1,2)is given by

. R N-1
pPm. D) =" yD(m.n)-Si1.@m+j—1)-N+n—[5/TJ] (511)
n=0
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and Réf&(m, k;1,1) (j = 1, 2) is the N-length discrete aperiodic correlation function [1]
of two time-delayed data channel spreading code sequences used in the jth symbol period
of the mth STBC block, given by

RIMm, k;1,1)

N-1
=) Salk.@m+j—1)-N+n—[n/Tc]]
n=0
SSYIL@m 4§ —1) - N +n— |5/Tel] (5.12)

Since two different spreading code sequences with the same time delay are orthog-
onal over one symbol interval, i.e. Réf(),(m, k;1,1) =0 when | =1 and k # 1. Other-
wise, when | # 1, the two code sequences are nonorthogonal and Rfjf(),(m, k;1,1) is

modeled as an i.i.d. random variable with zero-mean and variance Var{ Réf&(m, k;1,1)) =
N.

With respect to the Ith resolvable path, it is assumed that the ideal CSI h, j(m) and
h, ;(m) are available at the receiver; thus, the branch random variable of the first esti-
mated data bit in the mth STBC block can be constructed through STBC decoding as
follows:

di(m. 1) = ) (m. 1) - by o(m) + rg (m. 1) - hy (m)

= VEc- N -by(L, m) - [l j(m)[* + [hyi(m)[]
+0§0(m. 1) - 02 (m) + 1 (. 1) - hy p(m)

K L
+ DS {VEe- RE M. k1L 1) - [ba(k, m) - hyy(m) — ba(k, m) - ha, (m)]
k=1 I=1
AhZ(m) + VEe - REY(m, ki1, 1) - [ou(k, m) - h3(m) + by(k, m)
-hg, ()] - hyi(m)}
= Ey(m, 1) + No(m, 1) + 11(m, 1) (5.13)

Itis shown that the above branch decision random variable consists of three distinct com-
ponents: Eq(m, 1) is the desired signal component; N1(m, 1) is the background AWGN
component; and I(m, 1) is the multiple access and multipath interference component
that results from the desired user as well as other simultaneously active users. They are
defined as follows:

Ey(m. 1) = VEc- N -by(L,m) - Lhy j(m)[? + [h, ()P (5.14)

) NLl(m,i) = nP(m. 1) - hz () + 0 (m. 1) - hyi(m) (5.15)

i(m, 1) = > > {VEc- R, k1, 1) - [oa(k, m) - hy i (m) — ba(k, m) - hay(m)] - h (m)
k=1 1=1

+Ee- R (m, k;1,1) - [ba(k, m) - h3, (m)
+ba(k, m) - hi, (M)] - h,5(m)) (5.16)
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Similarly, the random branch decision variable of the second estimated data bit can also
be constructed through STBC decoding as follows:

da(m. 1) = rP(m. 1) - h (m)—rl) (m., 1) - hy;(m)
= E,(m, 1) + Nz(m, 1)+ Im, 1 (5.17)

where Ex(m, 1) is the gesired signal component, Nx(m, 1) is the background AWGN
component, and I,(m, 1) is the multiple access and multipath interference component
given by, respectively,

Eo(m, 1) = vEc - N - by(1, m) - LIy j(m)I” + [h, ()] (5.18)
No(m, 1) = #P(m, 1) - b7 y(m) — g (m, 1) - hy (m) (5.19)
|2(m,|“)
L
Z{f REA(M, k; 1,1) - [oa(k, m) - hy y(m) + by (k, m) - ha ()] - h (m)
k=1 I=1

—VEc - R M. k; 1 D)-[bs(k, m)-hy, (m) — ba(k. m) - h3 ()] - hy (m)}
(5.20)

For a different user k and a different mth STBC block, the data bit b (k, m) (j=1,2)
is an i.i.d. binary random variable taking the value +1, and R(J q(m, k1 ) isani.id.
random variable with zero-mean and variance N, which is thus condltloned on the channel
fading coefficients h, j(m) and h, ;(m). Ij(m, 1) (j = 1, 2) isarandom variable with zero
mean, and the variance is given by

K L
Var{lj(m. D} = Ec- N - > > " Eflhgi(m)? + [hag(m)[*} - [[hy j()[> + [hyi(m)[°]

k=1 1=
14

= E¢-N-K-(L—1)-402-[|hyj(m)] + [h,;(m)*] (5.21)

where o2 = (1/2) - E{|hi,|(m)|2}. The background AWGN component Nj(m, T) (j =
1, 2) is a zero-mean Gaussian variable With variance

Var(Nj(m, D)) = N - == - [Ihy j(m)[? + |h, ()] (5.22)

Since the data bits from K active users and the channel fading coefficients along L
resolvable paths are independent random variables, d; (m, T) (j =1,2)in(5.13)or (5.17)
is the sum of many independent random variables and hence can be approximated as a
conditional Gaussian variable. Therefore, conditioned on the channel fading coefficients
h; 1(m) (i = 1, 2), the branch decision variable d;(m, 1) is a Gaussian random variable
with different mean and the same variance as follows, respectively,

E{dj(m, 1)} = E;(m, 1)

= vEc- N -bj(L,m) - [Ihy j(m)* + [hy (m)I°] (5.23)
Var{d;(m, N} = Var{N;(m, I)}+Var{| (m, 1)}

[Ec N-K-(L—-1)-46%4+N - ] [Ihy (M) + hy ()]
(5.24)
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After the despreading and STBC decoding at each path, a Rake-type receiver is
exploited to combine the signal energy from L.(L. < L) selected paths. This can be
regarded as a two-dimensional Rake (2D-Rake) combiner that collects both spatial diver-
sity gain and path diversity gain, thus benefiting from both TD-STBC and DS-CDMA,
respectively. However, this 2D-Rake is a bit different from the conventional coherent
MRC Rake combiner employed in the conventional DS-CDMA system deployed with
only one transmit antenna. It is proven [2] that overall TD-STBC processing exploits the
coherent MRC combining along a pair of channels that correspond to two distinct trans-
mit antennas and have the same time delay. Some novel combing strategies, which will
be investigated in the following sections, add up the branch decision variables derived
from multiple distinct resolvable paths, which might be regarded as the distinct fingers
of the 2D-Rake receiver.

Equal gain combining 2D-Rake receiver

In the equal gain combining (EGC) receiver, the signals from L first arriving paths
among L resolvable paths are selected and combined. Assuming that the fading of each
path is independent and that the random decision variables in distinct branches of the
2D-Rake are independent from each other, the output of the 2D-Rake combiner can be
represented as

Lc
dj(m) = IZd,—(m, ) (5.25)
=1

When L, = L, the signals from all resolvable paths are combined. The decision variable
dj(m) (j =1, 2) is a Gaussian variable with the conditional mean and variance given
by, respectively,

Le
E{dj(m)} =) E{dj(m, 1)} = VEc-N-bj(1,m)-¢ (5.26)

1=1

Lc
Var{dj(m)} = > Var{d;(m, 1)}
=1

=[EC-N-K-(L—l)-4o2+N-%]-; (5.27)
where ¢ is defined as
Le
¢ =Y _[Ihei(m)|* + |has(m)[] (5.28)
=1

Therefore, conditioned on the instantaneous fading channel amplitudes of the multipaths,
the BER is the same for dj(m) (j = 1, 2) and can be obtained by [3]

d: 212
Puccc(y) = Q {[%] } = Q(/27) (5.29

where the Q-function is defined as Q(x) = (1/v/27) - [,” exp(—t?/2) - dt, and by
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definition,

E..N.
y = AL S (5.30)
Ec.-K-(L—-1)-80°+no

Independent pair of channels

It is assumed that two transmit antennas are separated with enough distance and the pair
of TD-STBC channels hy;(m) and h,,(m) are fading independently from each other;
thus the summed random variable ¢ in (5.28) follows a chi-square or gamma distribution
with 4L . degrees of freedom. Consequently, the probability density function (PDF) of
y in (5.30) is given by

Py.ind(y) = cy?elexp (—_1) (5.31)

¥t - T(2Le) e
where, by definition,

_ Ec- N - (20?)

Yo T EL K (L—1)-802+ 10

The resultant BER can be obtained through averaging the conditional BER Pe gcc(y) in
(5.29) over the PDF of y in (5.31) [3], i.e.,

Pe,ind =/ Pe.ecc(¥) - Py.ind(y) - dy
0

2L 2Lc—1 |
=0
where, by definition,

— 1

A 4K - (L — 1) 1}2
= [ 14— "4 = 5.34
o 1+ [ N ) (.34)

where yy, is the average signal-to-noise ratio (SNR) per bit, defined as

(5.32)

_ 2E.-N-o?
Gp= e VT (5.35)
7o
and note that y, is related to yy, by
_ ., 4K -(L-1)
Vo = ——7" (5.36)
N+,

In order to elaborate more clearly the performance improvement from the spatial
diversity gain due to TD-STBC, and the path diversity gain due to multipath Rake
combining, we define the average SNR per bit per antenna per path as follows:

- Vb 2E.-N.o?
J/p = =
NT -L no - NT -L
where Nt is the number of transmit antennas and Nt = 2 for TD-STBC, while Nt =1

for the conventional DS-CDMA system with only one transmit antenna. Essentially,
this implies that the total transmit power is restricted as a constant for different system

(5.37)
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scenarios in order to evaluate and compare the performance improvement from spatial
diversity gain and multipath diversity gain.

Correlated pair of channels
It is assumed that the two transmit antennas are not adequately separated from each
other and that the corresponding pair of channels hy(m) and hy (m) are mutually cor-
related by a spatial correlation coefficient p along two distinct spatial paths with the
sameindex| (1 = 1,2, ..., L). When p = 0, the pair of channel coefficients h; ;(m) and
h,.1(m) are mutually independent and the BER performance is investigated. When p = 1,
the BER performance is the same as that of the conventional CDMA system without
TD-STBC under the constraint of equivalent total transmit power, which is explored
in Section 5.3.4.

Based on the conditional mean and variance in (5.23) and (5.24), the instanta-
neous signal-to-interference-plus-noise ratio (SINR) of the branch decision variable
dj(m,1) (I =1,2,..., L) atthe Ith resolvable path can be represented as

[E{dj(m, D}*

Var(d;(m. 1)} " (538)

where y; is defined by

= Ec- N ) 2 2
"TE K (L=1)-802+ 10 [Ih,i(M)[” + [hz,1(M)[“] (5.39)

When 0 < p < 1, the characteristic function of 3, in (5.39) can be derived based on
Appendix 5A and is given by

1
[1—jt-Q+p)-nl-[1—jt-(L—p) nl
where y, is defined as in (5.32), i.e. y = y..

Since the fading along distinct resolvable paths are mutually independent and the
combined signal y in (5.30) is the sum of L. statistically i.i.d. components y (I =

1,..., L) given in (5.39), therefore, the characteristic function of y is the product of
the individual characteristic functions, as follows:

dn(jt) = (5.40)

. LC 1
¢y(1t)—Ill[l_jt,(Hp).m.[l_jt.(l—p)m
1

[L—jt-@+p) vl=-[L—jt-(1—p)-r]"
Lol

e feLe-1-1) (-1
_;< Le—1 ) oy

: i (1+p) (o — 1)

541
[L—jt-+p)- %l [1-jt-Q-p) 7l c40

where the product in the last equation is decomposed by partial fractions [6].
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The inverse Fourier transform of the characteristic function above yields a PDF of ¢
in the form [5]

py,cor(y)
R P I R et R
N ;< Le—1 ) @y 7

. SR SR B N __r
{exp[ (1+,0)~77c]+( 1) exp[ (1_/0).)_/0]} (5.42)

Therefore, the resultant BER can be obtained by averaging the conditional BER
Pe.ecc(y) in (5.29) over the PDF of y in (5.42), i.e.

Pe.cor = / Pe ecc(y) - py,cor(y) -dy
0

% . /Oooerfc(\/?) : py,cor()’) -dy

e fote—1-1) (P -p-”
_Z< Le—1 )'2-(2p)2“'-r(l)

=1

T +D" 1al—La)+ (-1 1all —1.02)] (5.43)
where by the definitions
P ok 'k +1/2)
Ia(p, @) = p!- [1 - kZ; kl-v7 (1+a)k+1/2:| (5.44)
and
S (5.45)
R |
1
— _ 46
L A (549)

where y is defined in (5.32).

Generalized selection combining the 2D-Rake receiver

In the context of conventional spread-spectrum communications with Rake reception,
the complexity of MRC and EGC receivers depends on the number of resolvable paths
available, which can be quite high, especially for the multipath diversity of wideband
spread-spectrum signals due to the existence of many more resolvable paths. In addition,
MRC and EGC are sensitive to channel estimation errors, and these errors tend to be more
important when the instantaneous SNR is low. On the other hand, SC makes use of only
one path out of the L resolvable (available) multipaths and hence does not fully exploit
the amount of diversity offered by the multipath channel. Therefore, the gap between
these two extremes, MRC/EGC and SC, is bridged by proposing generalized selection
combining (GSC), which adaptively selects and combines the L. strongest paths, or
say, the L resolvable paths with highest SINR, among the L available multipaths. In
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the context of wideband CDMA systems, GSC schemes offer less complex receivers
than the conventional EGC and MRC Rake receivers since they have a fixed number of
fingers independent of the number of resolvable multipaths. In addition, GSC receivers
are expected to be more robust toward channel estimation errors since the weakest SINR
paths (and hence the ones that are the most exposed to these errors) are excluded from
the combining process.

As is well known, in the context of DS-CDMA the number of resolvable multipaths
depends on the spread-spectrum bandwidth as well as the maximum time delay spread
under the particular radio propagation environment. From the implementation point of
view, the Rake receiver with a fixed number of fingers is favorable since it offers less
complexity and is independent from the number of resolvable multipaths available, which
might vary from place to place. Therefore, it is expected to adaptively select and combine
the signals from the L paths with highest SINR among the L available resolvable paths.
Accordingly, a GSC 2D-Rake receiver that selects and combines the branch decision
variables of the L. < L strongest paths is exploited next.

For the branch decision variable dj(m, 1) (j = 1,2)inthelth(1=1,2,..., L) resolv-
able path, its instantaneous SINR is given in (5.38) and rewritten here:

[E{d;(m. )

SINR{dj(m, )} = Var(d, (m, 0] Y (5.47)
where y is defined in (5.39) and rewritten here:
Ec-N
" : [Ihzi(m)[? + [z, (m)[?] (5.48)

T E-K-(L—1)-802 410

Moreover, y1.. > v > --- >y are defined as the order statistics of instantaneous
SINR variables that are obtained by arranging {1 |1 =12, ..., L} in the descending
order of magnitude. For L. strongest paths selected from L resolvable paths, the joint
PDF of the order statistic variables [7], [8] {y.L |1 =1 2,..., L.} isgiven by

L
L _ C
Py vor oo (VELs V2:iLs - -+ VL) = Le! - (Lc> R H Py (ML)
1=1
(5.49)

where F(-) is the cumulative distribution function (CDF) and p(-) is the relevant PDF.
After the L strongest paths are selected and combined by a GSC 2D-Rake receiver,
the overall output SINR can be represented as [4]

yesc =2 Y i (5.50)

(5.51)
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where the complementary error function is defined by erfc(x) = (2//7) fx°° et dt.
Therefore, the resultant BER can be achieved by averaging the conditional BER in
(5.51) over the joint PDF of the order statistics of the selected paths in (5.49), as
follows:

oo o0 o0
Le oyrpwn
P(-:GSE = A / e / Q( J/GSC) : p}/l;L,yz;L,...,ch;L(ylZLa VZZLs LN ) chZL)
Y V.

Lc:L 2:L

dy g -dyg - "dVLC:L (5.52)

Independent pair of channels

It is assumed that the pair of TD-STBC channels hy (m) and h, (m) are independent
from each other. Because the variable y; (I =1, 2, ..., L) in (5.48) follows a chi-square
distribution with four degrees of freedom, its PDF and relevant CDF are given by

Py ina(1) = yﬂlz exp (—%) (5.53)

Fyind(n) =1 — <1 + %) exp <—E> (5.54)

where y is defined as in (5.32), i.e. y = y..

Substituting (5.53) and (5.54) into (5.49) to get the joint PDF, and applying the general
integral formula (5.52), we further obtain the closed-form BER for several special cases.
The detailed derivations are presented in the Appendix 5B.2. When L, = 1, only the
strongest path is selected so that the closed-form BER can be manipulated as follows:

I:’e.<i%d> = (|]-> ’ /0 [Fm.ind()’l:L)]L_l : pn.inu(Vl:L) QW2 yL) -dyg
o L—1) (m (" m+1
ZZ( m )O(n>'(m+1)n+2’|A<n+l’ P )

1
m=0 n=0

L
2
(5.55)

where y is given by (5.32) and the function I (-, -) is defined in (5.44).
When L = 2, the two strongest paths are selected and combined so that the closed-
form BER can be manipulated through the two-fold integral in (5.52) as

00 poo 2
<L> L -
Poina =2 <2> /0 / [Fpina(20)] 72 - [ | Pyina(1:0)
yaL 1=1
2
Q 2’ZM:L Ay dygy
I=1
L2 m
<Z> L-2 m <2> <2>
2 |:Pe12 * Z( m >.<n>.(_1)m'(Pe22 + Py’ )i|

m=1 n=0
(5.56)
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where, by the definitions,
1 1693 +56y2 + 70y, + 35
Pt = o - e TRV R Ve T (5.57)
2 32-(1+v) - VI+1/r

pere _ _(@M+2) ye+m®+4m 42 \F r(n+5/2) %"
B m-(Mm+2)- 1+ ) M+ 242y 2 (5.58)
P<2>_ Z(n_m+2)(1+J7C)_m |A< +1’ _)
2-m2 - (14 50) - 1 +1/% 2+

n+m-+4 m+2
+—(m +2)n+3 “la <n +1, —2)7c ) (5.59)

When L. = 3, the three strongest paths are selected and combined so that the closed-
form BER can be manipulated through the three-fold integral in (5.52) as

00 00 [} 3
< L -
Pe |?1 =3!- (3) f [ [Fm,ind(V3:L)]L 3. 1_[ pyu,ind()’l:L)
0 vaL Y yaL 1=1
3
-Q 2'Z)/I:L dyp - dyy - dysy
=1
3! L <3> 8 L-3 m m <3>
S () [ ZE () (7)o

m=1 n=0
L-3

n
+Zi (Lrﬁ 3) ' (r:> (D)™ (PET + P<3>)} (5.60)

m=0 n=
where, by the definitions,
288y 2 4 848y2 + 790y + 477

13824 - (1 +ye)° /1 + 1/

3 m
P<3>—— — -|A<n+4,7_>

4.-mn+5. T+ 17y, 3+3y¢
2y.+3 <n+3 m >
T (A4 ) VI 3+3yc

N 8y2 4 20y, + 15 ( P m _ )
16-m™3 . (1+ )2 I+ 1/7, "3+ 3y,
16)/C + 56)/C +70y,+35 m
C2emm2 (14 I+ e ( 3+3;70>

p<3> _ 1 | (n+3m+3>+ 1
S T myatt A "3y, ) (m+3)

m+ 3 1 m+43
Aan+2, — + “da | n+1, 5.63
A< 37 > 2-(m+3)"*2 ( 37¢ ) (563)

P = — (5.61)

(5.62)
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p<i> 3y, [ 1 I'(n+9/2) 2+
o4 = } AN — 1972 -2
m [4-(I+r) (m+3+3y) 4-(14 y)
I'(n+7/2) 19 + 22y, + 872 r'(n+5/2)

' - - = - 5.64
M+3+37)"7"  16-(L+n)° (M+3+ 3yc)”+5/2] 569

Correlated pair of channels
It is assumed that the pair of channels h;;(m) and h,,(m) are mutually correlated by a
spatial correlation coefficient p along two distinct spatial paths with the same temporal
index. When p = 0, the pair of channel coefficients hy ;(m) and hy (m) are independent
from each other and the resultant BER performance is investigated. When p = 1, the
BER performance is the same as that of the conventional CDMA system without TD-
STBC under the constraint of equivalent total transmit power, which is explored in the
Section 5.3.4.

When 0 < p < 1, the characteristic function of the variable y (1 =1,2,...,L) in

(5.48) is given in (5.40) and rewritten here as

. 1
e T TR Ny E Y e TR R (569

where y is defined as in (5.32), i.e. y} = ..
Through the inverse Fourier transform of its characteristic function, the PDF of 3, can
be attained as

1 14 i
O e ke B e ]

Furthermore, its CDF can be integrated as

1+p [ n } 1-p [ 4 }
E -1— .expl| — — |+ -exp| —-———— 5.67

For the scenario of independent pairs of channels, substituting (5.66) and (5.67) into
(5.49) to get the joint PDF, and applying the general integral formula of (5.52), we
further obtain the closed-form BER for several special cases. The detailed derivations
are presented in the Appendix 5B.3. When L. = 1, only the strongest path is selected so
that the closed-form BER can be manipulated, as follows:

Pocor = (t) ./00 [Fycora)] ™ Prcor(vi) - QW2+ y1) -y
-5 %7 22{(“1) (m) (- ”p)n'(lz}p)mn

where, by the definitions,

by = n+1 N m-—n

T H) e -0 (5.69)
n m-n+1

Py = (5.70)

@07 T—p) 70
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When L, = 2, the two strongest paths are selected and combined so that the
closed-form BER can be manipulated through the two-fold integral in (5.52)
as

<2> L oo
Pe czor =2 (2> /(; f [F.cor(y2: L)]L 2 H Py cor(M:L)
YL

2
-Q ( 2- ZVI:L) Ay - dygy
I=1

L.-(L—1) 1 \?
-2

oZo{( )(T>(_12+pp)(12_pp)

- [18 (p1, A1) — Is (P2, 02) — Is (P2, Q1) + IB(DZvQZ)]}

-

m

where p; and p, are defined in (5.69) and (5.70), and g; and g, are defined in (5.45) and
(5.46). In addition, by the definition,

1 1 2 / 2
b~(a+b)_b-(a—b)-\/1+b+a2—b2' a+b+2

Ig(a, b) = a#b
1 2+3b
a=>b

202 4b?. (1 +b)¥?

(5.72)

When L. = 3, the three strongest paths are selected and combined so that the closed-
form BER can be manipulated through the three-fold integral in (5.52) as

oo 00 o) 3
<3> L —
F)e 030r =3 (3) : f / / [Fyl,cor(VS:L)]L 3. 1_[ pm,cor(VI:L)
0 vaL Y yaL =1
3
-Q 2'X:)’I:L ~dyg - dyy - dysy

=1

_ L.(l_—12).(|_—2).<2101%>3

ZRIC) () () 05

- [le(p1, A1) — lc(p2. A1) + le(P1. G2) — lc(p2. 02)

-

— Ip(p1, 02, d1) + lo (P2, G2, A1) — Ip (P1. A1, 92)+ Ip(P2, 01, QZ)]}
(5.73)
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where p; and p; are defined in (5.69) and (5.70), and g; and g are defined in (5.45) and
(5.46). In addition, Ic(-, -) is defined by
1 N 9b? +8b — 3ab — 2a
2% - (@a+2b)  4b%-(a—b)?- (1+b)*?
9 3

_ . , a#b
lc@by={ , 2-@+2)-@-b? Vat2o+3 (5.74)

6b°  6b%. -+ b)¥2  12b%. (1 + b)*?2

— S a=>b
16 -b - (1 +b)*?

and Ip (-, -, -) is defined by
In(a, b, c) = Ipi(a, b, c) + Ip2(a, b, €) (5.75)

where, by the definitions,

Ip.1(a, b, c)
1 N 4
c-(b+c)-(@a+b+c) (b2—-c?)-(2a—b—c)
2 2a—b+5c
24+b+c c-(b—c)-(2a—b—-c)-(a+b+¢)
3
_ R 2a—b—
= 3+a+b+c’ a-b-c#0
1 1 1 / 3
c-(b+c) a+b+c 3+a+b+c
2+/2
+ V2 73 2a—b—-c=0
3-(02—¢c?)-(24+b+c)¥
(5.76)
Ip2(a, b, c)
B 1 1_/ 3(1+¢)
c-(b—-c)-(@a+b—-2c)-V1+c 3+a+b+c|’
= at+b—-2c+#£0
1
— , a+b—-2c=0
6c- (b —c)-(1+c)*?
(5.77)

5.3.4 Conventional Rake receiver without TD-STBC

In order to elaborate explicitly the spatial diversity gain provided by TD-STBC, in this
section a conventional DS-CDMA system with only one transmit antenna is studied,
so that the BER performance of the system with and without TD-STBC can easily be
observed and compared.

Since only one transmit antenna is deployed at the base station, the structure of the
transmitter is the same as the branch of the first transmit antenna shown in Figure 5.1,



TD receiver with ideal channel state information 133

thus the transmit signal is similar to that given by (5.1), i.e.

]

K
SlTx(t) = Z |:\/ Ec,lTx : Z b(k’ Ln/NJ) : Sd(kv n)j| : g(t - nTc)
k=1

n=—0o0

(5.78)

where it is also assumed that there are K active CDMA users, and hence K different
spreading code sequences are needed. E 11« is the chip energy of the data channel in the
system with only one transmit antenna and without TD-STBC. Unless noted otherwise,
all other identical symbols and operators in this section are defined as previously in this
chapter and have the same properties.

The involved discrete tap-delay-line channel model here can be characterized by

L
hirx(t) = Z hiy-8(t—m) (5.79)
I=1
and the received signal at any one mobile station can be represented as

L
rirx(t) = Z hoi - sarx(t — ) + () (5.80)
=1
By sampling the output of the pulse MF, the received signal during the mth symbol
interval can be obtained as

K L
uirx(m, n) = ZZ\/ Ec.17x - Sd (K, MmN +n—[75/Tc])
k=1 1=1

-b(k, m) - hy (M) + n(m, n) (5.81)

where n =0,1,..., N —1 and b(k, m) stands for the data bit of the kth active user
transmitted in the mth symbol interval; hy (m) represents the fading coefficient of the
Ith resolvable path of the channel between the transmit and receive antenna in the mth
symbol period; and n(m, n) is the sampled AWGN in the mth symbol period.

Similarly, the first user (k = 1) is assumed to be the desired user. The receiver structure
is the same as shown in Figure 5.2 regardless of the STBC decoder. Assuming perfect
chip timing synchronization and that the local despreading code sequence is locked to
the Tth (f =1,2,..., L) resolvable path, the data channel of the first user at the ith path
is despread during the mth symbol period, as follows:

R N-1
raamd(m, 1) = Y urrx(m, n) - S5(L, mN +n — |7/ Te))
n=0

= VEcarc- N -b(1,m) - hy j(m) + na(m. 1)
K L
+ Z\/ Ecamx - Ra.a(m. k;1.1) - b(k, m) - hy y(m) (5.82)

k=1 =L
14

where the background AWGN component ng(m, T) is given by
N—-1

na(m, 1) = " n(m.n)- S5(L, mN +n — |7/ Tc)) (5.83)
n=0
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Ra.a(m, k; 1, 1) is the N-length discrete aperiodic correlation function [1] of two time-
delayed data channel spreading code sequences used in the mth symbol period, given
by

N—-1
Raa(m. ki1, 1) = > Salk, mN +n — [1/Tc]]- S{[L. mN +n — [5/Tc]] (5.84)
n=0
since two different spreading code sequences with the same time delay are orthogonal
over one symbol interval, i.e. Rq.q(m, k; 1, ) = 0whenl =T andk = 1. Otherwise, when
I 1, the two code sequences are non-orthogonal and Ra.a(m, k; I, 1) is modeled as an
i.i.d. random variable with zero mean and variance Var{Rqy 4(m, k; I,T)} = N.

It is assumed that the ideal CSI in the [th resolvable path, hy 7(m), is available at the
receiver and, thus, the branch random variable of the estimated data bit in the mth symbol
interval is constructed through coherent reception as

dire(m, 1) = ra 17x(m, 1) - 7 (m)

= VEeare N -b(L m) - [hy y(m) + ng(m. 1) - b (m)
K L
+3 % VEcmc- Raa(m, k; 1, T) - bk, m) - hy y(m) - h ;(m)
k=1 1=t
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= Esx(m, 1) + Nirx(m, 1) + lix(m, 1) (5.85)

It is shown that the above branch decision random variable consists of three distinct
components: Eqrx(m, 1) is the desired signal component; Ni1«(m, 1) is the background
AWGN component; and li¢(m, 1) is the multiple access and multipath interference
component that results from the desired user as well as other simultaneously active
users. They are defined as follows:

Exrx(m, 1) = Ecax - N - b(2, m) - [hy j(m)|? (5.86)
Nirx(m, ) = 5a(m, 1) - h7 ;(m) (5.87)

K L
e, 1) = 3 VEeame- Raa(m. ki 1L 1) - bk, m) - hyy(m) - h (m)
k=1 1=1
I (5.88)

For a different user k and during a different mth symbol period, the data bit b(k, m)
is an i.i.d. binary random variable taking the value £1, and Rq 4(m, k; 1, f) is an i.i.d.
random variable with zero-mean and variance N. Therefore, conditioned on the channel
fading coefficients h, ;(m), Iy7x(m, I) is a random variable with zero mean and variance
given by

K L
Var{lim(m. 1)} = Ecarx- N - Y Y " E{lhyi(m)?} - [hy j(m)[?

k=1 1=t
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= Ecatx - N - K- (L —1)- 202 |hy j(m) (5.89)
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The background AWGN component Nyt (m, 1) is a zero-mean Gaussian variable with
variance

Var(Nir(m. )} = N - 2 - hy ()2 (5.90)

Since the data bits from K active users and the channel fading coefficients along L
resolvable paths are independent random variables, di7(m, 1) in (5.85) is the sum of
many independent random variables and hence can be approximated as a conditional
Gaussian variable. Therefore, conditioned on the channel fading coefficients h, ;(m), the
branch decision variable dyrx(m, 1) is Gaussian random variable with mean and variance
as follows:

E{drra(m, 1)} = Exru(m, 1) = /Ecre - N - b(L, m) - |y ;(m)]? (5.91)
Var{dix(m, 1)} = Var{Nirx(m, 1)} + Var{l1rx(m, 1)}
- [Ecm N-K-(L-1)-202+N - %] hm)? (5.92)

After despreading at each path, a conventional Rake receiver is used to combine the
signal energy from L. (L. < L) selected paths. This can obtain the path diversity gain

benefiting from DS-CDMA merits.

EGC Rake receiver

The EGC Rake receiver selects and combines signals of the first L arriving paths among
the L available resolvable paths. Assuming that the fading of each path is independent
and that the decision random variables in distinct branches are independent from each
other, the output of the Rake combiner can be represented as

Lc
dirx(m) = ) darx(m, 1) (5.93)
1=1

When L, = L, the signals from all resolvable paths are combined. The decision vari-
able dy1¢(m) is a Gaussian variable with conditional mean and variance given by, respec-
tively:

Lc
E{dira(m)} = Y Efdim(m, )} = VEcar- N-b(Lm) - cix (5.94)
1=1

Lc
Var{dity(m)} = ZVar{lex(m, 1)}

1=1

- [Ecm N-K-(L—1)-202+N- %] it (5.95)

where ¢174 is defined as

Le

=y _ Ihpi(m)f? (5.96)

1=1
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Therefore, conditioned on the instantaneous fading channel amplitudes of the multi-
paths, the BER can be obtained by [3], [4]

E (dens ,71/2
Peccc (vim) = Q H%} } Y (5.97)

where, by definition,

Ec1mx - N - 11
Ecatx - K- (L —1)-40% + 1o

Let us review and compare this with the EGC 2D-Rake receiver discussed in Section
5.3.2. When the spatial correlation coefficient between the pair of channels p = 1, hy ;(m)
and hy,(m) are always identical, hence hq(m) = hy(m) and ¢ = 2¢11,. On the other
hand, since the total transmit power is constrained as constant in both systems with
and without TD-STBC, it is E¢ 17x = 2E.. Therefore, when p = 1, y defined in (5.30)
is equivalent to 17« defined in (5.98) and the BER performance of the EGC 2D-Rake
receiver given by (5.29) degrades to the BER of the EGC Rake receiver of the conventional
CDMA system without TD-STBC given by (5.97).

Since the summed random variable ¢;7x in (5.96) follows a chi-square distribution
with 2L degrees of freedom, the PDF of y11« in (5.98) is given by

1 L.—1 YiTx
Py amx(1Tx) = ———— - Vatx - EXP <— = (5.99)
v,11X X ‘}/CIT]C_TX T (Lc) 1Tx Ve 1Tx

ViTx = (5.98)

where, by definition,
Ec,lTX -N - (202)
Ecatx- K- (L —1)-40% + 1o

The resultant BER can be obtained by averaging the conditional BER Pe ggc(yatx) In
(5.97) over the PDF of 174 in (5.99) [3], i.e.,

(5.100)

Ve, iTx =

o0
Pe11x = / Pe.ecc(y1Tx) - Py,1mx(Y17x) - Ay 17¢
0

Le Le—1 |
:<1—2MlTx) 'Z(LC _|1+I>'<1+2MHX> (5.101)

1=0

where, by definition,

— 1

Ve ATx 2K - (L -1) 1 }_2
PR S (- S P 4 5.102
1T 1+ yeamx |: N Vb,1Tx ( )

where yy 17« is the average SNR per bit, defined as

- 2E N -o?
Poame = (5.103)
0

and noting that y; 17x is related to yp 17¢ by

Veirx = 4K - (L = 1)/N + 5 114 (5.104)
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GSC Rake receiver
The GSC Rake receiver is exploited to adaptively select and combine the signals from
the L. paths with highest SINR among the L available resolvable paths. For the branch
decision variable d;r(m, 1) (I =1, 2, ..., L) inthe Ith resolvable path, its instantaneous
SINR can be deduced from (5.91) and (5.92), as follows:

|E{duirx(m, )} ?

LI 5.105
Var(dn(m, ) 27T (.105)

where y 17 is defined by

Ecatx - N
Ecitx - K- (L-1)- 4o’ + no
Moreover, the order statistics of the instantaneous SINR y1.| 17x = y2 a1 =+ -+ =

-y (m))? (5.106)

NaTx =

yL:L.17x are defined and obtained by arranging {y111x || = 1 2, ..., L} in adescending

order of magnitude. For the L strongest paths selected from L resolvable paths, the joint

PDF of the order statistic [7], [8] variables {y1-_11x || =1, 2, ..., L¢} is given by
Pyit 1mes vt 1o, VLC:L.lTx(J/lZL,lTX’ Y2LATxs -+ + 5 VLol 1Tx)

L

L _ C

- Lc! . (Lc) : [FVIAlTx(chZL,lTX)]L Lo, H pnm(VI:L,lTx) (5.107)
=1

where the relevant PDF and CDF of the variable y, 11« in (5.106) are given by

1
Py (M.17) = =—— exp (—’f"”x> (5.108)
V,1Tx N 1Tx
Fo (M) = 1 — exp <— )-4’”X> (5.109)
M. 1Tx

where 17« is defined as in (5.100), i.e. %1.17x = Vc.1Tx-
After the L strongest paths are selected and combined by the GSC Rake receiver, the
total output SINR can be represented as [4]

Le

YescaTx = 2 Z VL 1Tx (5.110)
I=1

Thus, conditioned on {y:L.17x | | =1 2, ..., L¢}, the BER can be obtained by

1
Pe.asc(vesc.amx) = Q(/Vesc11x) = Eerfc (5.111)

Therefore, the resultant BER can be achieved by averaging the conditional BER
in (5.111) over the joint PDF of the order statistics of selected paths in (5.107), as
follows:

00 poo 00
p<|—c> _
e, 1Tx — 0 T Q(\/ VGSC,lTX) : le:L,lTx,}/zzL.lTx ----- Vie:L.ATx
Y )¢

Le:L,1Tx 2:L,1Tx
“(YLLATX Y2LATx0 -« VLl ATx) - AV 1L a7x - de:L,lTx T dVLC:L,lTx
(5.112)
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Substituting (5.108) and (5.109) into (5.107) to get the joint PDF, and applying the
general integral formula (5.112), we further obtain the closed-form BER for several
special cases. The detailed derivations are presented in the Appendix 5B.4. When L. = 1,
only the strongest path is selected so that the closed-form BER can be manipulated, as
follows:

<1 L °° _
Pe,llTx = <1> . /0 [Fm.lTx(VlrL,lTx)]L L. Py (Vi:Lamx) - Q(V2 - viLatx) - dy il a7«
L
2

L-1 =
: (L_l).@4W-—i—~ 1 [ redb (5.113)
m=0 m m+1 14+m+ yearx

where y¢.17x is given by (5.100).
When L. = 2, the two strongest paths are selected and combined so that the closed-
form BER can be manipulated through the two-fold integral in (5.112) as

2 L\ (7 [ 2 T
Pe,lsz =2 (2 > . / / [FVI.lTx(yZZL,lTX)]L 2. 1_[ pVI,lTx(Vl:L,lTX)
0 Y2:L1Tx 1=1

2
2. Z ViLatx | Ay arxc VoL amx
=1

LL—1) | ., ,3(L-2 -
-2 |:Pel,21Tx +2 < m ) (0" P (5.114)
m=1

where, by the definitions,

1 3+ 2y %
Pt = 5 — 7 - | T (5115)
’ 2 4-(1+vyeam) | 1+ veamx
1 1 J;c 1Tx 2 2)_/0 1Tx
ps2> — - _ = .| = + - =2 5.116
e2,1Tx m+ 2 m 14 ye1mx m-(m+2) 2+m+ 2Vc,1Tx ( )

When L. = 3, the three strongest paths are selected and combined so that the closed-
form BER can be manipulated through the three-fold integral in (5.112) as

s L o) 00 00 L3 3
Peimx = 3! <3> ’ / / / [Py (3L amd]= l_[ Pyr.am (M:L,17%)
0 Y3:L,1Tx ¥ V2iL,1Tx =1

3
2. Z veeatx | Ay o Ay amec v
=1

S (L-3
){F’efﬁﬁZ( - )-(—D“&E?ﬁ} (5417)
m=1
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where, by the definitions,

1 15+ 20y 17 + 872 Y
Peislﬁ'x - _ yC,lTX_ V2<:$1Tx . VCETX (5118)
' 6 48 - (1 + yeatx) 1+ yeatx
p<3> _ 1 n 6- (14 ve1rx) — M- B+ 2y¢114) ' Ve 1Tx
AT 2(m + 3) 4m?® - (1 + ¥e.1mx) 1+ veatx
_ 9\/5 . 7;0,1Tx (5 119)
2m2 : (m + 3) 3+m+ 3)_/c.lTx .

Numerical results and discussion

In this section, the system performance of TD-STBC and the resultant spatial diversity
gain over the conventional DS-CDMA system are numerically evaluated in terms of
BER under different system configurations and parameters. In order to demonstrate the
spatial and path diversity gain provided by the 2D-Rake receiver, the total transmit power
is restricted as constant, irrespective of the number of transmit antennas and resolvable
multipaths. Therefore, the parameter of the SNR per bit per antenna per path y, in (5.37)
is used to calculate BER while the SNR per bit y4, in (5.35) is used to plot the performance
figures. Unless noted otherwise, the number of resolvable multipaths L = 6, the number
of active users K = 10 and the spreading factor N = 128.

Performance of the EGC 2D-Rake receiver

In Figure 5.3, the BER of the EGC 2D-Rake receiver with an independent pair of channels
is illustrated versus the average SNR per bit j, for different numbers of Rake fingers, i.e.
L. = 1 ~ 6, respectively. It is clearly seen that the 2D-Rake receiver takes advantage of
the multipath and improves the performance when the number of fingers increases. For
the combined path L. = 4, BER = 1072 can be obtained when the average SNR per bit
w ~ 12dB. If the channel coding is further utilized, an acceptable BER performance
can thus be achieved.

Figure 5.4 illustrates the BER of the full EGC or GSC 2D-Rake receiver, which
combines the signals from all resolvable multipaths, versus the correlation coefficient
p between the pair of channels hy; and hy. It is assumed that the number of resolv-
able multipaths varies from L = 1 to L = 6 and that the concerned average SNR per
bit inspected is %, = 10dB. It can be seen that the BER monotonously increases when
the correlation of the pair of channels increases. As the number of resolvable paths
increases, however, the degradation of BER due to the increasing correlation of the
pair of channels becomes less. In other words, in the rich scattering propagation envi-
ronment the increased multipath diversity gain is somehow able to compensate for
the reduction of spatial diversity gain so that the overall system performance is more
robust.
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Figure 5.3 BER of EGC 2D-Rake receiver with ideal CSI available and an independent pair of
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Figure 5.4 BER of full EGC/GSC 2D-RAKE receiver versus the correlation coefficient with
ideal CSI available.
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Figure 55 BER comparison of EGC 2D-Rake receiver with TD-STBC and conventional EGC
Rake receiver with only one transmit antenna, assuming ideal CSI available.

Figure 5.5 demonstrates the spatial diversity gain benefiting from TD-STBC by com-
paring the BER of the EGC 2D-Rake receiver with the BER of the conventional EGC
Rake receiver with only one transmit antenna. It is assumed that the pair of channels hy
and h, are independent from each other and the different number of Rake fingers is
L. = 1,2, 3, 6. The solid curves are for the 2D-Rake receiver with TD-STBC while the
dotted curves are for the conventional Rake receiver of the DS-CDMA system with only
one transmit antenna and without TD-STBC. It can be seen that TD-STBC can provide
significant spatial diversity gain with respect to BER when the ideal CSI is assumed
available at the receiver. For example, as the combined path L, = 6 and BER = 1073
the obtained diversity gain is about 10 dB.

Performance of the GSC 2D-Rake receiver

In Figure 5.6, the BER of the GSC 2D-Rake receiver with an independent pair of channels
is illustrated versus the average SNR per bit y, for different numbers of Rake fingers,
i.e. Lo =1,2, 3,6, respectively. It is also seen that the 2D-Rake receiver improves the
performance when the number of fingers increases. For the combined path L. = 3,
BER = 1072 can be obtained when the average SNR per bit 31, ~ 10dB. Compared
with receiving only the strongest path, it is shown that the GSC receiver with L, = 3 can
achieve more than half of the diversity gain achieved by the full 2D-Rake receiver that
combines signals of all resolvable multipaths. On the other hand, by comparison of the
corresponding curves in Figures 5.6 and 5.3, it is seen that the GSC receiver outperforms
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Figure 56 BER of GSC 2D-Rake receiver with ideal CSl available and an independent pair of
channels.

the EGC receiver. This proves the feasibility of implementation of GSC receivers that
select and combine limited numbers of strongest paths in practice.

When the pair of channels hy and h,, are correlated, it is predicted that the BER
increases due to the lack of spatial diversity promised by TD-STBC. In Figure 5.7, the
BERs of both the EGC and GSC 2D-Rake receivers are illustrated versus the correlation
coefficient p between the pair of channels hy | and hy,j. The concerned number of Rake
fingersis L, = 1, 2, 3, 6, respectively, and the average SNR per bit is 3, = 30dB. The
dotted-line curves are for the EGC 2D-Rake receiver while the solid-line curves are for the
GSC 2D-Rake receiver. It can be seen that the BER performance is just slightly degraded
when the correlation of the pair of channels increases. Thus the DS-CDMA system
with TD-STBC performs robustly even under the environment of severely correlated
pairs of channels because the system benefits from the spatial diversity gain as well as
the multipath diversity gain. It can also be seen that for the same number of fingers
to combine the GSC receiver outperforms the EGC receiver with respect to the BER
performance as well as the robustness property toward the correlation between the pair of
channels.

Figure 5.8 demonstrates the spatial diversity gain of TD-STBC by comparing the
BER of the GSC 2D-Rake receiver and the BER of the conventional GSC Rake receiver
with only one transmit antenna. It is assumed that the pair of channels hy; and hy,
are independent from each other and that the number of Rake fingers to combine is
L. =1, 2, 3, respectively. Similarly to Figure 5.5, under the assumption of ideal CSI
available at the receiver, it is seen that the GSC 2D-Rake receiver with TD-STBC can
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Figure 5.7 BER of EGC and GSC 2D-Rake receivers versus the correlation coefficient with
ideal CSl available.

K=10,L=6,N=128

T T T T T

i === Conv. 1Tx
s —— TD-STBC

Bit error rate

+ Lc=1 g et
o Lc.=2 T 1
+ L.=3
10*3 I 1 1 1 1
0 5 10 15 20 25 30

SNR per bit (dB)

Figure 5.8 BER comparison of GSC 2D-Rake receiver with TD-STBC and conventional GSC
Rake receiver with only one transmit antenna, assuming ideal CSI available.
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still achieve spatial diversity gain in BER over the conventional Rake receiver without
TD-STBC when the concerned average SNR per bit is relatively high. For example, as
the combined path L. = 3 and BER = 2 x 1073, the obtained diversity gain is nearly
4 dB.

Summary

In this chapter, the downlink performance of the DS-CDMA system with and without
TD-STBC is investigated in terms of BER under frequency-selective fading channels.
It is assumed that the ideal CSI is available at the receiver and the pair of channels hy
and hy, corresponding to two transmit antennas might be independent from each other
or mutually correlated by a common coefficient.

For the system with TD-STBC, the 2D-Rake receiver is exploited to collect both
spatial diversity gain and multipath diversity gain. Two different combining methods are
analyzed and some closed-form BER results are obtained for both EGC and GSC Rake
receivers in DS-CDMA systems.

(1) Both EGC and GSC 2D-Rake receivers improve the system performance when the
number of fingers increases. However, for the same fingers, the GSC receiver out-
performs the EGC receiver.

(2) In comparison with the conventional system deploying only one transmit antenna, it
is observed that significant spatial diversity gain on BER is achieved by the 2D-Rake
receiver by the use of TD-STBC.

(3) The correlation between the pair of channels degrades the spatial diversity gain
promised by TD-STBC; however, the BER performance of the 2D-Rake receiver
is rather robust in a rich scattering propagation environment because the multipath
diversity gain can compensate for a reduction in the spatial diversity gain.

Appendix 5A  Hermitian quadratic forms in CGRV

The Rayleigh fading channel is the most typical and widely used analytical channel model
when the performance of diversity techniques in digital communications is studied. It
is well known that the magnitude of the zero-mean complex-valued Gaussian random
variable (CGRV) follows the Rayleigh distribution. It is sometimes more convenient to
represent the Rayleigh fading channel as a multiplicative complex Gaussian distributed
channel. The performance analysis in applications usually involves the evaluation of the
probability distribution of a generic quadratic form of a set of zero-mean CGRVs [3].

Let zo(n =1, ..., N) be a set of CGRVSs, the real and imaginary parts of which are
independent and identically normally distributed, and denote as Z the column vector
formed from the z,. A generic quadratic form of an N x 1 CGRV Z is a real-valued
random variable given by

Q,=2z"-w.z (5A.1)
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where W is any arbitrary N x N Hermitian matrix and the superscript H stands for the
conjugate transpose. Then it is found that the general characteristic function of Q7 is
given by

®o,(t) = Iy — jt-RW| ™ exp(~Z R7MIy — (Iy — jt-RW)]Z}  (5A2)

where Iy is the N x N identity matrix, Z = E{Z} is the column vector of complex
means, and R = E{(Z — Z)(Z — Z)""} is the N x N covariance matrix of Z, which is
assumed to be non-singular. The operation | - | stands for the determinant of the matrix.
According to the relationship of the Fourier transform pair between the characteristic
function and the PDF, the PDF of Q7 can be derived through the standard characteristic
function inversion technique, i.e.

o0

Po:(@2) = 5 [ ®a(0)-exp(~jtay) ot 5A3)

The density function of Q7 in (5A.3) is generally difficult to solve precisely because of
the complicated nature of the exponential factor in &g, (t). However, with the special
case that often arises in performance analysis of digital communications, in which the
variables z,, have zero means, thus Z = 0, and the characteristic function in (5A.2)
reduces to
Nt
®o,(t) =lIn — jt-RW[ =] | —~—
Qz( )=1In—] | 1:[ 1= jtim

(5A.4)

where the 1, are the eigenvalues of the matrix RW. By noting that W is Hermitian
and R is nonnegative definite and Hermitian, it can be shown that RW has real-valued
eigenvalues [4]. Hence, the singularities of &g, (t) in this case consist solely of a finite
number of finite-order poles; once the eigenvalues of RW are obtained, the PDF pq, (dz)
can be therefore readily determined by taking advantage of the residue theorem [5].
In particular, the quadratic form composed of two mutually independent or correlated
CGRVs can be represented as

Q=A-[XP+B-|[Y2+CXY*4+C*X*Y (5A.5)

where A, B, C are constants, and X and Y are a pair of independent or correlated CGRVs
with zero means. With respect to (5A.4), the two eigenvalues concerned (which are not
necessarily distinct) can be generally derived as

w2:|:,/w§+4w1

. (5A.6)

Ao =
where, by definitions,

w1 = (ICI? — AB) - (5xxyy — l&xyl?) (5A.7)
wy = ASXX + Béyy + Céxy + C*E;ky (5A8)
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where & and &,y are the variances of CGRV X and Y, respectively, and &y is the
covariance of X and Y defined by

by = & = E{(X = X)(Y = Y)"} (5A.9)

Further considering two correlated CGRVS, the correlation coefficient of X and Y can
be defined as

ey = COV(x,y) &xy

Xy = =

Y Ox * Oy Véxx - vV Eyy
When the eigenvalues in (5A.6) are two distinct values, the PDF can be achieved

through inverse-Fourier transformation (5A.3), or alternatively using the residue theorem
[5], as follows:

1 q 1
Po(@) = P -exp <_)»_1> o - exp <_A_2> (5A.11)

Alternatively, when two eigenvalues in (5A.6) are single twice repeated values A = A, =
A2, the PDF can be derived as

(@) = 75 -exp (=) (5A.12)

(5A.10)

Appendix 5B Involved integral derivations

5B.1

Some basic integral formulas

Based on formula (7.4.19) of [9] and (2-1-95) of [3], it can be obtained that

o0 1 b
A erfe(vbt) -dt == - [1 -/ —— 5B.1
/(; e~ . erfc(vbt) S ( A b) (5B.1)
where Re(a + b) > 0. By setting b = 1 and taking the derivative of both sides of (5B.1)
with respect to a continuously n times, the following can be obtained:

n

© n! a T (q+3)
x".e ™ erfo(y/X) - dx = — - 11— : 2
/0 (\/_) an+1 { q;qlﬁ (1+a)q+§

(5B.2)

where n > 0, a > 0. Another approach to prove (5B.2) is to utilize the method of inte-
gration by parts and mathematical induction.
An alternative integral result can be deduced from [3], as follows:

/ x" .7 .erfe(y/X) - dx
0

SR O L )]

(5B.3)
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From the binomial theorem [3], [9],

(a+x)" = Xn: (E) xK.ank (5B.4)

k=0

L m
(a+b+c)L=2=:2=;( )-(?)-a”-bm‘”m“m

b Lt o
mZ:Z(L m)! - (m —n)!. n|'a ‘b ¢t (5B.5)

From the definition of the complementary error function (erfc),

2 [ _p
erfc(x) = —/ et . dt 5B.6
=" (5B.6)
its derivative is given by
e X
[erfc(v/X)] = (5B.7)
f f
When « + 8 > 0, and for any n, it is readily proven that
XIim e™ . erfc(y/Bx) =0 (5B.8)
Xlim x" . erfc(v/x) =0 (5B.9)

Using the method of integration by parts, it can be deduced that

foo erfc(vt) -dt =t -

X

t x X NEIA
= —X- erfc(ﬁ)+%~/oo\/f~e‘t~dt (5B.10)

Furthermore, by variant substitution, /t = y and dt = 2ydy, the integral in (5B.10)
can be deduced:

1 o0 2 o
. ﬁ.e_t.dt:_./ 2 a7y
Nz / NN

1 .1
= —. -e” — . erf 5B.11

NG VX oeTt 4 5 er c(v/X) ( )
Therefore, it is obtained that

0 1 1
/ erfc(v/t) - dt = — - /X -e X + (— — x) - erfe(v/X) (5B.12)
X JT 2
Similarly, through the method of integration by parts and variant substitution, the
followed integral formulas can be derived:

/ e . erfc(y/1) - dt
X

-erfc[v/(1 4+ «) - X] a>-—1

X erfe(y/X) —
aVI+a (5B.13)

QI
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* 1
/ Vet tidt = 2 /x - e 4 2—@ - erfc(Vax) a>0 (5B.14)
X o o

/oot -erfc(y/1) - dt

~x? - erfe(v/X) + % X2 . e X+ 7 N R g - erfc(v/x)
(5B.15)

/oo t2 - erfc(y/t) - dt

X

1 5 5 3
—x%erfe(WX)+ —— - x2 e X4+ —— .x2.e7¥
W+ ggz X e g m X

5 5 5
+ m X e g erfc(ﬁ) (5B.16)
/oot ce7 . erfe(y/1) - dt

1 1
= — - x-e . erfe(vx) + — - e7 - erfc(v/x)
o o

R e a)x_z— + 3 o
i) 7 N R 0t erfc[\/(1 + a) - X]
(5B.17)

/ t2. e~ . erfc(y/1) - dt
X
1 2 2
== .x2. e erfe(vX) + — - x-e7" erfe(VX) + — - &7 - erfe(VX)
o o o

15 20 8 447
& erfc[ /(1 +a) - x] — Tl

o (1+a) 202 - (L4 a)’ 7
1 3
. e e &y e (e 5B.18
Vx-e a-1+a)- \/_ ¢ ( )
5B.2 Independent pair of channels

In Sections 5B.2 and 5B.3, we set @ = 1/¥,, to simplify the notation. For the integral in
(5.55), by substituting (5.53) and (5.54) into (5.55) and applying the binomial theorem
to the power series, it is obtained that

Pt = (4) [ - ko) etayn
-a® - y1 - exp (—ay1) - Q(v/2yy) - dyy
L

~(5) 32 (S ) () coma

/ YTH -exp[—a(m + 1)y1] - erfc(/y1) - dy; (5B.19)
0
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By applying (5B.2), the above formula (5B.19) can be deduced as

Pe<nl1§=_ Ezm:(l__l) (?)'(‘”m'—(;n:ll)?]iz

m=0 n=0

. 1_§[a(m+l)]q_ I'(q+1/2)
= ql \/_ (Olm + o+ l)(H-l/Z
1

L N L-1 m m 1
S 2 m=0n2=:( ) (“)'(_1) (1)

Adaln+ 1, a(m+ 1)] (5B.20)

where Ia(-, -) is defined in (5.44). This is the integral result presented in (5.55).
For the integral in (5.56), by substituting (5.53) and (5.54) into (5.56), it is obtained

that
00 ooL—2m
<2> L L-2 m
Pelﬁdzz' <2>/ / ZZ( m )(n)
0 Y2 m=0n=0

(=" -a"t ey yz““ exp(—amy,)
-exp[—a(yr +y2)I - - - erfC(«/yl +Y2) - dy; - dy,

< ) LZiO(L_2> <':)~(—1)m-a / i

-exp(—amy,) - y1 exp[—a(yr + ¥2)]
Y2

-erfe(v/y1 + y2) - dy; - dy, (5B.21)

Assumingt = y; + Y, and substituting y; =t — y, and dy; = dt into the inner integral
of (5B.21), it can be written as

oo

y1 - exp[—a(y1 + y2)] - erfe(/y1 + y2) - dy,

Y2
= / t-e . erfe(v1)-dt —y, - f e . erfc(y/1) - dt (5B.22)
2y, 2y,

Applying the integration formula in (5B.17) and (5B.13), the integral in (5B.22) can
be further resolved as

f Y - expl—a(ys + Yo)] - erfe(y/y  ¥2) - dy;
Y2

= E -yo - €722 Lerfe(y/2y, )+ i -e722 erfe(,/2y,) —
cerfe[v2(1 + @) - y2] +

1
a?/1+«
\/_ -y, -erfe[y/2(1 + @) - ¥2]
1 1
Ca(l+a) \/7 Yz expl=2- (Lt a) el = 20 - (1 + a)*?
-erfe[/2(1 + «) - y2] (5B.23)
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Substituting (5B.23) into the outer integral in (5B.21), it can be written as
o0

/O Vit exp(—amys) - [ ya - expl—a(ys + y2)] - erfe(v/yr T 2) - dy; - dy,
Y2

1 00
= - /O yo 2 exp[—a(m + 2)yo] - erfc(y/2y,) - dy,
1 00
+ ; . /O' y2+l . EXp[_Ol(m + 2)y2] . erfc(\/ﬁ) . dy2

1 *© n+1
= fo YIH - exp(—amy,) - erfely2(L + @) - vz - dy,

1 o0 n+2
—_— - exp(—amy,) - erfc[/2(1 . -d
S S ,/3 /w "2 expl{—[a(M +2) + 2] - Yo} - d
a(l+ a) T Jo Y2 pi=lo yai- @Yz

1 o0
- m : /o y2+1 - exp(—amys,) - erfc[y2(1 + o) - y2] - dy,
(5B.24)

For any m, the first and second integrals in (5B.24) can be obtained according to the
generic formula (5B.2) as follows, respectively:

[y el-atm+ 2] erfo(y2y) - dy
0

_ (+2r 1_% 2 [am+2]"  T@+1/2)
a4 (m 423 — Vo q! [a(m + 2) + 2]9+1/2

(5B.25)

1 o0
= /0 Y™ exp[—a(m + 2)y] - erfc (y/2y) - dy

3 (n+ 1) . 1_% 2 [em+2)]"  T@+1/2)
e (m 4+ 2)" n q! [or(m + 2) 4 2]9+1/2

(5B.26)

a=0

Based on the formula (3.381-4) of [9], the fifth integral in (5B.24) can be deduced as

! 2 [Tyt expi- )
e [y et 2 12110y

___ Y jz2 _ Tlh+5/2)
= (){(1+Ol) \/; [a(m+2)+2]n+5/2 (5827)
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When m > 0, the third, fourth and sixth integrals in (5B.24) can be derived with the
help of the generic formula (5B.2) as follows, respectively:

1 oo n+1
S -exp(—amy) -erfc[y/2(1 + @) - y] - d
azl—la/y p(—amy) -erfc[y/2(1 +«) - y] - dy

(n+1)| “+1 2(l+a) ad - mq
_mn+2 . an+4

. I'(q+1/2)
[a(m + 2) 4 2]9+1/2

1 n+2
—_— -exp(—amy) - erfc[v/2(1 +«) - y] - d
aela/y p(—amy) [vV2(1+e)-y]-dy

B (n+2)' L 2 2(1+a ot mq
- mn+3,an+4 _Z

r'(q+1/2) }

(5B.28)

a(m + 2) + 21042 (5B.29)

1 oo
_m . [) yn+1 . eXp(—amy) . erfc[\/m] . dy

. (n+2)! . “*1 /2(1 +oz) af - mq
= 2mn+2 .qnt3. (1 + a)nJr%

_ r'(Q+1/2)
[a(m + 2) + 291/

(5B.30)

When m = 0, it is noted that n = 0 from (5B.21), thus the integral of (5B.24) can be
written as

/O yoo [y - expl—ays + y2)l - erfe(y/y T ¥2) - dy, - dy,
Y2

1 o 1 o
= — / y2 . p—2ay -erfc(y/2y) - dy + — / y - 2oy erfc(y/2y) - dy
o Jo o 0
1 o0
et -erfc[\/2(1 -y]-d
e | y-etelyaT -y

1 *
+a7m~/ y? - erfely/2(1 + @) - y] - dy

1
. e 2ty ¢
a(1+a) \/7 / y Y7 o 20 - (L+a)*?

/ y - erfc[y/2(1 4+ «) - y] - dy (5B.31)
0
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Based on the generic formula (5B.2), the first and second integrals in (5B.31) can be
obtained:

L[ 5 oy 1 [ 150% 4 20« + 8 ]
. o7 Lerfe(/2y)-dy = — . |1 — 5B.32
o /0 y (\/T/) y 4ot 8(1+a)? Vita ( )

1o 1 2+3a
- e erfe(y/2y) - dy = — - |1 — 5B.33
a? /0 g (v2y)-dy 4a* [ 2(1+a)-«/1+a:| ( )

According to the formula (6.281-1) of [9], the third, fourth and sixth integrals in
(5B.31) can be obtained as follows, respectively:

3
./1 +a / y-erfely/2(1 + o) -y] - dy = 3207 (1+a) Vita

(5B.34)

e [y ey 3] dy = 5 (58.35)

a«/l—i-—ot a-Q+a)P - VI+a

—— 3
2« (1+01)3/2 / y-erfelyal +a)-yl-dy = 64 - (1+a) VI+a

(5B.36)

Based on the formula (3.381-4) of [9], the fifth integral in (5B.31) can be deduced as

e 24y gy = — 3 5B.37
a(1+ot) \/7/ y y 160 - (1+a) VIt ( )

Therefore, whenm = n = 0, substituting equations (5B.32)—(5B.37) into (5B.31), the
double integral is achieved as

/0 Y2 - y1 - exp[—a(ys + ¥2)] - erfc(/y1 + ¥2) - dy; - dy,

Y2

1 [1  35¢%+700” + 56« + 16
_ { o + O + a—i—} (5B.38)

ot |2 32.(1+a)
Combining the results from (5B.25)—(5B.30) and (5B.38), the integral in (5.56) is

achieved. For the integral in (5.60), by substituting (5.53) and (5.54) into (5.60), it is
obtained that

ooL 3 m
<3> -3 m
<>/// () (7)
Y3 Y2 m=0n=0
(=DM "y ey, yQ“ exp(—amys)
~eXp[—a(y1+yz+y3)]~—-erfC(¢y1+yz+y3)-dy1~dyz'dy3

— ( ) LZi( ) ( ) (=™ % n+é (5B.39)

: / 7 - exp(—amys;) - YZ / y1
0 Y3 Y2
- exp[—a(yr + Y2 + y3)] - erfc(/y1 + Y2 + y3) - dy; - dy, - dys
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Assuming t = y; + Y2 + Y3, and substituting y; =t — (y2 + y3) and dy,; = dt into
the innermost integral of (5B.39), it can be written as

[0}

y1 - expl—a(y1 + Y2 + y3)] - erfe(/y1 + Y2 + ¥a) - dy;
Y2
= / t-e . erfc(v/t) - dt — (y2 + y3) - e~ . erfc(y/1) - dt
2y,+Y3 2y,+Ys
(5B.40)

Applying the integral formulas in (5B.17) and (5B.13), the integral in (5B.40) can be
further resolved as

y1 - exp[—a(ys + Y2 + y3)] - erfe(/y1 + Y2 + y3) - dy;
Y2

1
= — Y2 -exp[—a - (2y, + Ya3)] - erfc(y/2y; + y3)

o

1
+ odita y2 - erfe[y/(L+a) - (2y, + y3)]
y el alys = @430 oot ST a)- @y, T v9))
20 (1 +«)?
1
+ el exp[—a - (2y, + y3)] - erfc(y/2y, + ys3)
NATRSE
- m -exp[—(1 + @) - (2y, + Y3)] (5B.41)

Therefore, the second inner integral of (5B.39) can be written as

/ Y2 - Y1 - exp[—a(yr + Y2 + Va)] - erfe(v/y1 + y2 + y3) - dy; - dy,
Y3 Y2

1 [o.¢]
= o[y elan @y vl etV 2 ) dy

Y3

1 g 2
+ e g y?-erfc[y/(L+a) - (2y + y)] - dy
n [2a(1+ a)]ys — (2§+ 3a) ) > y- erfc[\/(l +a) 2y +y3)] - dy
202 - (1 + a)* Vs

oo

1
+ i y - exp[—a - (2y + y3)] - erfc (y/2y + y3) - dy
Y3

1 o0
e aTw ), Y- V2y 4 ys - exp[—(1 + @) - (2y + y3)] - dy

(5B.42)
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Through substitution of individual proper variants, the integrals in (5B.42) can be
deduced as follows, respectively:

[ee]

y® - exp[—a - (2y + y3)] - erfe(y/2y + ys) - dy

Y3

1 o 1 o
= _. / t?2. e erfo(V/1)-dt — = - y3 f t-e . erfc(v1) - dt
8 3y, 4 3

Y3

1 oo
+2.y5. / e . erfc(y/1) - dt (5B.43)
8 3y3

"y ertel @+ @) @y + ya)l - dy
Y3

1 > ) Y3 >
e t2 - erfo(Vit) - dt — ———
8(1 + ) Ja+a)ys 41 + &) Jaatays
y3 >
8(1 + 0‘) 3(1+a)ys

t - erfc(+/1) - dt

erfc(v/1) - dt (5B.44)

/ Ty et/ o) - @y + vl - dy
Y.

3

1 o 1
/ t - erfc(+/t) - dt — V3
3

N 41+ @) . (14a)ys 41+ a) .
: / erfc(v/1) - dt (5B.45)
3(1+a)ys

oo

y - exp[—a - (2y + y3)] - erfc(y/2y + ys3) - dy

Y3

= E . / t-e . erfc(ﬁ) -dt — % Y3 / et erfC(\/f) -dt  (5B.46)
3

4 Y3 3y3

[y VBT epl-+a)- @y + vl -dy
Y.

3

B 1
T 41l +a)

3 1
+[M‘Z'V3]

- (3y3)? - exp[—3(1 + )ys]

Tra exp[—3(1 + a)ya] + ﬁ -erfc[y/3(1 + a)ys]} (5B.47)
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Therefore, substituting (5B.43)-(5B.47) into (5B.42) and applying the general formu-
las (5B.12)—(5B.18), the integral in (5B.42) can be further resolved as

/ Y2 - y1 - exp[—a(y1 + Y2 + Ya)] - erfe(V/y1 + y2 + y3) - dyy - dy,
Y3 Y2

=57 y3 - exp(—3ays) - erfc(y/3y;)

1
g Ve exp(—3ays) - erfc(y/3y;)

1
+ P exp(—3ays) - erfc(y/3y3)
3

- = .yi.erfc[/3(1

2+ 3«
-y2 - erfc[\/3(1 4 a)ys]

_|_ e
8a? - (1 + a)?/?

1502 + 20a + 8
+——— . y3-erfc[/3(1 +
160[3 ] (1 + a)5/2 Y3 [ ( “)YS]

35q° + 70a? + 56« + 16
BTN o L

V3 5/2
T Uta) vr
B (2a +1)- /3 y3/2
4o? - (L4 a) - /1
_(19a2+22a+8)-f 12
6a® - (1+a) 7 Vs

Substituting (5B.48) into the outermost integral in (5B.39), it can be rewritten after
substituting proper variants as follows:

-exp[—3(1 + a)ys]

exp[—3(1 + a)ys]

-exp[—3(1 + a)ys] (5B.48)

[e.0] [e.0]

/ y53 T - exp (—amys3) - Yo - y1 - exp[—a (y1 + Y2 + y3)]
Y3 Y2

-erfc (vy1 + Y2 +¥s) - dyy - dy, - dys
1 1 n+4 [e9)
N (e "3 . ex (
o? <3> /o P
3 o0
1 " / thrz
3 0
1 n+2 %)
2" (3) /o P

at) -erfc(y/1) - dt

at) -erfc(y/1) - dt

at) -erfc(y/1) - dt
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3 1 n+5 [e9)
_ . [ :| . / tn+4
4o - J1+a |3(1+a) 0

- exp [— 3(f—T ) ~t] -erfc(v/t) - dt

+ 2+ 3a [ 1 i|n+4./ootn+3
8% (14 a)*? |3(1+a) 0

exp [— S(f_r: ) ~t} -erfc(y/1) - dt

1502 4 20a + 8 [ 1 }”*3 /00 .
+ - ot
160% - (1+a)*? [3(1+a) 0

- exp [—3(10{74”:0[) -t} -erfc(y/1) - dt

35a° + 7002 + 56« + 16 [ 1 }”*2 /00 .
32a* - (1 +a)’? 3(1+a) 0

- exp [— om ~t] -erfc(v/t) - dt

3(1+a)
V3 ® 4]
+m-/ot -exp {—[a(m +3) +3] -t} - dt
(a+1)-/3 e exp {—[o(m + 3) + 3] - 1) -t

4 (L+al-J7 o

1902 + 220 + 8 o0 3
- -\/5./ "2 . exp {—[a(m +3) + 3] - t} - dt
160 (1 +a)°- /7 0 pi-la(m+3)+3]-1)

(5B.49)

As m = n = 0, the fourth to seventh integrals in (5B.49) can be obtained according
to the formula (6.281-1) of [9] as follows, respectively:

5 )
3 [ ! ]/ t* . erfe(V1) - dt = — !
0

Cda-VIta L31+40) 384q - (1 + )2 (5B50)
2+ 3a 17 e, 35 (2 + 3a)
. . t° - erfc(v/t) - dt =
8a? - (14 a)*/? [3(1 + a)] /0 W) 51227 - a2 - (1 + o)/
(5B.51)

1502 + 200 + 8 [ 1 T /oo ) 5. (15a% 4 20a + 8)
) . te-erfc(v/t) - dt =
160° - (1+a)*? [3(1+a) 9 12827 -3 (1 4+ a)'??

(5B.52)
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. /oot -erfc(v/t) - dt

35a3+7oa2+56a+16[ 1 ]2
0

20" - (14 a)"/? 3(1+«)
3502 + 700 + 56 + 16

T 256.3- 0% (L4 )2 (5B.53)

The other integrals in (5B.49) have the same results for any value of m. As m # 0,
the weighted triple integral in (5B.39) can be obtained according to the generic formula
(5B.2) and the formulas (6.281-1) and (3.381-4) of [9] as follows:

[e.¢] [e.¢]

oo /0 Y5t exp(—amys) - | yo- [ yi-expl—a(ys + y2 + y3)]
Y3 Y2

-erfc(v/y1 + y2 + ya) - dy; - dy, - dy;

(3 E% [(m+ 3)a]q V3 T(@+1/2)
2 (m+3)m "B+ (M +3)a]"2

(h+2! % [(m+ 3)04q V3 T(@+1/2)
(m +3)"*3 = [+ (M + )]t

(n+1)! { gﬁm+mw*¢‘ r@g +1/2) }

2-(m+ 3)”Jr2 . [3+(m+ 3)a]q+1/2
_3-(n+4y 1_§aq-mq~,/3(1+a). r'(q+1/2)

Amn+s . T+ o = q!- VT [e(m + 3) 4 3]%4/2
+(2+3a).(n+3)!_ 1_§a<*-mq.,/3(1+a)_ I +1/2)

gmné - (1+a)¥? =S TRV [r(m +3) + 312

(150 + 20 + 8) - (n + 2)!
16mn+3 . (1 + a)®/?
U2 o0 .mi. /31 + ) r(q+1/2)
AL q!- 7 [a(m + 3) 4 319172
q=0 ’
350 4 700% + 56« + 16
32mm2 . (1 + o)/

_{1_§aq~mqv3(l+a)_ r(q+1/2) }
q=0

~(n+1)!

q!- V7 [o(m + 3) + 3]9+1/2
N V3 M5 I'(n+9/2)
4-L+a) Vm [r(m + 3) + 3]"*9/2
. (a+1)-43 ey r(n+7/2) 190”4220 + 8
4. 0tal-va 0 T lem4)+3"2 16 (1ta)-v7

g, TO1+5/2)
\/§ a [a(m+3)+3]n+5/2

(5B.54)
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Therefore, combining and substituting the results (5B.50)-(5B.54) into (5B.39), the
integral representation in (5.60) can be achieved.

5B.3 Correlated pair of channels

For the integral in (5.68), by substituting (5.66) and (5.67) into (5.68) and applying the
binomial theorem to the power series, it is obtained that

<l> __ L © 1+IO o
P“""(l)'/o [1_ 2 exp(_1+p yl)
215l (2 o
25 p -, Y1
o o o
5 : |:exp (—? : y1> — EXp <—m : Y1>:| - Qy/2y, - dy,
(3 5 RS () (5
2p 2 1950 2p
() oo (55 +55) ]
2p 0 1+p 1-p '

n m-n+1
exp [_<1+p I )-ay1j|} cerfcyi-dy,  (5B.55)

Applying (5B.1) to the integral in (5B.55), the integral result of (5.68) can be obtained.
For the integral in (5.71), by substituting (5.66) and (5.67) into (5.71) and applying the
binomial theorem to the power series, it is obtained that

e,cor

() () TR () (o ()
{f /y Ep[ <1+p 1o )'“Vz—ﬁ-ayl}

-erfe(V/y1 +y2) - dy, - dy,
_/”/“exp'_<n+1+m—n).ay2_ 1 ~ozy1]
o Jy L \1+p 1-p 1-»p

-erfe(V/yr +Y2) - dy; - dy,

— —_— .a ——.a
s p_ 11, 1, Y2 11, Ya

-erfe(v/y1 + y2) - dy; - dy,
+/°°/°°exp' < n Jrm—n+1> y 1 y}
o Jyp L \1+p  1-p Z1—p F

-erfe(v/yr +y2) - dy; - dY2} (5B.56)

P<2>

-

™

,_\Q,
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Let us first consider the general integral fy": exp(—ay, — by,) - erfc(\/y1 + y2) - dy;.
Through setting t = y; + v, and substituting y; =t — y, and dy; = dt into it, when
b > 0, with the help of (5B.13) it can be solved as follows:

f exp(—ay, — by,) - erfe(v/yr T v2) - dy;

Y2

= exp[—(a — b)y,] - /200 exp(—bt) - erfc(x/1) - dt
Y2

= % -exp[—(a + b)y,] - erfc(,/2y,)
-exp[—(a — b)y,] - erfc[y/2- (1+b)y.]  (5B.57)

1
 bJ/I+Db

Next consider the double integral

/0 / exp(—ay, — by,) - erfc(y/y1 + Y2) - dy, - dy,
Y2

= % . /O“’ exp[—(a + b)yz] - erfc(y/2y2) - dy, (5B.58)
) b¢11+—b || eol-@ byl erfely2- T By -

Applying (5B.1) to the integrals in (5B.58), if a # b, it is obtained that
| [ exntay, —by-erfe(ya+vo) - dyy -y
Y2

1 1 2 2
= - + . 5B.59
b-(@a+b) b-@a—b)-v/I+b a2—b2 Va+b+2 ( )

Ifa = b, it is obtained that

/0 f exp(—ay, — bys) - erfo(v/y1 T 2) - dy; - dy,
Y2

1 2+3b
AT (0850

Therefore, applying the general equations (5B.59) and (5B.60) to the corresponding
integrals in (5B.56), it is straightforward to obtain the result in (5.71). For the integral in
(5.73), by substituting (5.66) and (5.67) into (5.73) and applying the binomial theorem
to the power series, it is obtained that

e,cor

() () EEC) ()5 ()
/ /y fyw{EXp[ (112 T__n>'0‘y3—ﬁ (Y2+Y1)i|

3
— exp + montl ~ay3—— (Y2 + y1)
1+p 1-p 1+p

P <3>

w

™

S o
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+ exp —(nH+m_n>-ay3—i-(yz+y1)}
L 1+p 1-0p 1-—»p
— exp —< - +m_n+l>-ay3—L-(yz+y1)}
L \1+p 1—0p 1—-p
_exp'_<”+1+m—”>.ay3_L.ay2_L.ayl]
L \1+p 1-p 1-»p 1+p
+ exp —< - +m_n+l>'WY3—i'WYZ—L'D‘Y1i|
L \1+p 1-p 1—p 1+p
~ exp —<n+1+m_n>oay3—L-ayz— : -ayl]

L \14+p " 1-p 1+p 1—p
+exp[—< : +m_n+1>~ays—i~ayz— . ~ay1“
1+p 1-p 1+p 1—p

-erfe(v/y1 + y2 + ys) - dy; - dy, - dy; (5B.61)

Let us next consider the general integral fyio exp[—ay; — b(y2 + y;)] - erfc
(VY1 + Y2 + y3) - dy;. Throughsettingt = y1 + y» + yzandsubstitutingy; =t — y, —
ys and dy, = dt into the integral, when b > 0, with the help of (5B.13) it can be solved
as follows:

/ exp[—ay; — b(y2 + y;)] - erfe(V/y1 + Y2 + ya) - dy;
Y2

= exp[—(a — b)ys] - - exp(—bt) - erfc(v/t) - dt
Y2+Y3

1
= - exp(—ays — 2by,) - erfc(y/2y, + ¥a)

1
- expl—(a — b)ys] - erfe[/(L + D)2y, + Va) .
bVI D exp[—(a — b)ys] - erfc[/(1 + b)(2y, + y3)] (5B.62)

Next consider the double integral

f f expl—ays — b(y> + yo)] - erfe(v/¥i T V2 ¥ ¥) - dys - dy,
Y3 Y2

1 o0
=5 exp(—ay; — 2by,) - erfc(y/2y, + ys) - dy,
Y3

l o0
SR - _(a—b)ys] - erfe[ /AT D)2y, T yall -
ST ), P D)l -erfly B 4oy,
(5B.63)

By substituting t = 2y, + y3 and applying (5B.13), when b > 0, it can be deduced
that

1 o0
. exp(—ay; — 2by,) - erfc(y/2y, + y3) - dy,
Y3

- % -exp[—(a — b)ys] - /3y3 exp(—bt) - erfc(v/) - dt
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= s OXPL-(@ + 2)ys] - erfo(y3)
m -exp[—(a — b)ys] - erfc[/3(1 + b)ys] (5B.64)

By substituting t = (1 + b)(2y, + y3) and applying (5B.12), it can be solved as

“oAE exp[—(a — b)ya] - . erfc[\/(1 + b)(2y, + y3)] - dy,

1 o0
— = .exp[—(a—b)ys]- erfc(v/1) - dt
2 (L £ b7 p[—( )Yal Ly, (CV49)

m -exp[—(a — b)ys]

. {L 3L+ b)ys - exp[-3(L + b)ys]
JT

+ |5~ 3+ by erel 3L+ Byl (58.65)

Substituting (5B.64) and (5B.65) into (5B.63) and further considering the triple inte-
gral

/O / / exp[—ays — b(yz2 + y1)1 - erfc(y/ys + y2 + y3) - dyy - dy, - dys
Y3 Y2
— |f3> + |<3> + |<3>

(5B.66)
where, by applying (5B.1),

1 o0
Iff> = op2 /0 exp[—(a + 2b)ys] - erfc(y/3y3) - dy;
1 1

3
Zﬁ'a+2b'<l_\/a+2b+3) (58.67)

When a # b,

|<3> _

M2 Jitb /(; exp[—(a — b)ys] - erfc[/3(1 + b)ys] - dy,
1 1

= : NP Chl)
202 JIib a—b [l m} (5B.68)

whereas when a = b,

|<3>_
1.2 —

2p2 . ﬁ / exp[—(a — b)ys] - erfc[\/3(L + b)ys] - dy;

- erfc[y/3(1+b -d
e 2 M DR
-
12b2 . (1 + b)*/?

(5B.69)
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5% = m / VY3 - exp[—(a + 2b + 3)ys] - dy;,

L. /0 expl—(a — b)ys] - erfc[y/3(L + byl - dys

Cab-(1+Db)2

3 o0
4 /0 ya - exp[—(a — b)ys] - erfe[y/3(L + bys] - dys
(5B.70)

Through applying the formula (3.381-4) of [9] to the first integral in (5B.70) and
applying (5B.1) to the second integral in (5B.70), and by substitutingt =3 - (1 + b) - y3
and applying (5B.2) to the third integral in (5B.70), it can be obtained when a # b that

|<3> _ 1 + 3
BT ap.(140)*2.(a—b) 2b-(a—-b?-vI+Db

3 [ 3
— : 5B.71
2b-(a—b)? V3+a+2b ( )

Whena = b,
o 1 ~ 1 N 1
B30T 1200402 24.b-(1+Db)2 " 16-b-(1+Db)*?
1

= 5B.72
16 -b - (1 +b)*? ( )

When a # b, by substituting (5B.67), (5B.68) and (5B.71) into (5B.66), it can be found
that

/0 f f expl—ays — b(y + yo)] - erfe(v/y1 T V2 F v3) - dy, - dy, - dys
Y3 Y2

B 1 N 9b® 4 8b — 3ab — 2a
2b2 . (a + 2b) 4h2 . (a _ b)2 . (1 + b)3/2

9 3
2@+2b)-@@a—by \/E (5B.73)

When a = b, by substituting (5B.67), (5B.69) and (5B.72) into (5B.66), it can be found
that

/0 f f expl—ays — b(yz + y1)] - erfe(v/y T V2 F v3) - dys - dy, - dys
Y3 Y2

= 1 ! ! L (5B.74)
©6b° 6. (1+b)Y?  12p2-(1+b)*?  16-b-(1+h)>? '

Next, for the general integral fy"; exp(—ays— by, — cy,) - erfc(\/y1 + Y2 + ys) - dy;,
through setting t = y; + y» + y3 and substituting y; =t — y, — y3 and dy; = dt into
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the integral, for ¢ > 0, by the help of (5B.13) it can be solved as follows:

f exp(—ay; — by, —cy,) - erfe(v/y1 + y2 + ya) - dy;
Y2

= expl—@—c)ys — (bl [ exp(—ct)-erfo(v/D) - ct
2y,+Ys3
=~ expl-ay, — (b-+ O] -erfe(y/2y; + v9) (58.75)

-exp[—(a — c)ys — (b —c)y2] - erfc[/(1 + €)(2y, + y3)]

Furthermore, considering the double integral

/ / exp(—ays — by, — cys) - erfe(s/ya T2 7 ¥a) - dyy - dy,
Y3 Y2

cv1l+c

1 o0
=< / exp[—ay; — (b +c)y2] - erfc(y/2y, + y3) - dy,

Y3

1 o0
- /y3 exp[—(a — c)ys — (b — c)ya]

-erfe[y/(1 +¢)(2y, + ya)] - dy, (5B.76)

By substituting t = 2y, + y; and applying (5B.13), for b + ¢ > 0 it can be deduced
that

1 o0
o / exp[—ay; — (b + c)y2] - erfc(y/2y, + ys3) - dy,

Y3

1 b+c o0 b+c
_ 1 _ S\l 20 ) erfo(A) - dt
2c exp[( S )ys} /3y3 exP( 2 ) erfe(vt) - d

1 —
= m . eXp [— (a + b + C) y3] . erfC( 3y3)
— 1 'EXp|:_ <a_w> y3:|erfc|:\/3(l+u> y3:|
c-(b+c). /b 2 2

(5B.77)
By substituting t = (1 4 ¢)(2y, + y3) and applying (5B.13), for b # ¢ it can be
deduced that

1 [e ¢}
. —(a— —(b— . VA +0)(2y, + ya)] -
c/iTe /y 3 exp[—(a — ¢)ys — (b — c)y2] - erfe[/(1 + €)(2y, + y3)] - dy,

B 1 exp[ (a b+c)y] /°°
2 (L+0)? 2 )] Jsaroy,

—C
2. (14c¢)

X exp [ t} -erfc(v/t) - dt
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1
= oo viTs Y@t b 20l erfely3(1 + o)yl
1 2 b+c
+c-(b—c)'\/$'“p[‘<a‘7>y3}
erfe {W} (5B.78)

Substituting (5B.77) and (5B.78) into (5B.76) and further considering the triple
integral

/0 / / exp(—ay; — by, —cy;) - erfc(/y1 + y2 + y3) - dy; - dy, - dy;
Y3 Y2
=137+ 153 + 155+ 158 (5B.79)

Whena + b+ ¢ > 0, and by applying (5B.1),

1 [o.¢]
<3> _ - . _ . .
1™ = NS /0 exp[—(a + b + c)ys] - erfc(y/3y3) - dy,

1 1 3
. N Y . 5B.80
c-(b+c) a+b+c ( 3+a+b+c> ( )

As2a —b — ¢ # 0, by applying (5B.1), it is obtained that

|<3> _

B —h
“ c-(b+c)- /2o Jo 2 ’
-erfc |:\/3 (1 + bzi) y3j| -dy,
B 2 [ 2 . 3-(2+b+c)
T c-(b+c)-Ra—-b—-c) V2+b+c |° \V2-B+a+b+c)

(5B.81)

When 2a — b — ¢ = 0, by applying the formula (6.281-1) of [9], it is obtained that

1 2
73 = — o/ 5B.82
2.2 3c-(b+c)-(2+b+c) V2+b+c ( )

Asa+b — 2c # 0, by applying (5B.1), it is obtained that

|<3> _ 1

23 7 c.b—c)-vItc
. /OO exp[—(a + b — 2c)ys] - erfc[y/3(1 + c)ys] - dy,

0

=- L 1y [0+
~ c-(b—c)-(@a+hb—-2c)-VI+c [1 m} (5B.83)
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When a + b — 2c = 0, by applying the formula (6.281-1) of [9], it is obtained that

|<3>__ 1
237 6c.(b—c)-(L+c)?

(5B.84)

When 2a — b — ¢ £ 0, by applying (5B.1), one obtains that

<3> __ 1 2 * _ _w
X _c.(b—c)'\/2+b+c'/o eXp[ (a 2 )3’3}
-erfc [,/%(2 +b+ c)yg} - dys
B 2 2 1 3-(2+b+c)
“c-(b-c)-(a—b—-c) V2+b+c | \V2-3+a+b+c)

(5B.85)

When 2a — b — ¢ = 0, by applying the formula (6.281-1) of [9], it is obtained that

1 [ 2
13> = . 5B.86
24 7 3c.(b—c)-(24+b+c) V2+b+c ( )

Substituting the results from (5B.80)—(5B.86) into (5B.79), the triple integral can be
resolved with respect to different parameters. Therefore, applying the general equations
of the triple integral in (5B.73), (5B.74) and (5B.79) to the integral equation (5B.61), the
consequent expression (5.73) can be achieved.

5B.4 Conventional Rake receiver without TD-STBC

In this section, we set o = 1/y 11, to simplify the notation. For the integral in (5.113),
by substituting (5.108) and (5.109) into (5.113) and by applying the binomial theorem
to the power series, with the help of (5B.1), it can be obtained that

PefllT>x = (k) : /0 [1- eXp(—ayl)]Lil -o - exp(—ay) - Q(\/ﬁ) -dy,

L-1 00
=(1)-5 2 ("0 ) o [Tentatm s v i o
L &/L-1 | 1
=z~n§( m )'H) 'WL(“VW) (568.87)

This is the integral result presented in (5.113).
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For the integral in (5.114), by substituting (5.108) and (5.109) into (5.114), and by
applying the binomial theorem to the power series, it can be found that

Y L) o E/L-2
I:)e,lsz :2!'(2)'7'2:( m >.(_1)m

m=0

- /O exp(—amyy) - | expl—aly +y2)] - erfe(yiF v2) - dys - dy,
Y2

(5B.88)

Through substitutingt = y; + Yy, and applying (5B.13), the double integral of (5B.88)
can be deduced as follows:

fo exp(—amys,) - exp[—a(ys + y2)] - erfc(/y1 + y2) - dy, - dy,

3

_ L /OO exp[—a(m + 2)y,] - erfc(/2y,) - dy,
a Jo

1 o0

e exp(—amy,) - erfc[y2(L + «) - y2] - d 5B.89

| exeomy,)-erel 20+ o) vl -y, (5B.89)
Through applying (5B.1), it is obtained that

1 /Ooo exp [—a(m + 2)y,] - erfc(y/2y,) - dy,

o

1 2
S mi2 a2 <1‘\/m> (58.90)

When m = 0, under the help of formula (6.281-1) of [9] it is obtained that

1 o0 1
————— | exp(—amy,)-erfc[(/20 +a) - yo] -dy, = ——————
—— /O plamys) erfely 201+ ) ol - Oy =
(5B.91)

When m # 0, by applying (5B.1), it is obtained that
1 o0
_— exp(—amy,) - erfc[{/2(1 -y2]-d
Wier /0 p(—amy,) - erfc[y/2(1 + a) - 2] - dy,

1 1 2
_ I S 5B.92
maz-«/1+a+ma2 am + 2a + 2 ( )

Therefore, substituting equations (5B.90)-(5B.92) into (5B.89) and then (5B.88), the
results of (5.114) can be achieved. For the integral in (5.117), by substituting (5.108)
and (5.109) into (5.117), and by applying the binomial theorem to the power series, it is
obtained that

o L 1 S/L-3
Pe,lsszs!'<3)'a3'§' ( m )_(_1)m

m=0

: /0 exp(—amys) - / f exp[—a(y1 + Y2 + ¥3)]
Y3 Y2
-erfc(v/y1 + Y2 + y3) -dy; - dy, - dy; (5B.93)
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Through substituting t = y1 + y» + y3 and applying (5B.13), the inner integral of
(5B.93) can be deduced as follows:

/ exp[—a(yr + Y2 + y3)] - erfc(v/y1 + Y2 + y3) - dy;
Y2

1 1
= —.exp[—a - (2y, + -erfe(y/2y, + ¥3) — ———
o OXPLa - 2yz +ys)] - erfe(y/2y, +ys) — - Niewr

cerfc[/(1 + a) - (2y, + v3)] (5B.94)

Substituting (5B.94) into the inner double integral in (5B.93), the first term can be
conducted under the help of substitution 2y, + y; =t and (5B.13) as

1
/ - -exp[—a - (2y, + Ya)] - erfc(y/2y, + ys) - dy,

Y3

1
=7 exp(—3ays,) - erfc(y/3ys;)
1
— m . erfC[\/ 3 . (1 + Ol) . y3] (5895)

Similarly, after substituting (5B.94) into the inner double integral in (5B.93), the
second term can be conducted under the help of substitution (1 + «)(2y, + y3) =t and
(5B.12) as

- m / erfely/(L + ) - @y, 1 y2)] - dy,

- 1(1+ 7 VAL Ys - expl-3(1 + oy

)3/2 -erfc[v/3(1 + a)ys]

- (1+

3
— . yz - erfc[{/3(1 5B.96
o Yo el A+ )y (5B.96)

Substituting (5B.95), (5B.96) and (5B.94) into the triple integral of (5B.93), it is obtained
that

| em-amyy [ [ exl-atri+yz + vl
0 Y3 Y2
-erfe(y/y1 + y2 + y3)-dy; - dy,-dy;

1 o0
= /O expl—(m + ays] - erfe(y/3y3) - dys

m / V/3Y3 - exp[—(am + 3 + 3) - ys] - dy,

243
toe f exp(—amys) - erfe[y/3(L + )ys] - dys
0

402 (1 + a)??

. . - -erfc[/3(1 -d 5B.97
+ | - exp(amys) erfely S+ alyil-dys  (5B.97)
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Through applying (5B.1) and (3.381-4) of [9], it is obtained that

1 oo
227 /0 exp[—(m + 3)ays] - erfc(y/3y;) - dys

1 / 3
- 2(m+3) - a® (1 ~ Vam+ 30+ 3) (56.98)

1 o0
s ) Ve eel-em 3049y -y
/3 1

- _ . 5B.99
4o -(14+a) (am + 3a + 3)%2 ( )
When m = 0, by applying the formula (6.281-1) of [9], it is obtained that
2+ 3a o
—_—— exp(—amys,) - erfc[/3(1 + -d
] eetamy) erely3W T @)yl - dy,
2+ 3
= - 5B.100
240[2 . (l + (){)5/2 ( )
3 o0
i - exp(—amys,) - erfc[/3(1 + -d
|, ¥+ exptamys) el + )yl - s
= v (5B.101)

160 - (1 + a)*?
When m = 0, by applying (5B.1), it is obtained that

2+ 3a ®©
[ ety el AT+ @yl - ay

2+ 3u 2+ 3u 3
=— -/ 5B.102
4ma® - (1 + a)¥/? T ama®- (14+a) Vam+3a+3 ( )

By substituting t = 3(1 + «)yz and (5B.2), it is deduced that

3 o0
et - exp(—amys,) - erfc[/3(1 + -d
|, ¥+ expamys) el + )yl - y:
B 3 9v3 - (@m + 2a + 2)
S 2m?od I+ a  4m? .ol (am 4 3« 4 3)%2
Furthermore, when m = 0, through substituting (5B.98)—(5B.101) into (5B.97), the
triple integral in (5B.93) can be derived as

/0 / / exp(—amys) - exp[—a(y1 + Yo + y3)]
Y3 Y2

-erfe(y/y1 + Y2 +y3) - dy; - dy, - dys
1 8+ 20w+ 150
6o 480 (1+a)*?

(5B.103)

(5B.104)
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When m = 0, substituting (5B.98), (5B.99), (5B.102) and (5B.103) into (5B.97), the
triple integral can be derived as

/0 / / exp(—amys) - exp[—a(y: + Y2 + y3)]
VE] Y2
-erfe(V/yr + y2 + ya3) - dy; - dy, - dy;

B 1 6-(L+a)—m-(2+3a)
T2Am+3) - am?oad(11a)?
9v3

- 5B.105
2m? - (m + 3) - a8 - (@m + 3« + 3)*/2 ( )
Therefore, substituting the triple integral results of (5B.104) and (5B.105) into (5B.93),

the consequent expression (5.117) can finally be achieved.
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6.1

6.2
6.2.1

TD receiver with imperfect
channel estimation

Inthis chapter, acommon pilot signal transmission scheme is utilized to assist receivers to
estimate the channel fading coefficients; hence, the effect of imperfect channel estimation
onthe TD-STBC system performance is investigated for the independent pair of channels.
The power ratio of pilot to data channels and the lowpass filter used to improve the channel
estimation are addressed.

Introduction

In this chapter, the TD-STBC in the DS-CDMA system with an imperfect channel
estimation scheme based on the 3GPP standard [1] is studied. In the downlink of the
WCDMA system, two common pilot channel signals are transmitted simultaneously
from two antennas, which are employed to assist mobile stations to estimate the channel
fading coefficients. In this chapter, however, it is merely assumed that the pair of channels
corresponding to two transmit antennas are independent from each other. The impact
of imperfect channel estimation on the system performance can be investigated through
comparing the results obtained in Chapters 5 and 6. In terms of the resultant BER and
system capacity, the effect of some important parameters on the system performance is
also evaluated.

The rest of this chapter is organized as follows. In Section 6.2, the transmitter, channel
and receiver models are described. The performance of coherent reception in the down-
link of the CDMA system with and without TD-STBC are analyzed in Section 6.3. In
Section 6.4, the numerical results of the system with various parameters and consequent
discussions are presented. Finally, Section 6.5 summarizes and draws some conclusions.

System model
Transmitter model in CDMA downlink

Two transmit antennas are deployed at a base station while only one receive antenna
is utilized at each mobile station. It is assumed that there are K active CDMA users
and a common pilot channel is transmitted simultaneously from two transmit antennas
for channel estimation [1]. Therefore, K + 1 different spreading code sequences are
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Data from
1
other users |

z §1(t)

Pilot symbols Antenna 1
for antenna 1
Data symbols
of the kth user STBC —

—_————> s'(n
bk, [n/N]) encoder | —  S¢(kn) ()
for antenna 2 2 §2(t)
Data from | - Antenna 2
other users !

Figure 6.1 Block diagram of the transmitter.

required, which are mutually orthogonal within one symbol interval. Furthermore, it is
assumed that all spreading codes have the same properties as presented in Chapter 5.

As shown in Figure 6.1, the lowpass equivalent transmitted signals from those two
antennas are represented as follows, respectively:

00 K
i) =) [JE_ -3 bk, [n/N]) - Se(k, n) + /QE, - sp(n)}
n=-—00 k=1
gt —nTc) (6.1)

n=—o00 k=1

gt —nTy) (6.2)

00 K
S =Y. [JE_ > bk, [n/NJ) - Sa(k. n) + /gE, - (-1 -sp(n)}

where g is the transmit power ratio of the pilot channel to data channels, and S,(n) stands
for the spreading code sequence of the pilot channel. All other identical symbols and
operators in this chapter are defined as in Chapter 5.

Channel model

The discrete tap-delay-line channel model is assumed to be as presented in Chapter
5 except that only the scenario with an independent pair of channels is taken into
account. Furthermore, the lowpass equivalent complex impulse response of the channel
betweentheith (i = 1, 2) transmitantenna and the receive antenna is rewritten from (5.4)
here:

L
hi(t) = Zhu S(t—1) (6.3)
=1

For one given temporal path index! (I =1, 2, ..., L), the channel fading coefficients
h1, and hy, are identically Rayleigh distributed and independent from each other. More-
over, for a given spatial antenna index i, hi; and h; (I # |) are mutually independent
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random variables. Similarly, h; is assumed invariant over at least one STBC block,
which refers to every two consecutive symbol intervals during which two original data
symbols are STBC encoded.

Receiver model

For any one mobile station, downlink signals from K synchronous data channels as well
as one pilot channel experience the same frequency selective fading and arrive at the
receiver as

L

P(t) = [hoi-81(t — 1) + hoy - So(t — @)] + n(t) (6.4)
1=1

where n(t) represents the AWGN with double-sided power spectral density of 19/2.

It is assumed that the chip synchronization at the receiver is perfect and that the
received signal at each path can be resolved by an MF with a local delayed spreading code
sequence. Similarly, it is assumed that the maximum multipath delay is approximately a
few chips in duration and is much smaller than the symbol period so that the inter-symbol
interference can be neglected. Without loss of generality, let us focus on the mth STBC
block. By sampling the output of the pulse MF, the received signal in the first and second
symbol intervals of the mth STBC block can be given by, respectively,

K L
aD(m.n)=>"3 " VEc- Sak. 2mN +n — |7/ Tc))

k=1 1=1
~[ba(k, m) - hyi(m) — ba(k, m) - ha, 1 (M)] (6.5)

+2L:JE- Se(@mN +n — |7/ Tc))
: [r::(m) +ha(m)] +79(m, n)
@m,n) = XK:XL:JE_C-sd[k, @m+1)-N+n— |5/ T
-kajzl(im) ~h1i(m) + ba(k, m) - hz, ()]
+|2L;¢g—a.sp[(zm+1).N+n—Ln/TcJ] (6.6)

~The, (M) — ha, (M)] + 1@ (m, n)

where n =0,1,..., N —1; bj(k,m) (j = 1, 2) stands for the jth data bit of the kth
active user transmitted in the mth STBC block; hj(m) (i = 1, 2) represents the fading
coefficient of the Ith resolvable path of the channel between the ith transmit antenna and
the receiving antenna in the mth STBC block; and 7)(m, n) (j = 1, 2) is the sampled
AWGN in the jth symbol period of the mth STBC block.
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Figure 6.2 Block diagram of the receiver.

Performance analysis of coherent reception
STBC decoding at each branch

The first user (k = 1) is assumed to be the desired user. The 2D-Rake receiver structure
is shown in Figure 6.2.

It is assumed that the chip-timing synchronization is perfect and the local despreading
code sequence is locked to the ith (I = 1, 2, .. ., L) resolvable path. During the first and
second symbol periods of the mth STBC block, the pilot channel at the ith path can be
despread from (6.5) and (6.6) as follows, respectively:

N—
ri(m. 1) = Z_; aD(m,n)- sy@mN +n — 7/ Te))
L
= VOE¢ - N - [hyj(m) +h,i(m] + > VIE,

141

(1)(m,l,l) [h1.1(M) + hy(M)]

+ ZZJ_ REM. K 1.1)

=1 I=1
141

[oa(k, m) - hy (M) — ba(k, m) - hoy (] + 1P(m, 1) (6.7)

N—
r@(m, 1) Z_é a@(m,n)-s;I@m+1) N +n— |5/ Tel]
=VOE¢- N -[hyj(m) —h,;(m)] (6.8)
L
+ 3 VOEc - RAM;1LT) - [hai(m) — ha(m)]

+Z:Zd_ R m. k1.1

1A

- [o2(k, m) - hyi(M) + by (k. m) - hoy ()] + 1P(m. 1)
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where the background AWGN component 1 J)(m D (j =1, 2) is defined by

n0(m, ) = Z_G‘ nD(m,n)-s@m+j—1)-N+n— |5/ Tl (6.9)

In addition, two discrete aperiodic correlation functions of two different spreading
code sequences with a length of N are defined as follows, respectively:

N-1
R =>"sp[@m+j—1)-N+n—[7n/Tcl]
n=0

-Spl@m +j —1)- N +n— |5/ Tc]] (6.10)

N-1
RN (m, k,l,l)—st[k @m+j—1)-N+n—[7/T]]

-Sp[(2m+1—1)-N+n—er/TCJ] (6.11)

Since two different spreading code sequences with the same time delay are orthogonal
over one symbol interval, when | =1, de(m k;1,T) = 0. Otherwise, when | # I, both

(‘)(m, I, I) and R(J)(m k;l, I) are modeled as i.i.d. random variables with zero mean
and variance Var{R(”(m,I, N} = Var{R(”(m k;1,D)} = N.

Similarly, assuming the local despreading code sequence is locked to the ith resolvable
path of the reference user k = 1, the data channel is despread during the first and second
symbol periods of the mth STBC block as follows, respectively:

N—
PP (m, 1) = Za<l>(m n) - Si(L, 2mN +n — 7/ Te)) (6.12)
n=0
L
rPm. 1)+ Y VIE: - REM; 1D - [hei(m) + hzy(m)]
N—
FA(m, 0 = ZO(Z)(m n)- Si[L. 2m +1)- N +n — |5/ Tel] (6.13)

I
o

n

L
r@m. 1)+ VOE. - REM; 1.1 - [hei(m) — hai(m)]

14

where r l)(m Dandr 2)(m 1) are given in (5.9) and (5.10), respectively. By comparing
expressions (6.12), (6.13) and (6.9), (6.10), it can be seen that the despread data channel
signals suffer from one more interference term due to the pilot signals. R(J)d (m;1,1)isthe
N-length discrete aperiodic correlation function of the pilot and data channel spreading
code sequences, defined by
) R N—1
R,()f(),(m; LD =Y s[@m+j—1) N+n—|q/T]] (6.14)
n=0
S, @m+j—1)-N+n—|5/Tcl
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Moreover, it is assumed that Réf(),(m; [,1) has the same properties as those of
RYMm, k;1.1) in (6.12).

Therefore, conditioned on the channel fading coefficients at the ith path in the mth
STBC coding block and the involved data bits, the mean and variance of ff,’)(m, D(j=
1, 2) are given by

E{F{"(m, N} = VEc- N - [bi(L, m) - hy () — by(1, m) - hy5(m)] ~ (6.15)

E{fg (M.} = VEc- N - [oa(L.m) - hy j(m) + ba(L, m) - hy ()] (6.16)
Var{tQ(m, D)} = E{[fP(m,T) — E{FP(m, D)}]- [fPm. 1) — E{fPm, D]}

:EC.N-(g+K)-(L—1)-4az+N% (6.17)

On the other hand, based on the despread pilot signals in (6.7) and (6.8), the initial
estimates of the pair of channels between the two transmit antennas and the receive
antenna at the Ith resolvable path in the mth STBC block can be manipulated as

F(m. 1) = [r®m. 1)+ r@m. 1] (6.18)

1
2N - /gE,
= hyj(m) + !
- eN L VgE,

1 & .
5 2 {REm:L)

=1

[7P(m, 1) + 2P (m. D]

-[hei(m) + h2 ()] + REM; 11 - [hai (M) — hza(m)]}
R{m. k1. 1)

1 K& -[bi(k, m) - hy (M) — ba(k, m) - hy(m)]
+2N~J§';§ +RAM. ki1
-[b2(k, m) - hy1(m) + bi(k, m) - hy(m)]
c@pm Ty 1 r O T r@(m T
PO D) = = [rfO(m, T) - r@m, )] (6.19)
hyi(m) + ﬁ [, Ty — 1@, D]
R .
+ N . ; {Réﬁ))(m; I I)

[hi(m) + hay ()] = REM; 1L T) - [hyi(m) — o, (m)]}
RM. K 1.1)
1 e - [ba(k, m) - hy1(m) — ba(k, m) - ha, 1 (M)]
YIN7e 2 ] - ROkl
-[ba(k, m) - hy (M) + ba(k, m) - hz 1 (M)]
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Similarly, conditioned on the channel fading coefficients at the ith path in the mth STBC
coding block, the initial channel estimates 7$’(m. T) (i = 1, 2) have the same variances,
given by
Var{fg)(m,f)} = E{[f“)(m,l‘) —~ E{f“)(m,i)}] [POm. D - E{fPm.D)}]'}
1 1 Mo

Notice that the initial channel estimates (6.20) with the assistance of pilot transmission
suffer not only from the background AWGN, but also from the multiple access and
multipath interference (MPI) resulting from the data channel signals of all simultaneously
active users as well as the two pilot channel signals. Therefore, it is vital to exploit some
techniques to estimate channels more accurately so that the performance of the DS-
CDMA system with TD-STBC can be improved significantly.

For the slow fading channel, it is assumed that the channel coefficient h; ; remains
invariable during several consecutive STBC blocks, thus an Np-tap lowpass filter (LPF)
can be used to improve the accuracy of the pilot-assisted channel estimation. In other
words, the improved channel estimation can be obtained through time averaging,

~ 1
hipm)=—->"¢P(m.T) (6.21)
Np me®
where any one of the example sets given below might be adopted as the timing average
window:

© = {m— Np+1,m} (6.22)

A

Assuming that the noise and interference terms in successive fg)(m, 1) with different m
are independent from each other, one obtains

E{hi;(m)} = E{fPm. 1)} = h; (m) (6.24)
Var(h, (m)} = 1 Var{tQ(m, 1)} (6.25)
’ Np

With respect to the Ith resolvable path, the branch random variables of two estimated data
bits of the first user in the mth STBC block can be constructed through STBC decoding,
as follows:

di(m, 1) = ¢, 1) - Ay pm) + 25 (m, 1) - hy () (6.26)
da(m, 1) = ¢P(m, 1) - Agj(m) — ¢ (. 1) - h,5(m) (6.27)

Since the pair of channel coefficients h, ;(m) and h, ;(m) are independent from each
other and the discrete aperiodic correlation functions of two different spreading code
sequences are independent random variables, all of rfjl)(m 0, ¢ ff)(m 0, hl,(m) and

2Y,(m) are mutually independent. Moreover, the two branch random variables of the
estimated data bits dy(m, 1) and dy(m, 1) are the sum of many independent random
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variables and thus can be approximated as Gaussian variables, conditioned on the channel
fading coefficients of the Ith path h; ;(m) (i = 1, 2). Therefore, the conditional means of
dj(m, 1) (j = 1, 2) are given by, respectively,

E{di(m. 1)) = E{FPm, D} - E{AL(m)) + E[FP (m, D)} - E(h,;(m))

= VEc- N -ba(1,m) - [Ihy j(m)[* + [h,;(m)I°] (6.28)
E{da(m, 1)) = E{fP(m, D} - E(A;m)) — E{f$ (m, 1)} - E{R,;(m))
= VEc- N -ba(1,m) - [Ihy j(m)[* + [h, ;(m)I°] (6.29)
Meanwhile, the conditional variances of dA,- (m, 1) can be obtained as follows, respec-

tively:
Var{dy(m, 1)} = [E{f{(m, i)}yz.Var{ﬁ;T(m)} + |E{ﬁ{j(m)}|2 Var{fP(m, 1))
+Var{f{(m, D)} - var{hz (m)} + [E{fP*(m, IA)}|2 -Var(h, j(m)}
+ |E{I32j(m)}|2 Var{P P (m, 1)} + Var[fP*(m, )} - Var(h,;(m))

1 o

[Ihy (M) + [h, (M)I7]

1 2 }70 2
+m'|:Ec'(g+K)'(L—l)-40' +Ej| (6.30)

Var{dy(m, 1)} = [E{F@(m, D[ Var(h; j(m)} + |E{f7 jm)} | - Var{f @ (m, 1)}
+Var[fP(m, D} - Var{ht;(m)} + |E{ffjl)*(m,IA)}|2 -Var(h, j(m)}
+ |E{F12j(m)}|2 Var{PP"(m, D)} + Var[f{?*(m, )} - Var(h, ;(m))

1 o

[hy ;M) + [hy (M) ]

2
~[Ec-(g+K)-(L—1)-4oz+@] (6.31)

gNp- Ec 2

It is worth noting that the variance of d,\j (m, 1) (j = 1, 2) is the same through compar-
ing (6.30) and (6.31), i.e. Var{di(m, 1)} = Var{d,(m,1)}. After despreading and STBC
decoding at each path, a 2D-Rake receiver is exploited to combine the signal energy
from L (L. < L) selected paths, which collects both the spatial diversity gain and path

diversity gain benefiting from TD-STBC and DS-CDMA merits, respectively.

6.3.2 EGC 2D-Rake receiver

Inthe EGC 2D-Rake receiver, the signals of the first L arriving paths among L resolvable
paths are selected and combined. Under the assumption of mutually independent channel



178

High-speed wireless communications

fading along multiple paths, the decision variables in different branches of the 2D-
Rake receiver are independent from each other and the output of the combiner can be
represented as

Lc .
dj(m) =" dj(m.1) (6.32)
=1

When L. = L, the signals from all resolvable paths are combined. Conditioned on the
channel fading coefficients and the relevant data bit, the decision variable d;(m) (j =
1, 2) is a Gaussian variable with conditional mean and variance given by, respectively,

Lc R
E{dj(m)} = > E{dj(m. D} = vVEc- N -bj(L.m) ¢ (6.33)
1=1
Lc
Var{dj(m)} = ) Var{dj(m. 1)}
1=1

=N- (1—1—9—&) . [Ec~(g+K)-(L—1)~402+%} xe
Lc

* gNp - Ec
where ¢ is defined as in (5.28). It can be seen that the variance in (6.34) will reduce to
the expression of (6.27) when the parameter Np — oo and g <« K. In other words, when
the number of taps of the LPF tends to infinity, the perfect channel estimation is roughly
achieved under the assumption of static channels. Therefore, the system performance
will approximate to the results presented in Section 5.3.2.

Since it can be obtained that |E{dl(m) | = |E{d2(m) ? from (6. 28) (6. 29) and
(6.33), while Var{ 1(m)} = Var{dz(m)} from (6.30), (6.31) and (6.34), dl(m) and dg(m)
have the same SINR properties. Therefore, conditioned on the instantaneous fading
channel amplitudes of the selected paths, the BER is the same for dA,- (m)(j =1,2)and
can be represented by [2]

Ed;my 2] #\"
R A i(m _
Peecc() =Q { |:4Var{d} ™) :| } Q |:<A4 I B) :| (6.35)

where, by the definitions,

> o 2
-[Ec-(g+ K)-(L—1)-40 +?} (6.34)

R 1 &
b=o.7 Z [hei (M) + [hzi ()] (6.36)
=1
1 1 N
B—; [2 (g+K)-(L 1)+l}2 (6.38)
~ gNp-N2 J 2y, .
where y,, is the average SNR per bit defined in (5.35) and rewritten here
_ 2E¢-N - o?
Vp = BN - 07 (6.39)

Mo
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Since the channel fading coefficients, h;(m), are assumed to be i.i.d. complex Gaus-
sian distributed random variables, the normalized random variable  in (6.36) follows a
chi-square distribution with 4L degrees of freedom, and its PDF is given by

By .AZLC—l. 72
P:()= oy 2Ly

Therefore, the final resultant BER can be obtained by averaging the conditional BER
Pe.ecc(¢) in (6.35) over the PDF of ¢ in (6.40), i.e.

Pe.eoc :/ Peccc(t) - P(£) - dg
0

o ~2 1/2
J Q[(ﬁ) | s o
y? 2e—1 a-y
r(ch) / AyrLB| Y tW

Furthermore, it is seen that for a given average SNR y,, and number of active users,
the parameter of power ratio g might impact significantly the system performance of
the 2D-Rake receiver. When g is very large, the pilot channel signal might introduce
severe multipath interference to all active users. On the other hand, when g is very
small, the channel estimation quality becomes poor so that the BER degrades. Therefore,
there exists an optimal value of power ratio g under certain system scenarios, which
would maximize the SINR or minimize the BER. This is because the Q-function is a
monotonously decreasing function.

By setting (A - £ + L - B)/dg = 0, conditioned on Z, the optimal g can be derived

« ar-Z+b
9on(£) =,/ ﬁ (6.42)

(6.40)

as

where, by the definitions,

1=8K-(L—-1)-N+2N%.y;?t (6.43)
bi=Lc-[8K-N-(L—1)-y, +N2~;7g2+16K2.(L—1)2 ] (6.44)
a=8-(L—1)-Np-N (6.45)
by = 16L¢- (L — 1)? (6.46)

Similarly, the average 9o, for the EGC 2D-Rake receiver can be obtained by averaging
the conditional Gop(Z) in (6.42) over the PDF of ¢ in (6.40) [3], i.e.

O = [ " Gp?) - P2 () - 2 (6.47)

1 ®©.2L,-1 [ag- C~I—b1 ot .47
- - . s T .d
@l /o O Vaien ¢
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Generalized selection combining 2D-Rake receiver

Similarly, after the despreading STBC decoding at each resolvable path, a GSC 2D-Rake
receiver is exploited to adaptively select and combine the branch decision variables from
the L. < L paths with highest SINR among the L resolvable paths available.

Since it is noticed that |E {dy(m, 1)}° = |E{dy(m, 1)}|° from (6.28) and (6.29) while
Var{di(m, 1)} = Var{d,(m, 1)} from (6.30) and (6.31), d1(m, 1) and d»(m, ) have the
same SINR properties. Therefore, conditioned on the channel fading coefficients of the Ith
path, the instantaneous SINR of the branch decision random variable dAJ- m (=12

inthelth (I = 1,2, ..., L) resolvable path is the same, and can be derived as
~ 2 ~2
. |E{dj(m, D} g
7= im D _ 4 (6.48)
Var{d;(m,1)} A.¢ +B
where, by the definition,
¢, (b1 (M) + Iz, (M) ] (6.49)

T 202

It can be proven that the variable 7, in (6.48) is the monotonously increasing function
of the variable 7, in (6.49). Therefore, selecting the paths with highest instantaneous
value of 2| is equivalent to selecting the paths with highest instantaneous SINR 7,.
Moreover, £, > py > --- > .. are defined as the order statistic of the variables,
obtained by arranging {E, |1 =1, 2,...,L} in descending order of magnitude. Sim-
ilarly, the joint PDF of the order statistic variables [4], [5] ;.. (I =1,2,..., L) is
given by

Pe &, ZLC:L(ELL N TR gLC:L) (6.50)
L ~ L—Le¢ ke -
L ( J TGRSl (G
Le I=1

where the relevant PDF and CDF of Z| are given by, respectively,

P; (21) = &1 -exp (=) (6.51)
F§|(2|)=1—(1+E|)'9Xp (—2) (6.52)

It is assumed that the channel fading along multiple paths are mutually independent
and that the decision random variables in distinct branches of that 2D-Rake receiver
are independent from each other. Therefore, based on the branch SINR in (6.48) and
conditioned on the random variables {Z,. |1 =1, 2, ..., L} of the selected paths, the
overall output SINR of the GSC 2D-Rake receiver that selects and combines L . strongest

paths can be represented as [6]
Le . 2
(Z §I:L>
I=1

Vesc = —. (6.53)
A- Z{l;L"‘Lc'B
i=1
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Furthermore, conditioned on {Z;, |1 =1, 2, ..., L¢}, the BER can be obtained by
using
ISe,GSC()’}GSC) = Q(\/ ?GSC) (6-54)

Therefore, when the L. strongest paths are selected and combined by the GSC 2D-
Rake receiver, the average BER can be obtained by averaging conditional BER (6.54)
over the joint PDF of the selected fading paths in (6.50), i.e.

"<Lc>
Peasc = PeGSC(VGSC) Pz ot Ero
Cen o

'(Cl:L7 Lot 7CLC;L)‘d§1:L'd§2:L"'d§LC:L

L o0 o0 o0 N ~ “Le
=Lc!-(L>-/ f Y N TR S N T
c 0 Sl Sl
Le Le
~1_[§|;|_-9Xp <_ §I:L)
=1

. . ho
'Q|:(Z§|L>/( Z L+Lc'B) :|'d§1:L'd§2:L"'d§|_c:L
=1 I=1

(6.55)

6.3.4 Gonventional Rake receiver without TD-STBC

Since only one transmit antenna is deployed at the base station, the structure of
the transmitter is the same as the branch of the first transmit antenna shown in the
Figure 6.1, thus, the transmit signal is similar to that given by (6.1), i.e.

00 K
Six(t) = ) |:\/ Ecamx - p_b(K, [n/NJ)- Sa(k, n) +/9Ec 17y - Sp(n):|
n=—co k=1
g (t—nTy) (6.56)

where it is also assumed that there are K active CDMA users and a common pilot
channel, thus, a total of K + 1 different spreading code sequences are needed. Similarly,
the discrete tap-delay-line channel model is characterized by

L
hime(t) = ) hay-8(t — @) (6.57)
1=1
Thus, the received signal at any one mobile station can be represented as

L
Firx(t) = Z hii - Sirx(t — @) + n(t) (6.58)
=1
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By sampling the output of the pulse-matching filter, the received signal during the mth
symbol interval can be obtained as

K L
Gir(m. n) = D > /Ecarc Sa (K, MN +n =[5/ Te]) - bk, m) - hy(m)

k=1 1=1
L

+ Z\/ gEc,lTx ! Sp (mN +n— |_T| / TCJ) : hl,l(m) + ﬂ(m, n) (6-59)
1=1

where n =0,1,..., N —1; and b(k, m) stands for the data bit of the kth active user
transmitted during the mth symbol interval; hy(m) represents the fading coefficient
of the Ith resolvable path of the channel between the transmit and receive antenna
in the mth symbol period; and n(m, n) is the sampled AWGN in the mth symbol
period.

It is assumed that the chip timing synchronization is perfect and the local despreading

code sequence is locked to the ith (T =1,2,...,L) resolvable path. During the mth
symbol period, the pilot channel at the Ith path can be despread from (6.59) as follows:
N-—-1
Mparx(M, 1) = ) Uirx(m, n) - SgMN +n — |7/ Tc) (6.60)
n=0

L
= JOEcime- N -hyim) + Y /Ec iy - Rop(m; 1, 1) - hyy(m)
¢,1Tx 1,0 IZ:; ¢, 1Tx p.p 1

140

K L
+ Z Z\/ Ecitx - Rap(m. k; 1, 1) - b(k, m) - hy (M) + np(m, )
k=1 1=1

14
where the background AWGN component 7,(m, 1) is defined as
N—-1
Mp(m. ) =Y n(m, n)- S;(mN +n — 7/ TcJ) (6.61)
n=0
In addition, two discrete aperiodic correlation functions of two different spreading
code sequences with the length of N are defined as, respectively,
N—1
Rpp(m;1,1) = Z Sp[MN +n— 1[5/ Tc]]- SgIMN +n — 7/ Tcl] (6.62)
n=0
. N—-1
Rap(M. ki1, 1) =Y " sglk. mN +n— 7/ TcJ]- S;IMN +n — |5/ TeJ]]  (6.63)
n=0

Similarly, when | =1, Rqp(m, k;1,1) = 0. Otherwise, when | # 1, both R ,(m; 1, T) and
Ra,p(M, k;I,T) are modeled as i.i.d. random variables with zero mean and variance
Var{Rpp(m; 1, 1)} = Var(Rqp(m, k;1,1)} = N.

Again, the first user (k = 1) is assumed to be the desired user. The receiver structure
is the same as shown in Figure 6.2 but without the STBC decoder. Assuming perfect
chip timing synchronization and that the local despreading code sequence is locked to
theith (I = 1, 2, ..., L) resolvable path, the data channel of the first user at the ith path
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is despread during the mth symbol period as follows:
N—-1
Paar(m, ) = Gir(m. n) - S5(L MmN +n — [5/ Tc)) (6.64)
n=0

L
= raam(m, 1) + Y /9 17¢ - Roa(m; 1) - hai(m)
1=1

141
where rgq 11x(m, 1) is given by (5.82) and Ry.q(m; |, T) is the N-length discrete aperiodic
correlation function of two different spreading code sequences, given by
N—-1
Rpa(m;1,1) =) Sp(mN +n — [/ Tcl) - Sj[1. mN +n — left| 7/ Tc]]  (6.65)
n=0
Similarly, it is assumed that Rpq(m;l, 1) has the same properties as those of
Rd,p(m, k; 1, 1) in (6.63). Therefore, conditioned on the relevant data bit and the channel
fading coefficient of the Ith path during the mth symbol period, the mean and variance
of F4.17x(m, I) are given by, respectively,

E{fgimx(M, 1)} = /Ecamx - N -b(1, m) - hy (m) (6.66)
Var{f g 11¢(m, 1)} = E{[Fa.1m(m, ) — E{fa.17(m, D)}] (6.67)

[Paarx(m, 1) — E{fa.ame(m, D)%)
= Ecimx-N -(g+K)~(L—1).2(;2+N %

Based on the despread pilot signal in (6.60), the initial estimate of the channel coef-
ficient at the Ith resolvable path during the mth symbol period can be manipulated as
follows:

Fparx(m, 1) = rpame(m, 1) (6.68)

1
N - vV gEc,lTx

1 & .
= hy(m) + - > Ropm; 1 1) - hyy(m) + N

1
vV g Ec,lTx

-1p(m, T)
1 K L R
N \/gzz Rap(m, k;1,1) - b(k, m) - hy (m)
k=1 1=

140

+

Similarly, conditioned on the channel fading coefficient at the ith path in the mth symbol
period, the variance of the initial channel estimate ', 11.(m, I) is given by

Var{fp (., 1)} = E{[Fp.r(m, 1) — E{Fp.17x(m, 1)}] (6.69)
[Poarx(Mm, 1) — E{fp.arx(m, 1)}17)

1 Mo

=—.@g+K)-(L-1)-202+ —"— .=

gN (© ) ) gN - Ecitx 2
It is noticed that the above initial channel estimates with the assistance of pilot trans-
mission suffer not only from the background AWGN, but also from the multiple access



184

High-speed wireless communications

and multipath interference resulting from the data channels of all simultaneously active
users as well as the pilot channel. It is seen that the variance in (6.69) is equivalent to
the variance in (6.20) under the assumption of constant total transmit power. Thus, from
the statistical perspective the channel estimation scheme in the conventional DS-CDMA
system with only one transmit antenna suffers from as much MPI as that for the channel
estimation scheme adopted in the system with two transmit antennas and TD-STBC.

For the slow fading channel, it is assumed that the channel coefficient hy | (m) remains
invariable during several consecutive symbol intervals, thus an Np-tap lowpass filter is
used to improve the accuracy of the pilot-assisted channel estimation. In other words,
the improved channel estimation can be obtained through time averaging,

- 1 ) )
hyj(m) = - > Pparx(m. 1) (6.70)
me®

where any one of the example sets given by (6.22) or (6.23) might be adopted as the
timing average window. Assuming that the noise and interference terms in successive
fp,17x(m, 1) with different m are independent from each other, one obtains

E{hy (M)} = E(Fpamx(m, 1)} = hy (m) (6.71)

. 1 .
Var{h, j(m)} = N_p - Var{f p 1rx(m, 1)} (6.72)

With respect to the ith resolvable path, the branch random variable of the estimated
data bit of the first user in the mth symbol period can be constructed through coherent
reception as

dime(m, 1) = Pa.arx(m, 1) - A%, 5(m) (6.73)

Since the data bits from K active users and the discrete aperiodic correlation functions
of two different spreading code sequences are independent random variables, f 4 17x(m, )}
and ﬁl’f(m) are independent from each other. Moreover, the branch random variable of
the estimated data bit dy7.(m, 1) is the sum of many independent random variables and
can be approximated as a Gaussian variable conditioned on the channel fading coefficient
at the Ith path, h, j(m). Therefore, the conditional mean and variance of dyrx(m, 1) are
derived as follows, respectively:

E{dir(m, 1)} = E{fa.1rx(m, D)} - E{A*; 1(m)}
= /Eoare - N -b(L, m) - |hyi(m)[? (6.74)
Var{dyr(m, 1)} = [E{Fq ar(m, D)1 - Var(h*, j(m)} + [E{R*, ;(m)}[* - Var(f g ame(m, 1)}

+ Var{fg 1r(m, 1)} - Var{ﬁ*lj(m)}

N (14 ) [Beamc @4 00 (20242 |y

2
Mo

+——  |Eam(@+K)-(L—1 -202+—] 6.75

N [c,m @+K)-(L=D-20°+2"| (679
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After despreading at each path, a conventional Rake receiver is used to combine the
signal energy from L. (L. < L) selected paths. This can obtain the path diversity gain

benefiting from DS-CDMA merits.

EGC Rake receiver

The EGC Rake receiver selects and combines signals of the first L arriving paths among
the L available resolvable paths. Assuming that the fading of each path is mutually
independent and the decision random variables in distinct branches are independent
from each other, the output of the Rake combiner can be represented as

Lc .
dirx(m) =) diru(m, 1) (6.76)
=1

When L = L, the signals from all resolvable paths are combined. The decision vari-
able di1¢(m) is a Gaussian variable with the conditional mean and variance given by,
respectively,

LC
E{dirx(m)} = Z E{dimx(Mm, 1)} = /Ecarx - N -b(L, m) - &1y (6.77)
=1

Lc ~
Var{dirx(m)} = ) Var{dir(m, 1)} (6.78)
1=1

1 n
= N . <1+g—NP) : I:EC,]_Tx(g"‘K)(L—l)ZO’Z—"?OiI 'ngX

P
gNp - Eca1x
where ¢;1, is defined as in (5.96). It can be observed that the variance in (6.78) will
reduce to the expression of (5.95) when the parameter Np — oo and g < K. In other
words, when the number of taps of the LPF tends to infinity, the perfect channel estima-
tion is roughly achieved under the assumption of static channels. Therefore, the system
performance will approximate to the corresponding results presented in Section 5.3.4.
Therefore, conditioned on the instantaneous fading channel amplitudes of the multi-
paths, the BER can be obtained by [1], [2]

2
: [Ec,lTx (g+K)-(L—-1)-202 _,_%]

Etdarmy’ ]
p Fim) = il
ecc.1Tx(C1m) = Q H:Var{dnx(m)} i| ]
~2 1/2
~0 A {1mx (6.79)
AxTx - §11x + Le - Bitx
where, by the definitions,
R 1 Lc
C1tx = 292 Z lhyi(m)[? (6.80)
S

1 1 N
Am= (5 + o) [(%K)'(L_l”zn,m] (6.61)

N T2
Bitx = (g+K)-(L—-1)+ =< :| (6.82)

|
gNp- N2 2y 17x
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where y, 11 is the average SNR per bit defined in (5.103) and rewritten here:
2Eci1x- N -0?

Mo
Since the channel fading coefficient, hy ;(m), is an i.i.d. complex Gaussian distributed

random variable, the normalized random variable Zm in (6.80) follows a chi-square
distribution with 2L degrees of freedom, and its PDF is given by

VbaTx = (6.83)

¢ — 1 oLt — i1
p;,m(cm)—r(l_c) Citx € (6.84)

Therefore, the resultant BER can be obtained by averaging the conditional BER
Pe.ecc.1mx(C11y) in (6.79) over the PDF of 1, in (6.84), i.e.

Beir = /0 Becocam(E1m) - Ps reErne) - 6 1rx (6.85)

00 22 1/2
1Tx ~ n
= . pA K d y
/(.; Q [(AlTX'é‘lTx_FLC'BlTx) } C,lTX(ClT ) é‘lT

1 o y2
. . ch—l'e—y d
r (LC) /(; Q (\/AlTx -y + Le- BlTx) y

Again, let us review and compare this with the EGC 2D-Rake receiver discussed in
Section 6.3.2. When hy ;(m) = hy(m)and E¢.17x = 2E., itisnoticed that the conditional
BER performance of the EGC 2D-Rake receiver given by (6.35) degrades to the BER
of the conventional EGC Rake receiver in the CDMA system without TD-STBC given
by (6.79).

Generalized selection combining Rake receiver

The GSC Rake receiver is exploited to adaptively select and combine the signals from
the L paths with highest SINR among the L available resolvable paths. Conditioned
on the channel fading coefficient of the Ith path, the instantaneous SINR of the branch

decision random variable dAlTX(m, )(I1=1,2,...,L) in the Ith resolvable path can be
induced from (6.74) and (6.75) as follows:
~ 2 ~2
E{d N
Prame = = lrmdm DI flar (6.86)

Var{dir(m, 1)} Asrx- &pa7y+ Le - Birx

where, by the definition,

C1a1x = = - Iha(m)[? (6.87)

202

It can be proven that the variable 7, ;1 in (6.86) is the monotonously increasing
function of the variable E,,m in (6.87). Therefore, selecting the paths with highest
instantaneous value of EI.lTx is equivalent to selecting the paths with highest instanta-
neous SINR 7, 11y MOIEOVET, {1, 17y = Lo a7 = -+ = CioL a1y are defined as the
order statistic of the variables, obtained by arranging {é:|,1Tx [1=1,2,..., L} in
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descending order of magnitude. Similarly, the joint PDF of the order statistic variables
[41, [5] ¢.Lax (1 =1,2,..., L¢) isgiven by

S ELC:LleX(El:L,lTxv é:z:L,lTx» cees ELC:L,lTx)
L : L-Le ks - (6.88)
= Ll < > ’ [FEIlTx(é-LC:L7lTX)] 11 pELlTX(;I:L,lTx)
Le ' I=1
where the relevant PDF and CDF of the variable E,’m in (6.87) are given by, respectively,
Pz e (€111 = €Xp(—Z ) 17%) (6.89)
FZl.lTx(ELlTX) =1- exp(_gl,lTx) (6.90)

It is assumed that the channel fading along multiple paths are mutually independent
and that the decision random variables in distinct branches of the Rake receiver are inde-
pendent from each other. Similarly, based on the branch SINR in (6.86) and conditioned
on the random variables {EkL,lTX [1=1,2,..., L¢} of the selected paths, the total out-
put SINR of the GSC Rake receiver that selects and combines L. strongest paths can be

represented as [4]
Lc . 2
<Z Cl:L,lTx)
I=1

Vesc.atx = L . (6.91)
AliTx - Z gI:L,lTx + Lc¢-Birx
1=1

Furthermore, conditioned on {;.. 11x | | =1, 2, ..., L}, the BER can be obtained by

I’:\)e.GSC()’)GSC,lTX) = Q( )’)GSC,lTX) (692)

Thus, after the L strongest paths are selected and combined by the GSC Rake receiver,
the average BER can be obtained by averaging the conditional BER in (6.92) over the
joint PDF of the selected fading paths in (6.88):

.l 0o oo S
. ~
Pe,lTx - / ﬁ U /: Pe,GSC(VGSC,lTx) ’ pgl:L,lTxx CoL ATy S Leil aTx
0 CleL aTx Co1Tx

(CrLatee C2Latxe -0 Croratx) 91 o A8 1w - A8 o a7x

L oo oo o0 N L—Lc
= Lcl : < L ) : / /: o ﬁ [1 - exp(_CLc:L,lTX)]
¢ 0 CLeil aTx CoLatx

Lc
2 <— Z Cl:L,lTx)
I=1

LC LC %
Q (ZCl:L,lTx)/(AlTx'ZChL,lTx‘i‘Lc'BlTx>
I=1 I=1

. dé’:l:L,lTx . dEZ:L.lTx e dELC:L,lTx (6-93)
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Figure 6.3 BER comparison of EGC 2D-Rake receiver with imperfect channel estimation and
ideal CSl available.

Numerical results and discussion

In this section, the BER performance of the DS-CDMA system with TD-STBC and the
effect of parameters on the system performance are numerically evaluated for different
system configurations. In order to demonstrate the spatial and path diversity gain provided
by the 2D-Rake receiver, the total transmit power is restricted as constant, irrespective
of the number of transmit antennas and the number of resolvable multipaths. Therefore,
the parameter of SNR per bit per antenna per path ;7p in (6.37) is used to calculate
BER while the SNR per bit y,, in (6.39) is used to plot the performance figures. Unless
noted otherwise, the number of resolvable multipaths L = 6, the number of active users
K = 10, the spreading factor N = 128, the power ratio of pilot to data channel g = 3dB
and the number of taps of LPF adopted Np = 4.

BER performance of the 2D-Rake receiver

In Figure 6.3, the BER of the EGC 2D-Rake receiver is illustrated versus the average
SNR per hit y,, for different number of Rake fingers, i.e. L, =1, 3, 6, respectively.
For comparison, the BER results of both imperfect channel estimation and ideal CSI
are shown. The latter is discussed in Chapter 5. It is clearly seen that the Rake receiver
improves the performance for both imperfect channel estimation and ideal CSI when the
number of fingers increases. However, the improvement in BER for imperfect channel
estimation is not as much as that for ideal CSI. A similar trend in BER can be seen and
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Figure 6.4 BER comparison of GSC 2D-Rake receivers with imperfect channel estimation and
ideal CSl available.

the same conclusion can be obtained from Figure 6.4 when GSC is used instead of EGC.
In order to clearly show the difference of BER performance between EGC and GSC, the
two idle curves (L. = 3) from both Figures 6.3 and 6.4 are placed into Figure 6.5. It can
be seen that the GSC outperforms the EGC. However, the cost of this out-performance
is more implementation complexity.

Figure 6.6 shows directly the BER performance of the full (i.e. L = L = 6) GSC or
EGC 2D-Rake receiver under perfect and imperfect channel estimation for a different
number of active users. It can be seen that the gap in BER between the imperfect channel
estimation and ideal CSI decreases when the number of users increases. However, the
required SNR to achieve a desired BER actually increases with K, therefore the accurate
channel estimation becomes increasingly more important as more users are involved.
From Figures 6.3-6.6, it is seen that the BER performance is significantly degraded due
to the imperfect channel estimation.

In Figure 6.7, the BER of both the EGC 2D-Rake receiver and the conventional EGC
Rake receiver are illustrated versus the average SNR per bit y, for different numbers of
Rake fingers, i.e. Lc =1, 2, 4, 6. By comparison of the dotted and solid-line curves,
it is observed that even for the imperfect channel estimation, the TD-STBC provides
significant spatial diversity gain with respect to the BER.

In Figure 6.8, the BER of the full 2D-Rake receiver is plotted versus the number
of resolvable multipaths L for various numbers of users. The concerned average SNR
per bit , = 10dB is in the middle of the noise-limited range and no LPF is adopted.
When the total bandwidth (and L) increases, the SF increases as 64L since the data
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Figure 6.5 BER comparison of EGC and GSC 2D-Rake receivers with L. = 3 for both
imperfect channel estimation and ideal CSI available.
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Figure 6.6 BER of full GSC/EGC 2D-Rake receiver with different number of users for both
imperfect channel estimation and ideal CSI available.
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Figure 6.7 BER comparison of EGC 2D-Rake receiver with TD-STBC and conventional EGC

RAKE receiver with only one transmit antenna for imperfect channel estimation.
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Figure 6.8 BER of full 2D-Rake receiver versus the number of resolvable multipaths with fixed

data rate for imperfect channel estimation.
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Figure 6.9 BER of full 2D-Rake receiver with a different quality of channel estimation.

rate is fixed. On the other hand, since the total transmit power remains constant, the
power in each resolvable path decreases. Therefore, as L increases, the system benefits
from increased processing gain and increased multipath diversity, but suffers from larger
channel estimation error and more MPI. From the convex-cup shape of the curves, the
trade-off between increased multipath diversity and less accurate channel estimates is
shown and a varying optimal L for different system scenarios can be observed. Because
of the fixed data rate, transmitting with a bandwidth greater than the optimal bandwidth
results in not only increased BER, but also reduced spectral efficiency.

Effect of system parameters on BER performance

Figure 6.9 illustrates the BER of the full (i.e. L =L = 6) GSC or EGC 2D-Rake
receiver for various numbers of taps, i.e. Np = 1, 2, 4, 16. It can be seen that the sys-
tem performance can be improved significantly when Np increases in a static (or slow)
fading channel. This is because increasing Np means improving the quality of the
channel estimation. As the number of taps of LPF increases, the resultant BER per-
formance for imperfect channel estimation tends asymptotically to that for the ideal CSI
scenario.

Figure 6.10 shows the BER of the full 2D-Rake receiver versus the number of taps
of LPF with different number of users when the power ratio of pilot to data channel is
g = 0dB and the average SNR, 7, = 20dB. It can be seen that for a given K, when
Np increases from a small number, the performance of imperfect channel estimation
improves significantly. However, further increasing Np only improves the performance
slightly, e.g., increasing Np beyond 20 improves BER performance insignificantly.
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Figure 6.10 BER of full 2D-Rake receiver versus the number of taps of LPF with a different
number of users.

Figure 6.11 illustrates the BER of the full 2D-Rake receiver versus the power ratio
g with different numbers of active users. The number of taps of LPF is Np = 4 and
v, = 20dB. It can be observed that from the BER perspective an optimal power ratio
g exists for a given K and increases as the number of active users increases. This is
because when the number of users is large, the multiple access and multipath interference
increases with respect to the pilot channel. In order to maintain the quality of channel
estimates, more pilot power is needed. For K = 10, the optimal power ratio g is around
3 dB. Therefore, this implies that the BS should adjust dynamically the power ratio of
the pilot to data channels according to the number of total active system users.

In Figure 6.12, the system capacity (number of active users, K) is demonstrated versus
the power ratio g for the full 2D-Rake receiver. The average SNR per bit is y, = 20 dB.
Foragiven BER, it is also observed that an optimal value of g exists but it is rather diverse
for different BER levels. From the system capacity perspective, the optimal value of g
slightly decreases when the value of the given BER decreases.

Furthermore, in Figure 6.13, for the full 2D-Rake receiver the average optimal power
ratio 9op: defined in (6.47) is plotted versus the number of taps of the LPF with different
numbers of active users. Again, the average SNR per bit is large, i.e. y, = 20dB. It can
be seen that the optimal value, 9o, decreases monotonously as the number of taps of
LPF increases. This is because increasing Np can improve the channel estimation so that
the transmit power of the pilot signal can be proportionally reduced to maintain a given
channel estimation quality. Moreover, the optimal ratio gy increases as the number of
active users increases. This is consistent with Figure 6.11.
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Figure 6.12 Number of active users versus the power ratio g with different BER for full
2D-Rake receiver.
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Finally, in Figure 6.14, the system capacity (number of active users, K) is demonstrated
versus the number of taps of LPF with different values of BER for the full 2D-Rake
receiver. The average SNR per bit is also y, = 20dB. It can be seen that the system
capacity is significantly increased when Np increases from a small number. However,
further increasing Np only improves performance slightly, e.g., increasing Np beyond
20 improves system capacity insignificantly. This is consistent with Figure 6.10. On the
other hand, the relatively large BERS can be actually reduced to acceptable levels by using
channel coding (e.g. convolutional or Turbo coding). That is, the system performance
can be significantly improved by taking advantage of LPFs with a large value of Np in
conjunction with proper channel coding.

Summary

In this chapter, the downlink BER performance of CDMA systems with and without
TD-STBC is investigated for imperfect channel estimation. Without demand for addi-
tional spreading code sequence, a pilot-signal-assisted channel estimation approach is
exploited. Both EGC and GSC 2D-Rake receivers are investigated. It is shown that the
imperfect channel estimation degrades significantly the performance of the TD-STBC
system. Furthermore, the LPF can be employed to increase the accuracy of channel esti-
mates, thus improving the BER performance under the slow fading channel scenario.
The following conclusions are drawn:

(1) Both the EGC and GSC 2D-Rake receivers with imperfect channel estimation also
improve the system performance significantly when the number of fingers increases.
However, GSC outperforms EGC. Moreover, the improvement in BER for imperfect
channel estimation is not as much as that for ideal CSI.

(2) When the number of taps of LPF, Np, increases from a small number, the BER
performance, as well as the system capacity, for imperfect channel estimation can be
improved significantly. However, further increasing Np only improves performance
slightly. For example, increasing Np beyond 20 improves BER performance and
system capacity insignificantly.

(3) From the BER perspective, the optimal power ratio of the pilot to one data channel
increases as the number of active users increases. For K = 10, the optimal power
ratio g is around 3 dB. From the system capacity perspective, an optimal value of g
also exists but is rather diverse for different given BER levels.

(4) When the total transmit power remains constant, there exists an optimal spread
bandwidth for the DS-CDMA system with TD-STBC.
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QAM with antenna diversity

The coherent MRC reception of PSAM MQAM systems with antenna diversity is stud-
ied in this chapter. A general fast time varying fading channel model is assumed. Pilot
symbols are periodically inserted during the transmission of data symbols, which are
used to track the time varying fading, and to provide channel estimation for data deci-
sions at the receiver. Based on a digital implementation, a coherent demodulation scheme
is presented. Channel estimation error due to fast fading and additive noise is studied.
System performance is evaluated in terms of BER. The analysis shows that in perfect
channel estimation cases, with the antenna diversity technique, the BER performance
improves significantly, and higher-order QAM can be employed for higher throughput.
It is also found that inaccurate channel estimation limits the benefit of diversity when
the modulation order is large. By increasing the length of the channel estimator and
the amplitude of the pilot symbol, more accurate channel estimation can be achieved,
so that the BER performance is improved. Moreover, when the Doppler frequency is
less than 1/2ST, where S is the number of symbols per time slot and T is the sym-
bol duration, the performance is flat since the channel estimator is robust to fading
rate.

Introduction

During the past several decades, MQAM has been considered for high rate data transmis-
sion over wireless links due to its high spectral efficiency [1-4]. To achieve best system
throughput, higher-order MQAM can be employed in good channel conditions, e.g.
when the received signal power or SNR is high. Moreover, due to the poor performance
of higher-order modulations in fading channels, especially in low SNR cases, antenna
diversity is employed in this chapter to improve the BER performance. In this chapter,
PSAM (pilot symbol assisted modulation) is adopted, where pilot symbols are periodi-
cally inserted during the transmission of data symbols. The received pilot information
can then be used to provide channel estimation for data decision at the receiver.

In this chapter, a coherent MRC receiver for PSAM MQAM systems with antenna
diversity is studied. In particular, the channel estimation error is analyzed in fast fading
channels, which leads to a better understanding of the nature of the channel estimation
error. The BER performance has also been evaluated with different system parameters,
such as the parameters of the channel estimator (the length of the channel estimator and
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Figure 7.1 Block diagram of the transmitter and receiver for MQAM systems.

the amplitude of the pilot symbol), the Doppler frequency, the modulation order and
the antenna diversity order, etc., for insightful study of the effect of imperfect channel
estimation on the system performance.

This chapter is organized as follows. In Section 7.2, the transmitter model, channel
model and receiver structure are presented. An analytical BER expression in the presence
of channel estimation error is given in Section 7.3. Numerical results are discussed in
Section 7.4. Finally, conclusions are drawn in Section 7.5.

7.2 System models

A block diagram of the transmitter and receiver of MQAM systems is shown in
Figure 7.1.
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Table 7.1 The input/output relationship of the gray coder for MQAM

2-bit gray coder for 16-QAM (d = /2/5)

Input bits (code word gog1) 00 01 11 10
Output +/M-AM symbol —3d —d d 3d
Symbol label (bgb;) 0 (00) 1(01) 2 (10) 3(11)

3-bit gray coder for 64-QAM (d = /1/7)

Input bits (code word gog1gz) 000 001 011 010 110 111 101 100

Output +/M-AM symbol —7d —5d —3d —d d 3d 5d 7d
Symbol label (bobyby) 0(000) 1(001) 2(010) 3(011) 4(100) 5(101) 6(110) 7 (111)
7.21 Transmitter model

As shown in Figure 7.1, the data stream in the transmitter is first fed into an MQAM map-
per. Atthe MQAM mapper, the data bit stream is split into the in-phase (I) and quadrature
(Q) bit streams, which are separately Gray coded as +/M-amplitude modulation (AM)
signals and mapped to complex symbols.

The transmitted MQAM symbols are defined as

D (k1, ko) = £(2ky + 1)d = j(2ko + 1)d, ke ko € {0, 1, ..., vVM/2 — 1} (7.1)

where the in-phase and quadrature parts of the complex MQAM symbol are from
the set {+d,+3d,...,+(+/'M —1)d}, and in order to guarantee equal average
energy per bit for fair performance comparison with different modulation order, d =
J/@Blog, M)/2(M —1).

The Gray coding procedure for each ~/M-AM signal is as in [4]: sort elements in the
set{+d, +3d, ..., =(v/M — 1)d} inascending order; then label them with integers from
0to ~/M — 1; and finally convert the integer labels to their binary form. For the kth sym-
bol corresponding to the element (2k + 1 — v/M)d, wherek = 0,1, ..., v/M — 1, let-
ting its (log, M) /2-digit binary equivalently be bg kb1 . . . blog%Mil’k, one obtains bj y =
| k2008 M/2=1=1] ‘mod 2 for i =0,1,..., (log, M)/2 — 1. Then the corresponding
Gray code gokJ1k - - - U(log,M)/2—1.k IS given by [4]

Jok = bok

. log, M
Oik =Dbix ®bi_1x i =1,2,...,L

2

. (12)

where @ represents modulo-2 addition. The relationship of the input and output of the
encoder is listed in Table 7.1 for M = 16 and 64 with constellations shown in Figure 7.2.

In PSAM systems, pilot symbols are periodically inserted. The time-multiplexed pilot
symbol Dpjjot is known to the receiver. As shown in [2], a pilot symbol is inserted between
every S — 1 data symbols, by which an S-symbol slot is formatted.
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Figure 7.2 The MQAM constellation. (8) M = 16 (d = +/2/5), (b)) M = 64 (d = /1/7).

7.2.2 Channel model

In an L-order antenna diversity system, it is assumed that the channel for each receiver
antenna is an independent flat-fading channel at a rate much slower than the symbol rate,
so the channel remains constant over one symbol duration. For thelth(l =0,1,...,L —
1) antenna, the phase 6;(t) is a random variable uniformly distributed in [0, 27), and the
fading amplitude ¢, (t) is a Rayleigh random variable with probability density function
(PDF) [5]

plea() = ZEe /), () = 0 73
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where ) is the average fading power. Assuming that an equal power fading channel,
Q, is the same for different |, i.e. Q; = 2, then the auto-correlation of the channel is
represented by [5]

E{a(t)e!® (o(r)el™) "} = @ Jo(2r fo(t — 7))8(1 — 1) (7.4)

where fp is the Doppler frequency of the communication environment, Jo(-) is the
zeroth-order Bessel function, and 8(I — 1) is equal to 1 when | =1, and zero otherwise.
6i(t) and ¢ (t) are assumed to be independent for different I.

Coherent receiver structure

Assuming perfect carrier and symbol timing synchronization, the baseband signal at the
output of the matched filter for the Ith antenna and the mth symbol(m =0, 1,...,S — 1)
transmitted in the nth slot (n = 0, 1, ...) may be written as

n(nS +m) = (nS + m)els™S+*MpPns + m) + Nj(nS +m) (7.5)

where D(nS + m) is the transmitted data/pilot symbol, & (nS 4+ m) = 6,(nS + m) + 6y is
the residue phase due to the fading channel 6;(nS + m) and the phase difference between
the oscillators of the transmitter and the receiver 6y, and Ny(nS 4+ m) is the background
complex AWGN with double-sided power spectral density No/2.

Without loss of generality, it is assumed that the nSth symbol is the received pilot
symbol. From (7.5), the desired signal component (the first term on the right-hand side)
is related to the fading gain oy(nS + m) and phase &(nS + m). If the fading gain or
phase is estimated incorrectly, the improper coherent operating and scaling can lead to
incorrect MQAM de-mapping even in the absence of AWGN from the wireless channel
[2]. Thus, reliable communication in MQAM systems requires accurate fading estimation
and scaling techniques at the receiver.

A coherent MRC receiver with pilot symbol assisted channel estimator is employed.
The pilot symbol assisted channel estimator provides the estimated fading gain and
phase to eliminate the phase rotation and scale the output signal. Channel fading param-
eters are extracted by dividing the output of the complex matched filter for the pilot
symbol by the known complex pilot symbol. In PSAM systems, since the fading is
time-variant, fading parameters in the pilot symbol duration are not the same as those
in the other data symbols’ duration. Moreover, the received signal suffers from AWGN.
Thus, channel estimation error is caused because of the time varying fading param-
eters and AWGN. Several channel estimation algorithms have been proposed in [2],
[3], including the optimum Wiener filter interpolation, low-order Gaussian interpola-
tion (up to second order) or lowpass sinc interpolation. In general, all of them can be
regarded as an FIR lowpass filter (LPF) with different sets of filter coefficients. In this
chapter, the BER performance will be calculated with a general FIR lowpass filter of
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W taps. Channel estimation for the mth data symbol transmitted in the nth slot duration is
given by

LW/2) fiapr (0 + tap)S)

f(nS+m) = Do
1o

tap=—[(W—1)/2]
(w/2]
= > fge((n+tap)s)el(Rs)
tap=—[(W-1)/2]

Lw/2) N((n + tap)S)
+ 2: f&——T;f——- (7.6)
tap=—|(W—1)/2] Pilot

Note that the coefficients set { f7 } is different for different m in the slot. So the esti-
mation F(nS + m) varies for different m. As stated in [2], the lowpass sinc interpolation
can approach almost the same performance as the optimum Wiener interpolation but
with less complexity. However, ideal lowpass sinc interpolation is impractical due to the
infinite length of the filter. Considering the truncation effect of the finite length of FIR
LPF for channel estimation, the normalized interpolation coefficients of FIR filter are
defined as

- sinc (% — tap)
N sz/jzj sinc (2 — tapl)

tapl=—[(W-1)/2]

(7.7)

where sinc (x) = S (nx).

X
According to [3], MRC gives the maximum SNR of the combined signal. Therefore,
the scaled output of the coherent MRC receiver for the mth data symbol transmitted in
the nth slot duration is

Z2'(nS +m)
L-1
% Z(n(nS +m)f(nS +m) +r*(nS + m)f(nS + m))
= = — (7.8)
> IA(NS +m)?
1=0
and
Z°(nS 4+ m)
L-1
N > (M (nS + m)FF(nS +m) — (NS + m)iy(nS + m))
= —= (7.9)

=
Y RS +m))®
i=0

which are used to demodulate the in-phase and quadrature channel symbols correspond-
ing to the noise-free MQAM constellation as shown in Figure 7.2, respectively.
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BER Performance analysis
General BER performance formula derivation

Since in MQAM systems the outputs of the in-phase and quadrature channels are sym-
metric, the output of the in-phase channel in the receiver, Z'(nS + m), is studied. The
BER performance is obtained by averaging the conditional BER over all possible MQAM
constellation points in the first quadrant. Moreover, considering the fact that the quality
of channel estimation indicated by cross coefficient p in [2] may be different for different
m@m=1,2,...,S — 1), the BER for a different m in the slot may be different. Thus,
the overall BER for MQAM py, is given by

4 S—1v/M/2—-1VM/2—-1
pbzmz Z p(e/D(nS + m)

m=1 =0 =0

(29 +1)d + j (202 + 1) d) (7.10)

Concerning the conditional probability p (e |[D(nS + m)) in (7.10), it can be easily
evaluated by averaging over all possibilities of the decision variable Z! (nS 4+ m). Itcan
be seen that for the real part of a given transmitted symbol, i.e. D'(nS + m), when
Z! (nS+m) > (M — 2)d, the receiver will detect the real part of the transmitted sym-
bol as (v/'M — 1)d. Then there is Hd((+'M — 1)d, D'(nS + m))-bit error among the
(log, M) /2 transmitted bits being represented by the real part of the transmitted symbol.
Here, Hd(x, y) is the Hamming distance between the code words represented by v'M
-AM symbols x and y. For the Gray coding scheme shown in (7.2), Hd(x, y) can be
expressed as

logy M
=51

Hd(x,y) = Z ik, D ik, (7.11)

i=0

where x = (2ky + 1 — +/M)d and y = (2k, + 1 — +/M)d.
Then, with the same method to evaluate the rest of the possibilities of Z'(nS + m),
the conditional error probability for pe (e |D(nS 4+ m)) can be written as

Pe (6 [D(nS +m))

1 N
=————{Hd((vVM - 1)d, D")p(Z' = (vM —2)d|D
(log, M)/2 (( ) )p(Z2' = ( )d| D)
VM /2-2 )
+ ) Hd(2q+1)d, D)p(2qd < Z' <2(q + 1)d|D)
q=—+v/M/2+1

+ Hd((—vM + 1)d, D")p(Z' < (—v'M + 2)d|D)

(7.12)

where D and Z' denote D(nS + m) and Z'(nS + m) for simplicity of notation, respec-
tively. Therefore, for MQAM, the focus is on calculating the conditional error probability
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of p(Z'(nS +m) < B|D(nS + m)),where B = {0, +2d, ..., £(+'M — 2)d}. Note that
it is a special case of the general quadratic form in Appendix B of [5], where A =0,
B=—-BandC =1/2

Conditional BER performance with imperfect channel estimation

Because of time varying fading and AWGN, the channel estimation #,(nS + m) obtained
by (7.6) is not the real channel information oy (nS + m)elé®S+™ Hence, f(nS + m)
obtained by (7.6) can only be regarded as an imperfect channel estimation determined
by the length of the estimator, the filter coefficients, the value of the pilot symbol, the
Doppler frequency (fading rate), and the additive noise. In this subsection, the BER
performance with imperfect channel estimation f,(nS + m) is derived.

Applying the characteristic function method in Appendix B of [5], with equal fading
power assumption of the fading channel, one obtains

p(2'(nS +m) < BIDMS +m)) = -

(7.13)

where
vy =V v2 + ! (7.14)
l = 0 _ .
O " RyipmstmRepmssm) — |Rreip(nssm) 12
vy =vo+ [vE+ ! (7.15)
2 — Uo .
® " Rripms+m) Reipms+m) — |Rreipms+m) 12
and

Rr#1D (ns+m) T RreiD(ms+m)

2 . (7.16)
Rrib (ns+m) Rejp(ns+m) — IRrfp(ns+m) |

-B RfD (ns+m) +

Vg =

The second moment functions of the received signal rj(nS + m) and the esti-
mated channel information fi(nS + m), Rripns+m), Reipms+m) and Regpms+my can be
expressed as

Rr|D(nS-&-m)

= %E{r.(ns +m)r(nS+m) |D(nS +m)}

1 . . «
— E{E{| D(nS + m)[* e (nS + m)eldHM (g (nS + m)elaOS+m)*}

+ E{Ni(nS + m)N;"(nS + m)}}

QD 2 N
_ 2P+ mE (n2+m)| + 5 (7.17)
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where the desired signal is uncorrelated with AWGN components,
R?|D (ns+m)

= %E{f.(ns +m)f*(nS +m) |D(NS +m)}

Q [W/2] [W/2]
=3 fiap1 fapz Jo(27 fo(tapl — tap2)ST)
tapl=—[(W—1)/2] tap2=—| (W —1)/2]
Lw/2] 2 N
+ fm) 0 (7.18)
2 /2| Dpiot|?

tap=—[(W—1)/2]

where T is the symbol period, fp denotes the Doppler frequency and
1 £k
Retips+m) = 5 E(n(nS +m)fy(nS +m)[D(nS +m)}

QD(nS +m Lw/2]
= ¥ Z ft';‘pJo(anD(m —tap-S)T) (7.19)

2 tap=—[(W-1)/2]

Conditional BER performance with perfect channel estimation

In this section, to investigate the performance degradation due to imperfect channel esti-
mation, BER performance with perfect channel estimation is derived, although it cannot
be achieved in real communication systems due to the fact that no channel estimator can
perfectly estimate the fading parameters.

In perfect channel estimation, the channel estimation #,(nS + m) is assumed to be
the real channel information o (nS 4+ m)el&(S+M _ Assigning 7, (nS + m) with oy (nS +
m)el&80S+M R bns+m) and Reejpps+m) can be replaced with

1 . . Q
Réip(s+m) = EE{r.(nS + m)f(nS+m)|D(nNS+m)} = > (7.20)
and
1 o QD(nS +m
Rr¢ip(ns+m) = 5E{r.(nS + m)f(nS+m)|D(nS+m)} = %
(7.21)

whereas the other second moment function Ry|pns+m) is the same as (7.17).

Numerical results

In this section, the effect of different system parameters (such as modulation, diversity
orders, pilot symbol, length of FIR filter for channel estimation, Doppler frequency,
etc.) on the BER performance of MQAM systems is investigated. The performance
for imperfect channel estimation cases is for systems employing the channel estimator
with (7.6), whereas the performance for perfect channel estimation cases is obtained by
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assuming the estimated channel information £,(nS + m) is the true channel information
o1 (NS + m)el&™S+m - Unless noted otherwise, during the performance evaluation by
simulation or analytical method, the Rayleigh fading power is assumed to be unitary,
i.e. @ = 1, pilot symbol Dpjiot = 1 + j, Doppler frequency fp is 240 Hz at the symbol
transmission rate of 16k symbol/s, i.e. the normalized Doppler spread fp T = 0.015, the
length of the slot S is 16, the channel estimator length W is 15, and the diversity order
Lis2.

First, the BER performance of MQAM systems without antenna diversity is pre-
sented. Figure 7.3 shows the BER performance of MQAM (M = 4, 16, 64, 256) versus
SNR with imperfect channel estimation (Figure 7.3(a)) and perfect channel estimation
(Figure 7.3(b)). To illustrate the accuracy of the analytical results, simulation results are
plotted in Figure 7.3 as well. From the figures, it can be seen that analytical results can
accurately predict the system performance. Moreover, the BER performance improves
as SNR increases. But the relative performance degradation due to imperfect channel
estimation becomes greater for higher SNR cases. This is because in low SNR cases, the
AWGN component seriously corrupts the received signals, which results in poor BER
performance. Moreover, the channel estimation is very poor due to the effect of both
time varying fading channel and serious AWGN. Note that the channel estimation error
resulting from the time varying fading channel, which is contained in the second line
of (7.6), doesn’t change with different SNR. It only dominates system performance in
high SNR cases, where the AWGN effect is slight. Then the residual crosstalk between
the in-phase and quadrature components due to inaccurate channel estimation results in
performance degradation. Since the channel estimation error remains almost constant
when the SNR is sufficiently high, performance curves reach error floors. From the fig-
ure, it can also be seen that the performance of the 256-QAM system is the worst even
with perfect channel estimation. This is because the constellation map of higher-order
QAM is more sensitive than that of lower order modulation, i.e. the minimum Euclidean
distance of constellation points (2d) is smaller for higher-order modulation. Therefore,
for a given SNR, the BER performance degrades as M increases.

Meanwhile, it can be seen from Figure 7.3 that to achieve a BER performance of about
10~2, which is acceptable with the help of the forward error correcting code (FEC), the
average SNR per bit should be greater than 17 dB, 20dB and 25dB for 16-QAM, 64-
QAM and 256-QAM with perfect channel estimation, respectively. In imperfect channel
estimation cases, however, extra SNR per bit should be invested, e.g. the required SNR
are at about 23dB and 29dB for 16-QAM and 64-QAM, respectively, while for 256-
QAM, the SNR should be greater than 30 dB. This implies that more SNR per bit should
be invested as M increases.

As discussed above, in imperfect channel estimation cases, higher SNR is required for
higher order modulation, e.g. 16-QAM, 64-QAM and 256-QAM. To improve the system
throughput, and to employ higher-order QAM in lower SNR cases, antenna diversity
is employed. Theoretically, the performance improves with the increase of the diversity
order in perfect channel estimation cases. Here, to investigate the effect of the imperfect
channel estimation on the performance for MQAM systems with antenna diversity,
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Figure 7.3  Analytical and simulation BER performance of MQAM without diversity.
(a) Imperfect channel estimation with FIR channel estimator (7.6). (b) Perfect channel
estimation.
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Figure 7.4 BER performance of MQAM with different antenna diversity order. (a) M = 16,
(b) M = 64, (c) M = 256.

Figure 7.4 illustrates the performance of 16-QAM, 64-QAM and 256-QAM systems
with different diversity orders. It can be seen that the performance improves rapidly with
the increase of the diversity order from 1 to 3, but the improvement becomes slighter
when the diversity order is larger. For a given SNR, the relative performance degradation
due to imperfect channel estimation becomes larger with the increase of diversity order
and modulation order, which indicates that the inaccurate channel estimation limits the
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benefit of antenna diversity. In the case of two antennas, the required SNR are 14 dB,
19dB and 25 dB for 16-QAM, 64-QAM and 256-QAM, respectively. In perfect channel
estimation cases, however, the required SNR significantly decreases to 9dB, 12 dB and
16 dB respectively. This implies that if an advanced channel estimator is employed,
which can provide more accurate channel estimation, the transmission efficiency can be
improved.

Next the effect of channel estimation quality on 64-QAM systems is investigated.
Basically, by increasing the filter length for channel estimation, the channel estimator
approaches ideal lowpass filter with cutoff frequency at 1/2ST, which can track the
time varying fading well. In other words, increasing the filter length means improving
the accuracy of the channel estimation. Meanwhile, by increasing the amplitude of the
pilot symbol | Dpjet|, the relative effect of AWGN can be significantly suppressed. Then
the channel estimation quality is improved. Figure 7.5 shows the BER performance
of 64-QAM versus the length of the channel estimator W with different | Dpjjot| When
the average SNR per bit is 20dB. It can be seen that performance improves with an
increase in W . However, the performance reaches an error floor after W increases to
a balanced point, because after that the AWGN component becomes dominant to the
channel estimation quality. Moreover, by increasing | Dpiit|, performance improves due
to significant suppression of AWGN component with respect to pilot components. From
the figure, it can be found that optimum W is associated with the pilot symbol amplitude.
However, too large a | Dpjot| Will decrease the transmission efficiency due to power loss
for pilot symbols. Therefore, tradeoff should be made between the transmission efficiency
and BER performance.
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Figure 7.5 BER performance of 64-QAM vs. length of channel estimator W.

Finally, the effect of fast channel fading on the system performance is evaluated.
Figure 7.6 shows the BER performance of 64-QAM versus Doppler frequency with
different | Dpjjot] When the average SNR per bit is 20 dB. It can be seen that the perfor-
mance curves are almost flat when the Doppler frequency is less than 400 Hz, except for
the case of | Dpjjot| = 6 dB, where the performance degrades slightly with an increase
in Doppler frequency. This is because, in this case, the AWGN component in channel
estimation error is minor, but a slight channel estimation error due to fast fading still
degrades the system performance. As the performance degradation is acceptable, the
lowpass sinc channel estimator is preferred due to its low complexity. But it can also
be seen that the performance degrades abruptly when Doppler frequency is greater than
400 Hz, because the sinc interpolation method is derived from the Nyquist filter [3],
which requires the sampling rate 1/ST to be greater than double the Doppler frequency
to track the time-variant fading parameters. While, when fp > 500 Hz, 2 fj is beyond
the sampling rate, which is the bandwidth of the ideal lowpass filter. The time vary-
ing channel fading cannot be tracked well and consequently the performance degrades
abruptly. In addition, the requirement for the proposed algorithm will be stricter than
that for the ideal sinc interpolation method, because of the truncation effect of the finite
length LPF implementation for channel estimation. Therefore, as shown in Figure 7.6,
when the Doppler frequency is greater than 400 Hz, performance degradation becomes
significant, and the benefit from larger | Dpjiot| is cancelled out by the failure in track-
ing the fast fading. Thus, it can be concluded that when the Doppler frequency is less
than 1/2ST, the performance is flat due to the robustness of the channel estimator to
fading rate.
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Figure 7.6 BER performance of 64-QAM vs. Doppler frequency.

CGonclusions

In this chapter, the effect of antenna diversity on the BER performance of MQAM
systems in Rayleigh fading channels with imperfect channel estimation has been studied.
Simulation results show that the BER performance of MQAM systems can be accurately
evaluated by the analytical method in this chapter. The main conclusions of this chapter
can be summarized as follows.

(1) QAM is very sensitive to the quality of channel estimation. The performance degra-
dation of higher-order QAM is more serious than that of lower-order QAM. In the
case of perfect channel estimation, to obtain the acceptable BER performance (10~2),
the required SNR per bit for 16-QAM, 64-QAM and 256-QAM are 17dB, 20dB
and 25 dB, respectively. In the case of imperfect channel estimation, however, extra
SNR per bit should be invested.

(2) Antenna diversity is an efficient technique to improve the BER performance of
MQAM systems. With the help of antenna diversity, the required SNR for higher-
order QAM dramatically decreases, especially in perfect channel estimation cases.

(3) The channel estimation error limits the benefit of antenna diversity. If the channel
estimator can provide more accurate channel estimation, the system throughput can
be improved significantly by using higher-order modulation, and the required SNR
decreases. Channel estimation can be improved by increasing the length of the chan-
nel estimator and the amplitude of the pilot symbol. Both should be determined by
balancing the transmission efficiency and BER performance.
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(4) Thelowpasssincchannel estimator can track fading well when the Doppler frequency
is less than 1/2ST. The BER performance is flat in slow fading channels, but it
degrades sharply in fast fading channels due to failure in tracking the varying fading.
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8.1

QAM for multicode CDMA with
interference cancellation

This chapter studies MQAM for downlink multicode CDMA systems with interfer-
ence cancellation to support high data rate services. In the current 3G WCDMA sys-
tems, in addition to multicode transmission, MQAM is employed for HSDPA due to its
high spectral efficiency. In frequency selective fading channels, multipath interference
seriously degrades the system performance. In this chapter, theoretical analysis is pre-
sented to show that with the help of interference cancellation technique, MQAM may be
employed in high SNR cases to increase system throughput. Moreover, it is found that
when using the interference cancellation technique, extra pilot power should be invested
for more accurate channel estimation, and consequently better BER performance can be
achieved.

Introduction

MQAM modulated multicode CDMA is proposed for HSDPA in the 3G standards,
by which the throughput can be increased without extra bandwidth investment. As
mentioned in Chapter 1, the introduction of multicode transmission causes multi-
path interference in frequency selective fading channels due to multipath propaga-
tion delays. In this chapter, a coherent Rake receiver with interference cancellation is
studied.

Moreover, in WCDMA systems, a common pilot channel is used for channel esti-
mation at the receiver. However, channel estimation error occurs since the received
pilot channel signal suffers from the multipath interference and AWGN noise, which
affects the coherent data decision and the regeneration of multipath interference, and
thus degrades the system performance. The effects of imperfect channel estimation
and additive multipath interference on system performance are investigated. The power
ratio of pilot channel to the total transmitted power has been evaluated for better
performance.

The chapter is organized as follows. In Section 8.2, system models are presented,
including transmitter model, channel model and the coherent Rake receiver with interfer-
ence cancellation technique. In Section 8.3, an analytical BER performance is derived.
In Section 8.4, comparison and discussions on numerical BER results are presented.
Finally, some conclusions are drawn in Section 8.5.
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Figure 8.1 Transmitter diagram of a QAM modulated multicode CDMA system.

System model

As proposed in [1], the transmitter diagram of a downlink MQAM modulated multicode
WCDMA system is shown in Figure 8.1. The source data is divided into K streams and fed
into K MQAM symbol mappers before spreading. The complex data symbols, Dy(m),
are multiplied with real-valued OVSF codes, Ci(n), for the channelization operation.
Note that spreading factors for data channels and the pilot channel are N and Npjt,
respectively. The resultant signals, including the signal of a code-multiplexed common
pilot channel, are multiplied by a complex-valued code, S(n), for scrambling. Then, the
scrambled signal is shaped by a chip pulse-shaping filter, ¥(t), and up-converted to form
a transmitted signal.

An L-path fading channel is assumed, whose equivalent impulse response is expressed
as

L-1
h(®) =) an()3(t — n(v)e*® (81)
1=0
where 7(t) is the delay of the Ith path, 6,(t) is the phase, uniformly distributed in
[0, 27), and «(t) is the Rayleigh distributed fading amplitude with fading power of
Q, i.e. E{a?(t)} = . Since a mobile terminal does not move fast for high data rate
transmission, the channel is assumed to be slow fading and remain constant over a few
symbols’ duration. So t is omitted for simplicity of notation.

Although the transmitted signal experiences an L-path fading channel, only the
Lr(Lgr < L) strongest paths are used at the receiver for Rake combining. As shown in
Figure 8.2, the down-converted signal is fed into Lg despreading branches correspond-
ing to the Lg strongest paths. In each branch, the sampled signal after chip matched
filter is descrambled and then passes through K + 1 correlators (for K data channels
and one pilot channel) for despreading. Finally, the despreading outputs are fed into a
QAM Rake receiver with an interference cancellation block, which makes use of the
regeneration property of multipath interference and mitigates the multipath effect. The
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Figure 8.2 Receiver diagram of QAM modulated multicode CDMA systems.

detailed diagram of the QAM Rake receiver is shown in Figure 8.3, where the estimated
channel fading and phase of the sth stage for the ith path, Z A(S) op are used to eliminate
the phase error and achieve MRC with scaling for MQAM symbol demodulation. The
despreading outputs 2(0) are original inputs to all stages for the kth desired code. In
the sth interference cancellatlon stage (s > 0), 2(0) pass through the interference can-
cellation block, where the multipath mterference |s regenerated by using the channel
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Figure 8.3 Detailed block diagram of QAM Rake receiver with interference cancellation.

estimation and data decision in the previous stage. Then despreading outputs after inter-
ference cancellation, zr(sé, are obtained.
Neglecting the high-frequency components, the output of the chip-matched filter for

the Ith path is

(o]

e L-1
ri(n) = ZED D e Y R(g—iT)
1=0

i=—o0

K-1

x <\/BDPilot + > Di(mii)Ck(n — nl,i)) S(—nii) +ni(n)  (8.2)
k=0

where & = 6, — 6 is the residue phase due to the fading channel 6, and the phase dif-

ference between the oscillators of the transmitter and the receiver 6; Ep is the average

chip energy of each data channel; 8 is the power ratio of the pilot channel to one data
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channel; Dx(m) is the mth complex-valued MQAM symbol in the kth code channel,
whose real and imaginary parts are from the set {+d, +3d, ..., +(~+'M — 1)d} with
d = ,/3log,M/2(M — 1); Dpitot = 1+ j is the symbol in the pilot channel for chan-
nel estimation and pre-processing at the receiver; the channelization code for the pilot
channel, Cpilot, as shown in Figure 8.1, is an all-1 sequence; #; is the complex Gaus-
sian random noise with double-sided power spectral density of No/2; nyi = L/ Tc) — i;
mii = [ (W =ni)/N |55 =1 — 15— [(n — 57)/TeJ; T is the chip timing error, where
|x] takes the largest integer no greater than x, and R (T, ;) is the effect of timing error 7, ;
on the output, where R(7 ;) = [ |W(f)[?cos(2r 7, ;)d f [2]. Note that R(iTc) = 1
and 0 for i = 0 and other non-zero integers, respectively. Actually, R (t) is very small as
long as t is greater than a few chip intervals.

Then, the output of the Tth despreading branch for the kth desired code z can be
written as

K 1L—1 co (M+1)N-+nj—1

Z3(m) = szem Y > R(@m;—iT)D(m)

i=—co n=mN+n;
-Ck(n = nii)S(n =y i)Cq(n — np)S*(n —ny)
(M+1)N+nj—1

P Dz @43 Y R@;—iT) D

i=—c0  n=mN+n;

-S(n —ni)Cr(n — np)S*(n — ny)

(M+1)N+n;—1
+ ) mCin —npst(n —ny)
n=mN+n;
U, :m)+UQ m+U© (my+u - e (m) (8.3)
= Yslk pik Pilot.].k AWGN,T.k :

where Uy j ¢ (m) is the desired signal component from the ith path of the kth code,

U, 1£(M) = Nojy/Ep Dy(m)el (8.4)

Obviously, in (8.4), the transmitted QAM symbol is multiplied with the channel fading.
Thus, the effect of channel fading should be compensated before the MQAM symbol
de-mapping. The MQAM symbol de-mapper is accomplished by choosing the symbol
whose constellation point is closest to the input of the de-mapper. So, if the channel fading
gain or phase is estimated incorrectly, the improper phase and/or amplitude compensation
will lead to incorrect MQAM demodulation [4].

In (8.4), Ug,?,ﬁ(m) is the multipath interference from data channels, given by

oo (M+1)N+n;j—1

KlL
U0 m =22 ZZ@IG‘E'Z >
- |¢|

i=—o0 n=mN+n;

-R(7 7 — 1Te) Dk(my i)Ck(n — Ny i)
-S(n —n;)Cr(n — ny)S*(n —ny) (8.5)
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UF(’?I)otI ¢ (m) is the multipath interference from the pilot channel, given by

/BEn L oo (M+1)N+n—1
UF(’?I)ot,I 3 ﬁ : Z el Z Z R(7 i — i Tc) Dpilot

I#I i=—00 n= mN+n|

-S(n = npi)Ci(n —np)S*(n —ny) (8.6)
Uawen i k(M) is the noise component, given by
(M+1)N-+nj—1
Uawen,i k(M) = Z n(n)Ce(n —np)S*(n —ny) (8.7)
n=mN-+n;

In the sth stage (s > 0), the mulitpath interference from the data channels and the pilot
channel are regenerated with tentative data decision and the estimated fading obtained
from the previous stage. The regenerated interference terms are

co  (M+1)N+n;j—1
~(s) vﬂ D 56-D)
U ”(m Z 1,Pilot Z Z

PiloL.Lk i=—co n=mN+n;
|¢|
“R(7y § — i Te) Dpitot S(N — Ny i)Ci(n — np)S*(n — ny) (8.8)
and
oo (M+1)N+n;j—1
08 (m) = “‘S 23 Y R@E—iT)

i=—oc0 n=mN+n;
|¢|

-6ﬁ”mumun—mnan—moqm—movm—no (8.9)

respectively, where If)(s’l) is the data decision from the (s — 1)th stage for the kth code
channel, and 2~ 1; is the estimated channel fading in the (s — 1)th stage. Note that
different from [5], where the interference from all paths is regenerated, only the interfer-
ence from the Lg strongest paths can be regenerated in this chapter since the number of
resolvable paths Lg is pre-determined by the system.

Then, the output of the interference cancellation block of the sth stage is

252(m) = Ugp(m) + U (m) = 0% o (m) + US ; o(m)

Pilot, i, k
0o
—Ugr i &) + Unnan i (M)
= Ug M)+ U8 () + U (M) + Unyon (M) (8.10)

where U;SZ ~(m) and UF(,SI) ol k(m) are residual multipath interference from data channels
and the pilot channel, respectlvely
Similarly, in the sth stage, the output of the pilot channel for the Ith path during the

transmission of the npth pilot symbol is given by
I(Slz’llot(np) - NPIIOtOll vBED DP”meJEI +U (S? Pllot( p)

+ UF(:|)0t| p.|0t(np) + Uawon,i pitot(Mp) (8.11)



220

High-speed wireless communications

Note that, different from the data channels, for the pilot channel, the correlator length is
Nbpilot-
In (8.11), Uawen.i pitor(Np) is the noise component, given by
(np+1)Npitgt+nj—1

U awen, pilot(Np) = Z 7i(n)S*(n —ny) (8.12)

Nn=np Npilot+n;

F()S? bilo t(np) and UPIIOtI bilo t(np) are residual multipath interference from the data
channels and the pilot channel, respectively. For the initial stage, these two types of

interference cannot be canceled, and are written as

JE—K—lL—l ) oo (Np+1)Npipt+nj—1

2

k=0 :;? i=—00 n=npri|ot+ni

-R(7 7 — 1Te) Dk(my i )Ck(n — Ny i)S(n — nyi)S*(n —ny) (8.13)

u® —
p i, Pllot( p)

and

(np+1)Npiot+n;—1
0 BED -
e = LB S 5277

PiIot,I,PiIot
|¢| i=—00  n=nyNpjjot+n;

-R(7 7 — 1Te) Dpitt S( — Ny i)S*(n — ny) (8.14)

In the sth stage, the residual multipath interference from data channels and the pilot
channel are

Lo _VE R e e

pIPllot( p) 2 Zale Z
k=0 ;:) i=—o00 n=n,Npjjo+n;
“R(Tj — i Te) Di(mi))Ch(n = n1i)S(n = ny)S*(n = ny)
JEp Ktle? oo (Np+1)Neitgr+nj—1

A(s 1)
IPllot

—0 :#O i=—o00 n=nyNpjjo+n;

R(T - iTc)DS*“(ml,i)ck(n —m)S(n —ny)S*(n —np) (8.15)

and

(np+1)Npijot+nj—1
Jﬂ_oz el i ’ Z '

i=—00 n=nyNpj+n;

O ) _
PiIot,I,PiIot Np
|¢|

-R(7 7 — 1Te) Dpitot S(N — Ny i)S*(n — ny)

IBED 61 oo (Np+1)Npitgt+nj—1
«/ 5(s—
Z 1,Pilot Z Z

M i=—0c0  n=nyNpjjot+n;

-R(7 § — 1 Tc) Dpitot S(n — Ny 1)S*(n — ) (8.16)

respectively.
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Then, the fading during the transmission of the npth pilot symbol is estimated by
(5) (

) . . .
IPllot P
Now BE Do This can be used in the sth stage to detect the data symbols transmitted

within the npth pilot symbol duration. So the estimated channel fading for the trans-

mission of the mth data symbol is 2 “I(sgl (m) = #‘é;&”, where | “ert NP""‘J <m<
L(np+1)NP|I0!

J. For example, when Npijjot = 256 and N = 16, the channel estimation for
(s)
Zf.PiIot(O)

NewaPEsDm 100 =M < 16,

coherent detection of the mth data symbol is: 7). (m) =

|,Pilot
56 ) X
and 2j 5, (M) =, FEo Doy 10 16 =M < 32, €tc.

In order to improve the channel estimation, a W -tap FIR filter is used, given by

() mN
R ZIA,F’ilo’( (L NPiIolJ - tap)
tap=— (W —1)/2) WN Pilot/ /3ED DP”OI

Therefore, the channel fading compensation can be achieved by scaling the coherent
MRC output. For the kth code channel in the sth stage, the decision variable for QAM
symbol detection is YR(S)(m), given by

Z 2 (M) (21ye(m))”
YO(m) = . (8.18)
N“/E_D Z |Zl(sllllot(m)|

AI(SF)HIot( ) (8'17)

8.3 Performance analysis

Without loss of generality, it is assumed that the zeroth code channel is the desired code
channel. Let D} and DQ be the real and imaginary parts of Dy, respectively. Referring
to [6], the BER of the sth stage p(s) for MQAM is given by

\/—/2 1 vVM/2-1
pgS>__ 3 Z p®(e|Dy = D} + j DG = (291 + 1) + j (20, + 1) d)
01=0 Q2=
(8.19)
where the conditional BER p®)(e |Dg) is given by
p® (e Do)
1 ,
- W{Hd((m_ 1)d, D) p(R{Y} = (VM —2)d| Do)
VM/2-2
+ Y Hd((2q+1)d, D) p(2qd < R{Y{I} < 2(q + 1)d| Do)
q=—+vM/2+1
+HA((—v'M + 1)d, D) p(R{Y} < (—v/M +2)d|Dy)} (8.20)

where 9i{x} takes the real part of x, and Hd (-) is the Hamming distance defined in (7.11).
From (8.20), to obtain the BER performance for MQAM, the conditional probability
(MY} < BIDy) should be calculated, where B = {0, +2d, ..., +(+v'M — 2)d}. By
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directly applying the characteristic function method from [7], the characteristic function
in Rayleigh fading channels is

Lr—1
. V11 V21
v) = - - 8.21
W =11 e ¢20
where
= Z ! 8.22
v1l, V2| = mU3| + U3| + (S) R(S) |R(S) |2 ( . )
2121|Do " *2121| Do 2121|Do
and
SN E-p®) ()
vt — —BN EDRzz\Do—i_m{RzmmDo} (823)
T RO RO RY TP '
21| Do Z|Z||Do 22| Do
R by REY 0, and RE) o are the second moment statistic functions of z{%) and 2.
With Gaussian approximation of residual multipath interference, followmg [3], one
obtains
() 0
RO _ E{Zl(g(zl(())) }  N2Ep|Dol? &
2121|Do T 2 - 2
NEp(K log, M + 28) &
4 NEo( 932 A) 3" Qi + NNo (8.24)
(o
50) (50 ¥
o El%pia@pie) | @
221Dy T 2 )
Klog, M 42
(K log, M +26) §- Zsz|l+ (8.25)
6WNpitf 4= 2WN P||ot,3 Ep
1121
and
0) (5(0
o E{Zl(g(zfgnot)*} _ NVEpDo<
RO o, = 5 = ; (8.26)

where the interference from the other code channels in the same path is zero due to the
orthogonality of the channel codes.

In the following stages, the second moment statistic function RS;\DO is the same
as (8.26). Assuming that the channel estimation and the tentative data decisions are
uncorrelated as in [3], one obtains

2 2 —1Lg—1
) N“Ep|Dol€2 NED ~ (s-1)|2
RZ|Z||D0 = 2 Z ; Dk | }Qll

111

16NBEp B3, (o
+8( e(slll)) log, M) + — 3 = |§ (C’é,sul))z
1=0

111

NEp(K log, M +28) =2
4 NEo( 932 ’3)29.,2+NN0 (8.27)

12=Lg
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where the variance of the tentative data decision is
E{[De - B¢
220 3 D= B (B D)p(BX YD) (828)

Dy D(S 1)

and the channel estimation error in the previous stage is a zero mean Gaussian variable
with variance of (o5 ) = R, — (S21/2). The second statistical function of the
estimated fading is glven by

©) Q 1 e 2 (5—1)|2
Ratioy = 27 6W NpiiotB = Z (E4]Be = B e

11=0
111

(s—1)\2 8 A ey

+8log, M(og),”) ) + 3WNpo; Z (AT
11=0
11l

Klog, M +28 & N
Klog, M + 26 Z Qo4+ — 20 (8.29)
6WNpilotf 5=, 2W Npilot B Ep

Then the conditional probability can be obtained by

OO+J(7

¢>(Jv)

p(M{Y) < BIDo) = (8.30)

—oo+ja

After calculating (8.30) by using the Gauss—Chebychev quadrature method [8], the con-
ditional BER, given by (8.20), is obtained, hence the overall BER, given by (8.19), is
achieved.

Numerical results and discussions

In this section, a six-path channel (indoor channel B model in [9]) is used. Unless noted
otherwise, for analytical results, the spreading factors for the data channels and the pilot
channel are 16 and 256, respectively, the number of code channels K is 6, the number of
Rake fingers L is 3, the channel estimator length W is 3, and the power ratio of the pilot
channel to one data channel 8 is 2 dB. During the simulation, the scrambling code and
channelization codes are truncated gold sequence and OVSF codes, respectively, and the
Doppler frequency is assumed to be 80 Hz for a slow fading channel.

Figure 8.4 shows the BER performance versus SNR per bit for different modulations
with perfect channel estimation. In this figure, the channel estimation is assumed to be the
true channel fading information, so the variance of channel estimation error 0(5,) is zero
foranysand 0 < | < Lg. Here, the inaccurate multipath regeneration only results from
the incorrect symbol decision in the previous stage. From the figure, it can be seen that the
BER performance in the initial stage is seriously limited by the multipath interference.
The interference cancellation method dramatically improves the performance in the
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Figure 8.4 BER performance for MQAM multicode CDMA systems with perfect channel
estimation. (a) 4-QAM, (b) 16-QAM.
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following stages. Comparing the performance curves of 4-QAM with those of 16-QAM,
it can be seen that 16-QAM requires a much greater number of interference cancellation
stages. Because the minimal distance, 2d, between constellation points is smaller, the
higher-order QAM system is more sensitive to the additive multipath interference. It is
found that in higher SNR cases, higher-order modulation can be employed to increase
the system throughput.

Meanwhile, to illustrate the accuracy of the analytical method, simulation results
are also plotted in Figure 8.4. It can be observed that simulation results are close to
the analytical ones for the first few stages. The gap between analytical and simulation
curves becomes larger as the number of interference cancellation stages increases. This is
because of the inaccurate Gaussian approximation of the residual multipath interference
when the number of stages is greater.

In the following, the effect of imperfect channel estimation obtained by the channel
estimator (8.17) is investigated. Figure 8.5 shows the BER performance for 4-QAM
(Figure 8.5(a)) and 16-QAM (Figure 8.5(b)) CDMA systems with imperfect channel
estimation, where the length of the FIR filter for channel estimation W is 3, and the
power ratio of the pilot channel to one data channel g is 2 dB. Comparing the perfor-
mance curves with those in Figure 8.4 for perfect channel estimation cases, it can be seen
that the inaccurate channel estimation degrades the system performance, since the exis-
tence of channel estimation error not only affects the fading compensation for coherent
demodulation, but also degrades the accuracy of the regenerated multipath interference.
Moreover, since effects of both inaccurate data decision and channel estimation have been
considered during the analysis on the residual multipath interference, it can be observed
that even in the presence of imperfect channel estimation, the analytical method is still
a good estimate of system performance over the first few stages.

Basically, by increasing the pilot power, the multipath interference from data channels
to the pilot channel is decreased, which results in more accurate channel estimation.
However, too much pilot power will cause much residual multipath interference from
the pilot channel in the despreading outputs for the data channels, which degrades the
system performance. Therefore, a tradeoff should be made in the allocation of the pilot
channel power. Figure 8.6 shows the BER performance of systems without (Figure
8.6(a)) and with (Figure 8.6(b)) interference cancellation (IC) for 16-QAM when the
average SNR per bit is 20dB. It can be seen that the performance first improves as j
increases from —10 dB. After the BER reaches its minimum value, the performance then
degrades with a further increase in 8. Moreover, channel estimation not only affects the
fading compensation but also determines the accuracy of regenerated interference in the
following stages. It can be observed that without interference cancellation (s = 0), the
optimum g are about —1 dB and 0 dB for K = 4 and 6, respectively, and when s = 1,
the optimum g are about 3 dB and 4 dB for K = 4 and 6, respectively. It implies for
16-QAM, the power ratio of pilot channel to the total transmitted power 8/(8 + 2K) are
about 8% and 18% for s = 0 and 1, respectively. So to achieve more accurate channel
estimation, the power ratio for systems with interference cancellation should be much
larger than that for systems without interference cancellation.
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Conclusions

This chapter presents the performance of MQAM modulated multicode CDMA systems
with interference cancellation for high data rate services. An analytical BER in the
presence of imperfect channel estimation is derived. Simulation results are presented
to illustrate the accuracy of the analytical results. Numerical results also show that
interference cancellation is an efficient technique for MQAM multicode CDMA systems.
When using the interference cancellation technique, extra pilot power should be invested
for more accurate channel estimation, so that better BER performance can be achieved.

References

(1]
(2]
(3]
(4]

(5]

(6]

(7]
(8]

(9]

Third generation partnership project, www.3gpp.org.

J. Wang and J. Chen, “Performance of wideband CDMA systems with complex spreading
and imperfect channel estimation,” IEEE J. Select. Areas Commun., vol. 19, pp. 152-163,
Jan. 2001.

J. Chen, J. Wang and M. Sawahashi, “MCI cancellation for multicode wideband CDMA
systems,” IEEE J. Select. Areas Commun., vol. 20, pp. 450-462, Feb. 2002.

X. Tang, M.-S. Alouini, and A. J. Goldsmith, “Effect of channel estimation error on M-QAM
BER performance in Rayleigh fading,” IEEE Trans. Commun., vol. 47, pp. 1856-1864, Dec.
1999.

K. Higuchi, A. Fujiwara and M. Sawahashi, “Multipath interference canceller for high-speed
packet transmission with adaptive modulation and coding scheme in W-CDMA forward
link,” IEEE J. Select. Areas Commun., vol. 20, pp. 419-432, Feb. 2002.

B. Xia, “Enhanced techniques for broadband wireless communications,” Ph.D. Thesis, Uni-
versity of Hong Kong, 2004.

J. G. Proakis, Digital Communications. New York: McGraw-Hill, 1995.

S. Benedetto and E. Biglieri, Principles of Digital Transmission with Wireless Applications.
New York: Kluwer, 1999.

Guidelines for evaluation of radio transmission technology for IMT-2000. ITU-R M.1225,
1997.



Part IV

4G mobile communications






9.1

Optimal and MMSE detection for
downlink OFCDM

The performances of optimum and per sub-carrier MMSE (or pcMMSE) detectors for
OFCDM systems are compared in this chapter. In OFCDM systems, the existence of MCI
in the frequency domain due to a frequency selective channel on different sub-carriers
dramatically degrades the system performance. To suppress MClI, an optimum or MMSE
detector is employed in this chapter. A quasi-analytical BER expression is derived in the
presence of imperfect channel estimation. Numerical results show that with a linear
computation complexity, the MMSE detector can improve the system performance by
suppressing MCI, although it cannot perform as well as the optimum detector. Thus, in
systems with a small number of code channels, the optimum detector can be employed
to achieve better performance, whereas the MMSE detector is more suitable for systems
with a large number of code channels. The MMSE detector is also more robust to different
configurations of system parameters than the optimum detector. Moreover, it is found
that pilot channel power should be carefully determined by making trade-off between
the channel estimation quality and received SNR for each data channel.

Introduction

OFCDM is proposed for future broadband wireless communications. Inherited from
OFDM, in OFCDM systems a high-speed data stream is divided into several parallel
low-speed substreams, whose bandwidth is far smaller than the channel bandwidth,
so each substream can be regarded as passing through a frequency nonselective (flat)
fading. As a result, the multipath interference in frequency selective fading channels is
effectively avoided. But as mentioned in Chapter 1, due to a frequency selective channel
on different sub-carriers, MCI in the frequency domain occurs. In this chapter, optimum
and MMSE detectors are analytically studied to combat MCI.

Moreover, since the signal is distorted due to the amplitude and phase fluctuations
of the fading channel, the fading effect should be compensated at the receiver. In [1], a
pilot assisted channel estimator is presented. The effect of imperfect channel estimation
by the channel estimator is investigated by means of simulation. In this chapter, the pilot
assisted channel estimator is analytically studied, and the noise power estimator presented
in [1] is modified for unbiased estimation. Furthermore, the BER performance of two
detectors in the presence of imperfect channel estimation is derived.
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The chapter is organized as follows. In Section 9.2, system models are presented.
Besides the description of transmit model and the scheme for the assignment of spread-
ing codes, two detector structures (optimum and MMSE detectors) are described in
detail, including the proposed pilot assisted channel and noise power estimation algo-
rithms. In Section 9.3, analytical expressions for optimum and MMSE detectors are
derived. Comparison and discussion on numerical BER results with various parameters
for different detectors are presented in Section 9.4. Finally, some conclusions are drawn in
Section 9.5.

System description
Transmitter model

In OFCDM, for each code channel with a spreading factor of N = Nt x Ng, the transmit-
ter performs two-dimensional spreading by using the time domain spreading code with
length (or spreading factor) N, and the frequency domain spreading code with length
(or spreading factor) Ng. Both time and frequency domain spreading codes are generated
from OVSF codes. Spreading factors for time and frequency domain spreading can be
varied according to channel conditions to achieve high system capacity. It is desired that
channels with different time domain spreading codes are orthogonal to each other, i.e. the
MCI from code channels with different time domain spreading codes is zero. Frequency
diversity is achieved by frequency domain spreading. Similarly, the frequency domain
spreading codes are orthogonal to each other. In Gaussian channels, there is no MCI
among frequency domain spreading codes. However, because of independent fading on
sub-carriers, orthogonality in the frequency domain no longer maintains among code
channels in the received signal. Thus, MCI in the frequency domain occurs. Figure 9.1
shows one example of the two-dimensional spreading operation.

Similar to [2], the transmitter block diagram for the downlink of a single-cell OFCDM
systemisshown in Figure 9.2. Consider thekth (k = 0, 1, ..., K — 1) data stream, where
Kis the number of code channels. The symbol sequence is first serial-to-parallel con-
verted to M/Ng (M is the total number of sub-carriers, in VSF-OFCDM, M /N should
be an integer) parallel sequences. Then each sequence dyx (b =0,1,..., M/Ng — 1)
is spread in the time domain with time domain spreading code c(ﬁ'j). After time domain
spreading, each time domain spreading signal is duplicated into N parallel copies for
NE sub-carriers. In each sub-carrier, the time domain spreading signal is multiplied by
a chip of the frequency domain spreading code, which is the combination of a channel-
ization code c(FT) and a cell-specific scrambling code ¢©). In this chapter, for simple
description they are of length Ng. Therefore, all M/Ng sequences for the kth channel
are spread with the same frequency domain spreading code. For example, as shown in
Figure 9.2, the zeroth copies of all M /N time domain spreading signals are multiplied by
cﬂ*)(O)c(SC)(O), the first copies of all M /N time domain spreading signals are multiplied
by c(fﬁ)(l)c(sc)(l), and so on. Here, c(F(jf) and c(T?,t') are real-valued binary channeliza-
tion codes taking the value +1, whereas ¢ is the real-valued binary scrambling code
being the same for all code channels. K code-multiplexed channels are assigned with
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different combinations of time and frequency domain channelization codes
{c(T?E), c(FCE)} Therefore, in the OFCDM, each data symbol is impressed over N sub-
carriers by Nt OFCDM symbols (chips) in each sub-carrier. For channel estimation at
the receiver, a common pilot channel with spreading factor of Npj: is employed and
code-multiplexed over each sub-carrier. Note that Ep is the chip energy of the transmit-
ted symbol on data channel, 8 is the power ratio of the pilot channel to one data channel,
and for the mth (m =0, 1, ..., M — 1) sub-carrier, the pilot symbol dn, p is known at
the receiver and the spreading code for pilot channels is an all-1 sequence. In order to
exploit the frequency diversity, a frequency interleaver is employed before the frequency
modulation. Therefore, the largest possible frequency separation between sub-carriers
carrying the same information is achieved. For example, sub-carriers {0, 1, ... Ng — 1}
bear the same information, they are separated as much as possible in the frequency
domain to achieve the maximum frequency diversity gain. After frequency interleaving
using an inverse fast Fourier transform (IFFT) the spread signals occupy all M sub-
carriers. Similar to OFDM, in the transmitter, a guard interval is inserted between the
OFCDM symbols to avoid ISI caused by multipath propagation.

In order to meet the orthogonality property of different codes, it is important to
assign code combinations with different time domain spreading codes, but the same fre-
quency domain spreading code. Similar to the example in [2], one typical pilot channel
is assumed with a spreading factor of Npjjot = 16 x 1 and K code channels are assumed
with a spreading factor of 4 x Ng , where Nt = 4. The pilot channel is assigned the
code Cyg,0 in the OVSF code tree shown in Figure 9.3. To maintain the orthogonality
between code channels, all mother codes of Cs,9, including Cg o, C4.0, C2,0 and Cy g,
cannot be used. Thus, for K < 3, the K code channels are assigned with different time
spreading codes from the set {C4 1, C4.2, C4 3} and the same frequency domain spreading
code Cy. 0. Note that the code set {C4.1, Ca2, C4 3} is orthogonal. When K > 3, how-
ever, some code channels will be assigned the same time domain spreading code from
{C4.1, C42, Cs 3}, and distinguished by assigning different frequency domain spreading
codes. In general, for K < Ny, the K code channels can be assigned with different
time domain spreading codes, but the same frequency domain spreading code Cy o,
so that MCI in the time domain is avoided. Note that there are Ng different frequency
domain spreading codes available, but only Nt — 1 different time domain spreading
codes, since the remaining code Cy. o cannot be used due to its connection with the pilot
channel. Thus, the maximum number of codes available is (Nt — 1)Ng, which must
be equal to or greater than K. When K > Nt, where K is assumed to be an integer
multiple of Nt — 1, the same Nt — 1 codes have to be assigned repeatedly with other
different frequency domain spreading codes. Then, MCI may occur over independent
fading in sub-carriers. So, with this spreading code allocation scheme, for the kth code
channel, its spreading codes for frequency and time domain spreading can be derived
from the tree in Figure 9.3 as Cy; x, and Cnrko respectively, where ks = |[k/ (Nt —1)]
andk = k — k; (Nt — 1) + 1. For the kth code channel, the received signal suffers from
MCl only from K, — 1 code channels, where K, = [K /(N1 — 1)] is the number of code
channels employing the same time domain spreading code Cy_ ¢, and [X] denotes the
smallest integer not less than x. Referring to the original OFCDM system in [1], where
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Figure 9.3 Example for assignment of time domain spreading codes for VSF-OFCDM.

no time domain spreading is employed, the MCI is from all other K — 1 code channels.
In the VSF-OFCDM system, however, the MCI is only from a small number of code
channels (K. — 1). Thus, the MCl is reduced, but at the cost of small frequency diversity
for a given spreading factor. Therefore, time and frequency domain spreading factors
should be optimized by considering both effects of MCI and frequency diversity.

Receiver model

At the receiver, shown in Figure 9.4, after guard interval deletion, FFT and frequency
deinterleaving, the received baseband signals on all sub-carriers {ry} are obtained.
Since information of the bth data sequence for the kth code channel ({dy«}) is con-
tained in N received signals, {rn, bNg < m < (b + 1) Ng}, the received signals on the
mth sub-carrier (0Ng < m < (b + 1) Ng) forthe Axth (A = 0, 1, ...) OFCDM symbol is



236 High-speed wireless communications

Flz2
{ i }"‘E[O'M.’ll Channel { i ,’6
1 estimator
v Recovered data
Time domain {d’\ k>
{ rm}me[O,NF 4 despreading Ok fkeo,k-1]
Received FET .—> ;-;md
signal Guard and optimum/
—sStana’_,, | i -
mter_val frequency pcMMSE detector
deletion . . °
deinterleaver
. L]
+ Recovered data
Time domain ‘d" )
{r’"}me[M—N;,M—l] despreading MINe-LK] 4 1o.k-1]
.—> and
optimum/
pcMMSE detector

Figure 9.4 Equivalent baseband receiver diagram for VSF-OFCDM.
given by

K-1
rm(2) = VEphnc®O(m —bNe) 3 ¢ (m — bNe)e ()do i (ho)
k=0

+ ,BEDhmdm,P + Nm(R)
K—-1

= VEphnc®9(m — bNg) Y~ Cne i, (M — bNE)Cy ¢
k=0

X (A = (Ap — 1)N7)dp k(AD) + v/ BEphmOm p + Nim(X) (CHY

where hy, is the channel impulse response of the mth sub-carrier. Since frequency inter-
leaving is employed at the transmitter, hy,, is assumed to be a co-independent complex
Gaussian random variable with zero mean and unit variance the OVSF codes, Cy,_ and
Cn: .k, are the time and frequency domain spreading codes for the kth code channel,
respectively, ks = |[k/(Nt — 1)/, k =k — kg (Nt — 1) + 1, do k(p) is the A transmit-
ted symbol in the kth data channel with Ap = [A/Nrt ], dy p is the pilot symbol for the
mth sub-carrier and ny, (1) is the zero mean AWGN noise with variance

0l = %E{nm(x)n;,(k/)} = o28(m —m)8(r — 1)) 9.2)
where §(m —m’) = 1 and 0 form = m’ and m # m’, respectively.

Without loss of generality, the data symbols (dox, k =0, 1, ..., K — 1) transmitted
from the Oth sub-carrier to the (Ng — 1)th sub-carrier are assumed to be the desired
symbols. By despreading the received signal (9.1) with different time domain spreading
codes Cy_ ¢ for k=1,2,..., Ny — 1, the information transmitted on all code channels
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can be recovered by processing in the frequency domain. The time domain despreading
output of the mth (m =0, 1, ..., Ng — 1) sub-carrier is

(Ap+1)NT—1
YniOGp)= D m()Cy (O — (o —DNy)
)\.=)LDNT
Ke—1
= VEoNthnc®I(m) > Cy ¢, (Mg 1k, ur1) h0)
ki=0
+ 1k (Ap) (9.3)
where
(Ap+1)NT-1
MmiGo)= > Nm@)Cy ((r—ApNy) (9.4)
)»=}LDNT

In (9.3), as code channels with different time domain spreading codes are orthogonal to
each other, the MCI is only from code channels with the same time domain spreading
code and different frequency domain spreading codes. Then the data transmitted on
code channels with time domain spreading code Cy_ can be recovered from (9.3). For
convenience, the time domain despreading output is rewritten in vector form as

Yi(*p) = [Yox(*0), Y1), -, yNF—l,IZ()‘D)]T (9.5)

In Figure 9.4, the channel estimator provides channel estimation {ﬁm} and noise power
estimation 2. Using these, the optimum detector or MMSE detector is employed for
symbol detection.

9.2.3 Pilot assisted channel estimator

As the channel and noise power estimations are required for both optimum and MMSE
detectors, a pilot assisted channel estimator will be described first.

Similar to the time domain despreading for data channels, the time domain despreading
output for the pilot channel on the mth sub-carrier can be expressed by

(Ap+1)Nt-1
Yymo(ho) = Y fm(h)
A=ioNt
(Ap+1)Nt—1
= v/BEpNthydmp + Z Nm (%) (9.6)
A=ApNt

where the second term is the AWGN component, which can be regarded as a zero
mean Gaussian variable with variance of Nto?. Then one obtains E{ym o(Ap)} =
~/BEpNthmdm p. Thus, the channel estimation for the mth sub-carrier can be obtained

by
(o) = Ym.0(AD) _h +(AD+1)NT_1 Nm(2)
m - - m
~/BEpNtdn p i VBEDNtTdnmp

= hm + Aﬁm()‘D) (9'7)
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where Aﬁm(AD) is given by

(hp+1)NT—1

MhinGo) = 3 o)

_ 9.8
son.  VBEDNtdmp ©8)

It is obvious that the channel estimation suffers from AWGN, which results in imper-
fect channel estimation. Because the variance of this channel estimation error has a direct
contribution to the decision noise (as will be shown in the following analysis), it must
be suppressed as much as possible. Considering that the channel estimation error can
be modeled as Gaussian noise with no correlation between successive pilot symbols,
an LPF with a cut-off frequency much greater than the maximum Doppler frequency is
able to reduce much of the noise in the channel estimation [3]. With the assumption of a
slow fading channel, so that the fading remains constant in recent Np symbols’ duration,
channel estimation is obtained by

- 1 [Nb/2] _ )
ha(o) =< Y. haQo—i)
D i=—|(Np-1)/2]

1 [Np/2] _ =
= hn —|—N— Z Ahp(ip — i) = hym + Ahp, (9.9)
D i=—[(Np—1)/2]

where the channel estimation error is given by

- 1 [No/2] ~
Ahp =" > Ahy(ip—i) (9.10)
No i Nol)2)

Since h,, and Aﬁm(kD) are uncorrelated Gaussian variables with zero mean, the
channel estimation error is uncorrelated with hy, and hy (Ap) can also be regarded
as a Gaussian variable. So, the conditional mean and variance of h, are

Hinih = Ethnlhin} = iy (911)

and

0,2

1 - = = = *
Riuinn = 3 E((n = Efhn)hn — E(hn) Thn} = 2

E (9.12)

respectively.
The noise power (o2) estimation can be calculated from the time domain despreading
outputs (9.6) for the pilot channel by

2N v Z |Ym.0(t0) — v/BEoNthmdn ¢|° (9.13)

Then the noise power estimation is unbiased, i.e. E{62} = o2. Because only esti-
mated channel information is available at the receiver, (9.13) can be approximated
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as [1]

, 1 M1 _ ,

6N —— Ap) — v BEpNthn(Ap)d

o INTM rTg(:)h’m,o( D) BEpNthpn(Ap)dm el
1 M=l 1 Ap+[Np/2] (Ap+)NT—1

=N 2| N 2. M)
m=0 Ap=rp—L(No—1)/2] 2=rpNr
(Ap+1)N7—1 2
+ Y @) (9.14)

X:)LDNT

It can be seen from (9.14) that E {62} = (Np — 1)a?/Np, i.e. in case of imperfect
channel estimation, the approximated noise power estimation is biased. To provide
unbiased estimation, the channel estimator [3] should be adjusted by

R Np M-1 _ ,
R T 2p) — v/BEoNrthn (Ap)d
7 = INTM (Np — 1) mzzofym,o( p) — v BEoNThm(Ap)dm p|
M—1
=Y Ifim(h0)? (9.15)
m=0
where
1 Ao+INp/2]  (p+1)Nr—1 (ro+1)Nr—1
o 2 2 W+ Y m®)
S=Ap—[(Np—1)/2] A=A5N A=pN
fim (D) = rp=hp—[(Np—1)/2] A=ApNr oNt (9.16)

V2NTM(Np — 1)/Np

Since Ay (Ap) is the sum of independent Gaussian variables, it can be approximated
as a statistically independent and identically distributed complex Gaussian variable with
zero mean and a variance of o, where

0.2

1
of = SElfm(o)l*) = 5 (9.17)

Therefore, the noise power estimation is unbiased and can be regarded as a central
chi-square distributed random variable with 2M degrees of freedom. Its PDF is given by

N 1 oAM= 52
p(6%) = 22T (M) (UZ)M “exp (—512) (9.18)

where T (-) is the gamma function [4]. For simplification, the symbol index Ap will be
omitted in the following.

Optimum detector

The optimum detector is to select the vector d from all possible combinations of the
transmitted vectors {d} that maximizes the a-posteriori probability p(d|Y;), where d =
[dok—1- Ao k14 (Nr—1)> 'dO,R—l+(Kc—l)(NT—l)]T denotes the transmitted symbol vector. It is
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well known that maximizing the a-posteriori probability is equivalent to maximizing the
likelihood p(Y;|d) when equiprobable symbols are transmitted.
From (9.3) and (9.5), conditioned on d, Y} is Gaussian with mean and variance of

mva = E{Y¢ld}

Ke—1

VEbNthecE9(0) AZ Cne. ki (0 1, (Nr—1)
k=0
Ke—1

VEpNthcEO(1) AZ Cne iy (Do 1, (1)
ky=0

Ke—1
VEpNThNe—1€89(NE = 1) 37 ey, (NE = g g_145, np—1y

L k=0 _
(9.19)
and
1 H
Ry;d = EE{(YR — vgid)(Yg — ivga) ™ [d}
H

U Mo k

1 Mk Nk
- JE LK . (9.20)

NINE -1,k INg -1k

respectively. Since the AWGN components in the outputs for different sub-carriers are
uncorrelated, Ry, .q = Nto?l, where | is the identity matrix.
Then, the conditional Gaussian variable Y has the PDF p(Y; |d) as

1
Yeld) = ———
P = o™
Ne—1 ooy el 2
Zo Ymk—V EpNrhpcl )(m)AZ Cne iy (Mo k- 14k, (Nr—1)
m= k=0

xexp | —

ZNTO’2

(9.21)

Maximizing p(Y; |d) is equivalent to minimizing its negative exponent, i.e.

2
Ne—1 _ Ko—1

A(d) = Z Ymk — V EpNrhyc®9(m) Z Cne iy (Mo k- 14k, (Nr—1)
m=0 Rf:O

(9.22)
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where hp, is replaced by hm because, at the receiver, only the channel estimation is
available. The metric A(d) can be written as

A(d)

2
- _ Ke—1
Z (|ym,|2|2 + [V EpNthyc®9(m) Z Ciekr (Mot 14k, (Nr—1)

k¢=0

Ke—1

Z RynVE NTth(SC)(m)ZCNka(m)dOk 14k (Nr—1)

ki=0
(9.23)

Since |y, ¢ |2 is constant for any data d, one obtains

2
Ne—1

_ Kc—1
Ad) = Z VEpNthmc®9(m) Z Cre ity (Mg k14, (vr-1)

m=0 |2f=0

Ne—1 1 *
—2+/EpNt Z ‘R{ (th(SC)(m) (Z Cne ke (Mo &1k (Nr— 1))}

=0 k¢=0
(9.24)

Therefore, the received signal is first coherently descrambled by multiplying with
(h ¢ (m))*, and then sent to a selector to find the vector d with minimum metric A.

9.25 MMSE detector

It can be seen from (9.24) that when K. is large, the computational complexity of
the optimum detector increases exponentially. In order to reduce the complexity, when
K. is large, the MMSE is studied. The MMSE detector is used to minimize the mean
squarederror ; ¢ = E{Idy 1 &, ny_1) — WERfYR|2|d}with the assumption that signals
received on different sub-carriers are uncorrelated, where wj ;. - is the weight vector for
the kth code channel. Then data decisions can be made by

&0,12—1+|2f(NT_1) = sgn[iﬁ(WERfYR)] (9.25)

where sgn(x) = —1and 1 for x < 0and x > 0, respectively.
Solving the zero point of the differential of the mean squared error J; ¢~ with respect
to W ¢, , one obtains

Wi, = E{YeYH o aig, venE Ve
Hys -1

E{Mmd M\'}'Ud} +E

NINE-1.k NINe—1.k
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VEbNthocE(0)Cy_ ¢, (0)

VEpNthcCEO)C, ¢ (1
pNTM | @ N;,kf() (9.26)

VEbNthyn_1¢B9(Ne — 1)Cy ¢ (Ne — 1)

where the desired signal and AWGN components are uncorrelated with each other.
Defining R, = E{Mmdﬂ%d}: one obtains from (9.19) that

- Kol
hoc®(0) 3= Cy. i, 0ok -14k, (nr-1)
k=0

Ko—1
) h1cE9(1) AZ Cnek, (1)do,R—1+R;(NT—1)
R, = EpN2E Ko
sC Kt |
M1 CENE — 1) 37 Cyy g (Ne = D)o g4 v
| k;=0 _
- —H

Ko—1
hoc9(0) Z Ce;, 0o k14, (nr-1)
K =0

Ke—1
h1c9(2) Z Ce.k, Mo 14, (vr-1)
X k=0

Ko—1
hne-16®I(NE = 1) 3 Cyy. i (N = D)o 54 np—1)
k=0

(9.27)

Assuming signals on different sub-carriers are uncorrelated and E|ZE°__§ Chek, ¥
= :

doﬁ,;_lﬂyf(NT_l)lz = K¢, (9.27) is written as

[hol? 0 0
0 |h1|2 0
R, = EpK:N? o . (9.28)
0 0 - [hyeal?

Considering that at the receiver the true channel information (including noise power and
channel fading) is unknown to the detector, the estimated noise power &2 and estimated
channel fading h, are used to obtain the weight vector

Wik, (0]
Wik, 1)

wmf (NF — 1)
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VEbho
= |2
EoN7K, ho‘ 1262

JEgh
o c®O1)Cy, ¢, (1)
= EoNTKe [y + 257 (9.29)

c®A0)Cy, £, (0)

v EDHNF—l
EpNtK,

cCINg — 1)Cy_¢, (Ne — 1)

= 2
hNF—l’ + 262

Substituting (9.29) into (9.25), the data decision of the symbol on the kth code channel
can be made.

BER performance analysis
Performance of the optimum detector

The upper union bound on the BER of the optimum detector for the kth code channel
Po.k IS given. Letting d; denote the transmitted vector, an error occurs at the receiver
when the detector finds a vector dq which satisfies [\(dq) < j_\(d|) in (9.23) with d; # dq
and with probability p ([\(_dq) < 1_\(_d|)) of this pairwise. Then, the union bound can be
obtained by summing p (A(dq) < A(d|)) over all vectors (denoted as {d;}) that differ
from d, in their kth position and then averaging over all possible transmitted vectors d|,
which is written as

1 - -
Pok < 5z D D P(A(dg) < A(d)Idh) (9.30)

di dgefd)

Considering the symmetric property of the transmitted vector, p, x can be written as

Dok < > P(A(dg) < A(d)[d)= D p(Dig<0ld) (9.31)

qu{d|} qu{d|}

where D) 4 = [\(dq) — A(dh). The computational complexity is significantly reduced
compared to (9.30). B
Defining the equivalent transmitted symbol on the mth sub-carrier d™ as

Kc—1

d™ =3 Cy e (Mo 14k, ey (9.32)
k;=0
and the vector zn = [y, ¢v/Ep NTﬁmC(SC)(m)]T, one obtains Dy = A(dg) — A(dh) =
Ne—1
>z Fm)lm- Then, p(Dy g < O|dy) is written as
m=0

p(Diq < 0ld) = > residue{®p, , (5)} (9.33)

seright poles of ‘DDI,q (s)
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where ®p, ,(s) is the moment generating function (MGF) of D, 4. With the assumption
of independent channels over each sub-carrier, ®p,  (s) is written as

Ne—1 1
®p, . (s) = 9.34
04 rl:[o det (1 + 2sRMF() 639
where the Hermitian matrix F,(fg) is given by
R A
= i | 001 g 12 -d)
q |
0 (@™ _ genT
= n T * /7 * _( qT 1 ) * /7 T (935)
@ -8 @) @) - @)y )
and R™M = %E {zmz!! 1d) } is given by
. [ 2 i ) 1) 2& [yni (VEONTARcOm) a1 ]
| 2 & [VEONTAnCEOm) () 16 | S {VEoNrhncm) (VEoNeinc®(m) 1]
I (ED N2 ‘d’,(m)‘z + NTJZ> EoN2 (&,(”‘))T
= o 2 02 (9.36)
EpN2 (dI ) EpN2 <1+m>

Now to derive 1/det (1 + ZSR(m)FfT])), forallm(m =0, 1, ..., Np — 1), two different
cases are to be studied. Then, ®p,,(s) can be obtained. When df;") # d_fm), it can be
found that ’F,(”;)’ and |[R™| are nonzero, and the matrix 2R(m)F|(T]) is full rank, i.e.
rank{2RMF{} = 2. Therefore, one obtains

1 B pf,'g),l pl(,nc;),Z
@EM 5 o™ @) 630
det (1 + 2sROFT) (s — p{,)(s — pie)

where —1/p{; and —1/p{"y, are the two eigenvalues of 2R™MF{). When d{" = d{"™,
FY = 0,and | + 2sRMFY = 1, so that 1/det (I + 2sRMF{Y) = 1.

Finally, using the Gauss—Chebychev quadrature method [5], (9.37) can be calculated,
and the overall BER union bound (or the BER bound for one code channel) is

Po = E{po.k} (9.38)

Performance of the MMSE detector

For the MMSE detector, the BER for the kth code channel ppx is ppx =
p(do = —1|dgx = 1), where d is obtained by (9.25). Conditioned on channel estima-
tion {ﬁm}, noise power estimation 52 and the transmitted symbol vector d, the weighted
output on the mth sub-carrier wEﬁf(m)ym’,; is a Gaussian variable with mean and
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variance of

Ep NT’ﬁm ‘ZCN;,Rf (m)a(m)
EpNtKe|h|* 4262

E{wf ¢, (M) gl (). 62, d) = (9:39)

and
Var{w;ﬁf(m)ym{ﬁm}, 52, d)

Eplhm 2E {|—vEoNrAhnCy_g, (Md™ + €SOm)C,,_¢, (M) 0y |}
2(EpNtKe|hy |2 +252)2

(9.40)

respectively.
With the assumption of independent AWGN noise on different sub-carriers, the con-
ditional variance is

Var{wi ; (M), ¢|{hn}. 62 d}

EoNrin * (EoNr|d™ "Ry, +0?)

. (9.41)
(EoNrKe|hn | +252)°

Then, the signal-to-interference-plus-noise ratio (SINR) of the sum of the N weighted
outputs is

2

Ng—1 _
%(Re { mgo E{wE,Rf(m)ym,ﬁHhm}a 52, d} })

Yo = T - (9.42)
ZO Var{wli(‘.ﬁf(m)ymﬂ{hm}, 62,d}
oo :
Therefore, the conditional BER is given by
p(dox = —1|doy = 1. {hn}. 5% d) = Q(v/2r0) (9.43)

where Q (x) is the Q-function defined as Q (x) = % / e /24t
T

X
Calculating the expectation over the joint ensemble of channel, noise power estimates
and all possible ds with dyx = 1, the average BER for the kth code channel can be
obtained by

Pok = P(dok = —1ldoy = 1) .
=Ef 1 s00{P(dox = —1]dox =1, {hn}, 62, d)} (9.44)

After calculating (9.44) using a numerical method (Monte Carlo integration) [6], the
analytical BER for the overall system is obtained from (9.38).
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Figure 9.5 Analytical and simulation BER vs. SNR for different detectors.

Numerical results

In this section, some representative numerical results are presented to illustrate the per-
formance of optimum and MMSE detectors for VSF-OFCDM systems. The effect of
different system parameters such as spreading factors, noise and channel parameter esti-
mations on the BER performance is investigated by numerical evaluation. The number
of sub-carriers M is 768, and the OFDM symbol period (plus guard interval) is 8 us. The
IS is efficiently suppressed by proper setting of the guard interval. Unless noted other-
wise, the received signals of the most recent 48 OFDM symbols are collected for channel
estimation, the power ratio of the pilot channel to all code channels 8/(8 + K) = 20%.
The average SNR is 14 dB, defined as SNR = (1 + 8/K) NEp/o?2.

First, the BER performance with different detectors is investigated by means of simu-
lation and analytical methods. Figure 9.5 shows the BER performance vs. SNR when the
spreading factor is N = 16 x 16 and the number of code channels is 60. It can be seen
that the optimum detector significantly outperforms the MMSE (or pcMMSE) detector,
especially in high SNR cases. This is mainly because the optimum detector can make a
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Figure 9.6 BER vs. channel load (K /N) with different Ng when Nt = 16.

simultaneous decision on data transmitted over all K, code channels, which counts the
effect of all transmitted code channels. Although with the additive Gaussian assumption
of the MCI, the MMSE detector can suppress the interference from other code channels,
it cannot make full use of the information from other code channels. Compared to the
optimum detector, the performance of the MMSE detector dramatically degrades, but
still outperforms the MRC detector, since, in addition to the AWGN component, MCI
is another important additive interference. However, the MRC detector cannot combat
MCI, whereas the MMSE detector takes into account the effect of both MCI and AWGN.
Thus, the MMSE detector can provide a significant performance improvement compared
to the MRC detector.

Simulation results are plotted to verify the accuracy of analytical results. During the
simulations, the guard interval is set at 25% of an OFCDM symbol period as configured in
[2], i.e. 2 us, Doppler frequency is 20 Hz, a 24-path Rayleigh fading channel is assumed,
and the other system parameters are the same as those for the analytical results. It can
be seen that the analytical results are very close to the simulation ones for all detectors,
except for the optimum detector in the case of small SNR. From the above discussion,
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it can be found that when K is large, the MMSE detector is employed due to its low
computational complexity.

Figure 9.6 shows the BER performance for a given channel load K /N and for various
values (4, 8 and 16) of the frequency domain spreading factor Ng, when the time domain
spreading factor is 16. Note that for a given K /N, K increases linearly as N increases,
so that more MCI is caused. But since a larger Ng provides a higher frequency diversity
gain, the performance of both detectors improves with the increase of Ng, especially in
higher channel load cases, where MCI is dominant (compared to AWGN). Moreover,
because the optimum detector demodulates the transmitted symbols simultaneously, the
interference from other code channels can be fully exploited. Therefore, the performance
gap for the optimum detector with different values of Ng is much larger that that for the
MMSE detector. Moreover, it can be seen that a larger frequency domain spreading
factor is preferred for both detectors. But, a larger Ng results in a larger number of code
channels, which will make the optimum detection more complicated. Thus, to make the
optimum detector practical, Ng should be less than or equal to 16.

Figure 9.7 shows the BER performance with variable time and frequency domain
spreading factors (Ng = N/Nrt) for a fixed channel load (K/N = 0.352) and a fixed
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Figure 9.8 BER performance with different channel estimation quality (N = 16 x 16).

overall N = 128. It can be seen that the BER performance of the MMSE detector is
flat for different values of Nt. When Nt increases, Ng decreases so that fewer code
channels result in the frequency domain. Note that the number of cochannel signals is
K¢ = 45/(Nt — 1). Thus less MCl is caused. That is, a smaller Ng causes less MCI and
a smaller frequency diversity gain. Therefore, the BER performance of the pcMMSE
is almost independent of Ng for a given N and K/N. With the optimum detector,
performance degrades as Nt increases. This is because the performance of the optimum
detector is mainly affected by the frequency diversity gain. In general, for a fixed overall
spreading factor, a higher frequency domain spreading factor achieves a higher frequency
diversity gain by employing the optimum detector.

In Figure 9.8, the effect of channel estimation quality on the system performance is
investigated. In general, the channel estimation can be improved by increasing the power
of the pilot channel where AWGN can be suppressed effectively. It can be seen that first
when the power ratio of the pilot channel to one code channel increases, the system
performance can be improved dramatically due to more accurate channel estimation.
However, since the power ratio of the pilot channel to the overall transmitted power is
fixed, alarger B results in asmaller received SNR for each data channel due to the decrease
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of Ep, sowhen g increases beyond a certain value, the benefit from more accurate channel
estimation becomes slight, whereas the received SNR for each data channel is dominant
to system performance. Consequently, as shown in the figure, performance degrades with
the increase of B after it reaches an optimum value (approximately 10-14 dB for the
MMSE detector with different K;), i.e. the pilot channel occupies about 15 percent of
the overall transmitted power. With the optimum detector, a similar scenario can be seen.
Although the optimum detector jointly detects symbols transmitted on all code channels,
calculation of the metric for different symbol combinations is sensitive to channel fading
estimation. Thus it requires a more accurate channel estimation. Therefore, the optimum
value for the optimum detector is greater than that for the MMSE detector under the same
system conditions. In summary, to achieve better system performance, trade-off should
be made between the channel estimation quality and received SNR for code channels.
Finally, the effect of Doppler frequency on system performance is simulated. In Figure
9.9, simulation and analytical results are shown with Np = 1 and Np = 3, respectively.
Although by (9.15), noise power estimation cannot be achieved for Np = 1, to simplify
the investigation of the Doppler frequency effect on MCI and channel fading estimation,
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it is assumed that noise power is perfectly estimated by some other advanced algorithms
for both cases in this figure. It can be seen that in slow fading cases, i.e. when the Doppler
frequency is less than 500 Hz, analytical results are close to simulation results because
the assumption of slow fading is satisfied so that the provided analytical method can pre-
dict system performance well. However, when the Doppler frequency increases beyond
500 Hz, code channels assigned with different time domain spreading codes are no
longer orthogonal to each other due to the time varying fading for different chips, which
introduces more MCI in time domain. As expected, simulation results show that BER
performance degrades dramatically with an increase in Doppler frequency. Moreover,
detectors with Np = 3 outperform those with Np = 1 when the Doppler frequency is
less than 50 Hz, but as the Doppler frequency increases, the BER performance degrades
more for Np = 3 than that for Np = 1. This is because although channel estimation
in (9.9) can suppress the AWGN noise more with larger Np, the desired component is
distorted more in fast fading. Therefore, trade-off should be made between both effects
of the noise and Doppler frequency. An optimum Np should exist, which is associated
with Doppler frequency.

Conclusions

In this chapter, the performance of VSF-OFCDM systems with different detectors (opti-
mum and MMSE detectors) has been studied. As OFCDM systems seriously suffer from
MCI in frequency selective fading channels, two typical detectors are compared in this
chapter. Analytical BER performance is derived for both detectors considering the pres-
ence of imperfect channel estimation over frequency selective fading channels. The main
conclusions of this chapter can be summarized as follows.

(1) The performance of the optimum detector varies dramatically with different con-
figurations of system parameters, whereas the MMSE detector is more robust to
different system parameters.

(2) Although the optimum detector outperforms the MMSE detector in most cases, it is
too complicated, especially when there are a large number of code channels.

(3) Pilot channel power should be determined by making trade-off between the channel
estimation quality and received SNR for each data channel.

(4) The system performance of both detectors is much affected by Doppler frequency;,
especially when the Doppler frequency is larger than 500 Hz.
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10.1

Hybrid detection for OFCDM systems

As discussed in the last chapter, in a Gaussian or flat fading channel, multicode chan-
nels are orthogonal. In a realistic wireless channel, however, the orthogonality no longer
maintains. Thus, MCI is caused. In this chapter, a novel detection method, called hybrid
MCI cancellation and MMSE detection, is proposed and compared with pure MMSE
detection. The system performance is analytically studied with imperfect channel esti-
mation to show how it is affected by parameters such as the window size in the channel
estimation, Doppler shift, the number of stages of the hybrid detection, the power ratio
of pilot to data channels, spreading factor, and so on.

Introduction

Although MMSE detection can suppress MCI as discussed in the last chapter, so far
MMSE detection has not been investigated for the OFCDM system with interference
cancellation. Figure 10.1 illustrates the situation when MMSE detection is employed with
MCI cancellation. It can be seen that the input to the MCI canceller is a combination of
the useful signal, MCI and background noise. After MCI cancellation, the useful signal
and background noise remain unchanged, but MCI is reduced. The combined signal is
input to the MMSE detector with estimated signal plus interference power. Then the
weighted output is generated after MMSE detection. Since the weight of MMSE is
related to the input signal plus interference power, it should be updated stage by stage
because the input power of MCI changes due to MCI cancellation. Therefore, when
MMSE detection is employed with MCI cancellation, it is not a simple concatenation of
the MCI canceller and pure MMSE detector, but a hybrid scheme. The objective of this
chapter is to analytically investigate the performance of VSF-OFCDM with this hybrid
MCI cancellation and MMSE detection.

For the broadband OFCDM system with high carrier frequency, fast fading may exist.
For example, for a carrier frequency of 5 GHz, when a bullet train runs at the speed of
300 km/hour, the resultant maximum Doppler frequency ( fp) can be as high as 1500 Hz.
In this case, even with a short packet length such as 0.5 ms, the channel variation in one
packet duration is not negligible. Hence, in a fast fading channel, spreading in the time
domain cannot preserve the orthogonality between code channels and MCI will occur in
the time domain. Furthermore, the orthogonality between code channels in the frequency
domain will be distorted by the frequency selectivity as well. Therefore, in a fast fading
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Figure 10.1  Hybrid MCI cancellation and MMSE detection.
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Figure 10.2 Transmitter block diagram of the OFCDM system.

broadband channel, all two-dimensional multicode channels interfere with each other
and the resultant two-dimensional MCI is severe. In order to improve performance,
MCI should be mitigated as much as possible. On the other hand, channel estimation is
important for the system in a fast fading channel. Therefore, this chapter is devoted to
investigating the performance of OFCDM in the presence of Doppler shift, when hybrid
MCI cancellation and MMSE detection is employed with pilot-aided channel estimation.

System model

Note that with the introduction of the pilot channel and channel estimation, the system
model is shown in Figures 10.2 and 10.3 for transmitter and receiver, respectively. At
the transmitter, information bits on each data channel are first translated into Gray codes
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Figure 10.3 Receiver block diagram of the VSF-OFCDM system with hybrid MCI cancellation
and MMSE detection.

by a QPSK mapper, and then serial-to-parallel (S/P) converted into M/Ng streams of
mapped symbols, where M is the total number of sub-carriers. Every symbol of the
streams will be two-dimensionally spread with Nt chips in the time domain and Ng chips
in the frequency domain. At the same time, known QPSK-modulated pilot symbols are
S/P converted into M streams, each one of which is spread into Nt chips in only the
time domain. Then all data and pilot code channels are combined by a code multiplexer.
Scrambling will be carried out on the combined signals. After scrambling, a frequency
interleaver is employed to separate the Ng sub-carriers carrying the same data symbol as
far as possible, so that the system can benefit from frequency diversity due to independent
fading in interleaved sub-carriers. After interleaving, a total of M chips should be up-
converted to M sub-carriers and transmitted in parallel. An M-point IFFT realizes this
operation. At the output of IFFT, an effective OFCDM symbol with duration T is
obtained with M samples. A guard interval called cyclic prefix with Ly samples (or
duration Ty) is inserted between OFCDM symbols to prevent inter-symbol interference
(IS1). Hence, a complete OFCDM symbol is composed of M + L4 samples with duration
T = Ts + Ty. Finally, OFCDM symbols pass through a pulse shaping filter, which gives
rise to a transmitted baseband signal.

In the receiver, with perfect symbol timing, the received equivalent baseband sig-
nals are first processed by a matched filter where the guard interval is removed. The
resultant signals are further input to the FFT block, which realizes the M-sub-carrier
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down-conversion. After FFT, the M chips involved with the M sub-carriers are obtained,
deinterleaved and descrambled. On one hand, the output of the descrambler passes
through the time domain summation for pilot channel estimation. On the other hand, using
the phase information of the estimated channels, the output of the descrambler is weighted
by equal gain combining (EGC) and accumulated by the time domain despreader for data
channels. The resultant data signals will be further processed with the hybrid detection.
When the MCI canceller is employed, the output from the time domain despreader for
data channels is subtracted by a regenerated MCI. The outputs of MCI subtraction are
then multiplied by weights obtained from MMSE algorithms and combined at the fre-
quency domain despreader to get the signals of the desired code channel. After frequency
domain despreading, a hard decision will be made to recover QPSK symbols. Then sig-
nals are parallel-to-serial (P/S) converted and demapped. Finally, information bits at the
desired code channel are obtained. The recovered information bits from all other code
channels will be used to regenerate the MCI for the desired code channel. Basically,
the interference regenerator performs the operation as the transmitter except channel
information. Although MCI cancellation cannot be performed at the zeroth stage due
to unavailable information data, the signals of the first stage at the output of the time
domain despreader for data channels will be subtracted by non-zero MCI. This can-
cellation process will continue in an iterative way until a specified number of stages is
reached. Since the MMSE weights are related to the input power, they must be updated
stage by stage due to the reduction of the MCI in each stage. Generally speaking, as the
recovered information bits become more reliable stage by stage, MCI can be regenerated
with higher accuracy stage by stage. After subtraction, MCI can be cancelled out much
from the output of the despreader. Thus, the BER performance can be improved stage
by stage.

Performance analysis
Transmitted signal

Using M sub-carriers, one data symbol can be modulated by Nt chips in the time
domain over Ng sub-carriers in the frequency domain. Therefore, Ng = M/Ng QPSK
symbols can be modulated, where Ng is an integer. Using a block frequency inter-
leaver, the frequency separation between adjacent sub-carriers impressing the same
symbol is Ng - Af where Af = 1/Ts is the sub-carrier spacing. The first of the Ng
symbols uses the Oth, Ngth, ... ((Ng — 1) - Ng)th sub-carriers, the second uses the
1st, (Ng + 1)th, ..., ((NfF — 1) - Ng + 1)th sub-carriers, ..., and the last of the Ng sym-
bols uses (Ng — 1)st, (2Ng — 1)th, ..., (Ng - Ng — 1)th sub-carriers. When a high data
rate is required, more than Ng symbols should be supported at a time. Thus, multiple
codes are needed with one code for Ng symbols. When K codes are used for each sub-
carrier, K - Ng symbols can be modulated one time by the system. Thus, in forward link,
the baseband transmitted data signal of the mth sub-carrier on the ith chip of the time
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domain can be expressed as
K-1
Sni (1) = VP > agmie!”Mpt —iT) (10.1)
k=0

where P is the signal power on one sub-carrierand f, = m - Af represents the baseband
equivalent frequency of the mth sub-carrier. ay m; is given by

k k
ak,m,i = Ok,m%Ng, Li/Nr) 'Cg\l:,)Lm/NBJ 'CE\II,)i%NT " Sm.i (10.2)

where x%y and [x/y] represent the remainder and integer parts of x/y, respectively,
i, moeNg, i /N7 1S the data symbol of the kth code channel, and s, is the random binary
scrambling code chip of the ith chip (or OFCDM symbol) in the mth sub-carrier. In
(10.1), p(t) is assumed to be a rectangular pulse with unity amplitude and duration
of T.

In order to carry out effective channel estimation, a code-multiplexed pilot channel is
employed on each sub-carrier. Pilot symbols are spread only in time domain with Cﬁ?
The baseband pilot signal of the mth sub-carrier on the ith chip can be expressed as

Se.mi(t) = v/BP - ap i - eI pt —iT) (10.3)
where g is the power ratio of pilot to one data channel and
apmi =dp - Ci\(l)z,i%NT Sm.i =dp - Sm.i (10.4)

where dp is the known pilot symbol and c(@!i%NT =1 for all i of the pilot code C(h?T)

Therefore, the total baseband equivalent complex transmitted signal in Nt-chip duration
is given by
M—1 N7 —1

SM) =Y Y [Smi(t) + Semi(t)] (10.5)
i=0

m=0

Channel model and received signal

In forward link, all code signals are synchronized and experience the same multipath
fading channel with the lowpass equivalent impulse response

L-1
h(t) = > hi(®)s(r — =) (10.6)
1=0

where hy(t) is the complex time-varying channel fading for the Ith path and 7; is the
delay of the Ith path, uniformly distributed in [0, Tg). The amplitude and phase of hy(t)
are Rayleigh distributed with the variance o> = E{|h;(t)|?} and uniformly distributed
in [0, 27r), respectively. When Doppler frequency exists, the autocorrelation function of
the Ith path is defined as

Pi(At) = E{hi(t + At) - hi(t)} = o Jo(27 fp AL) (10.7)
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where (-)* stands for the conjugate operation, fp is the maximum Doppler frequency and
Jo () is the correlation coefficient (zeroth-order Bessel function of the first kind [1]).

After experiencing the multipath channel, the baseband received signal inputs to
the matched filter. By setting T larger than the maximum channel delay, there is no
contribution (or interference) from adjacent symbols. With ideal symbol timing, the
output of the matched filter on the mth sub-carrier in the ith time chip duration can be
expressed as

- 1 [iT+Ts ‘ ) )
ra(i) = T ﬁT r(t) - e 12T 7 Tt
S i

_T_s T

1 PT+T [L-1 . T )
|:Z hit)- St — =)+ n(t):| . e—Jzﬂfm(t—l»T)p(t i Tt
1=0

K—

1
VPay i+ \//ﬁa,,,mo @) + N, §) (10.8)
0

M-1
-5
where r(t) is the received baseband signal, n(t) is a complex additive white Gaussian
noise (AWGN) with power spectral density of Ny and

k=

. 1 L=t T R )
2@ = =D fo hi(t +1 - T)el? (fn—fadtgy (10.9)
S 1=0

is the factor of the contribution from the mth sub-carrier. When m # m, Ag]")(f) is the
factor of interference whereas whenm = m, Am(f) = /\fﬁm)(f) tends to be the factor of the
useful component from the Mth sub-carrier. N (i, f) is the noise component with zero
mean and a variance of o2 = No/T,. The output rm(f) involved with the M sub-carriers
will be frequency deinterleaved and then descrambled.

Channel estimation

In order to demodulate the data signal, the channel estimation is discussed first. The
output of the descrambler inputs to the time domain summation for the pilot channel.
Actually, the summation is a simple average of the output of the descrambler over y Nt
chips duration, where y isan odd integer. Therefore, the resultant output of the summation
for pilot is given by
1 ADNr2-1
re(fh) = (1) - Sp i

v N =~ (y—1)N72

(y+1)N7/2-1 R
= /BPdp - N Z () [+ 1+ 12+ Np  (10.10)

i=—(y—1)Nr/2

where the first term is the useful component and I, is the interference caused by all
the K data channels from the mth sub-carrier. In a flat fading channel (fp =0), I, =0
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due to the orthogonality of time domain spreading codes. When fp £ 0, however, the
orthogonality no longer maintains, so 1, ## 0. The variance of I, is given by

) K-=1| (y+1Nr/2-1 (y+1)N7/2-1 k) )
2 A T T
Ri(i, i2) - (CNT.fl%NTCNT,fZ%NT>

(10.11)

I1
(yN7)° (= f1=—(y —1)N7/2i=—(y —1)N7/2

where R; (i1, i) is the autocorrelation function of A (i), defined as
R.(i1. 12) = E{aa(i1) - (A (i2))")
T, L-1 . R
T2 / X;@(t + (ip —i2)T) (Ts — |t])dt (10.12)

I, is the interference caused by all other sub-carriers, given by

(y+1)N7/2—-1

1
lp, = —
YN e
K-1 M-1
m m
\/_Z Z)»( )(I) & mi ++vB Z)\( )(I) 8 mi | Smi
m;ém ;
(10.13)
The variance of I, is derived in [2] and given by
2P(K + B) sin? (M Aft)
2
= — = — M |- (Tg — t)dt
b T U NTMTZ Z‘M) [ sin? (T A ft) (T: =1
(10.14)
Np is the noise term with variance
2
2 O No
VN oy NgTS (1019)

Therefore, the channel estimation for Nt chips (i =0, 1, ..., Nt — 1) is given by the
simple averaging estimator

1 (y+1)N7/2—-1

\;@o)lp N Yoo )+ (10.16)

I=—(y—1)Nr/2

>—' |

where Ip is the total interference plus noise with variance

2 2 2
2 _ % T %, TN,

o, = 5P (10.17)

Defining the channel estimation error:

e =in—rn(i), 1=0,....,Nr—1 (10.18)
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the autocorrelation function of g; is given by

Rerr (ilv i2) = E{eh e;kz}

1 +DNe/2-1 ) -
Ny Z Aa(in) + Ip — Am(ia)
i1=—(y—1)N7/2

1 (y+1)N7/2—-1 . )
JNp Aa(i2) + lp — An(i2)
i2=—(y—1)N7/2

1 (v+DN7f2-1  (y+1)N7/2-1 . s
= W ) Z ) Z Ri(i1, i2)

I1=—(y =1)N7/2 i;=—(y —1)N7/2
1 (y+1)N1/2-1

_m Z [R)L(Il’i\)"_ RA(IZ,i\)]'F Rk(il,i2)+0|zp

i=—(y—DNr/2
(10.19)
Therefore, the variance of the estimation error, e, is given by
a2.(i) = E{lei*} = Ren(i, i) (10.20)

Time domain despreading for data channels

Suppose the kth code channel is the desired data channel. A simple EGC is employed in
time domain despreading to collect any useful signal from different chips. The phase of
the channel estimation Ay, is denoted as @, given by

@n = tan 1{Im(%s)/Re(kn)) (10.21)

where tan—1(-) stands for the reverse tan function, Im(-) and Re(-) represent the imaginary
and real parts, respectively. Assuming that the kth code channel employs two-dimensional
spreading code {C,(“"TT), Cﬁff)}, the signal at the output of the time domain despreader is
given by
N~y emin | o)
Mm = Ny - ra(l) - e n “Cyrt S
1=0

= S; s + MCls x + MClgy + IClg 4+ N (10.22)

where S; . is the useful signal from the kth code channel. When there are a large number
of sub-carriers M > Ng, the minimum spacing Ng - Af of two adjacent sub-carriers
carrying the same data can be quite large and the crosstalk (or contribution) from the
other Ng — 1 sub-carriers (rather than the mth sub-carrier) will be very small, so it is
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neglected. Therefore, S; ; is given by

St = T 2 Bad Ot Sni - Aa() e
T oo
k -

= VP -dg ol g, - () (10.23)

where d; = dk %N, UN J for simple notation and « (M) is the channel distortion, given
by

N7—1
a(f) = Z O (10.24)

MClg x is the interference from the Kx codes in ©2x given by

Qx = {Cl,c®) ke =0,1,..., Ne — 1, but ke ke, kr # 0
(10.25)

which have the same time domain spreading code as the kth code channel, given by

MClax = VP > di- o 1y, - () (10.26)

keQx
MClg v is interference from the Ky interference codes in Qy given by
{c(kT> Cl) ke =0,1,..., Ne — 1,k
=1,...,Nr—1,butkr #£kr £0 (10.27)

which have different time domain spreading codes from the kth code channel and from
the pilot channel, given by

MClay = VP 3~ de- ey g, - k() +/BPde - ap(fh)  (10.28)

kEQY

where oy (M) and ap (M) are defined as

N7—1
ax(M) = Z Aa(P) - e i . ‘Nkjl (@. (10.29)
Nt—1
ap(fl) = Z Aa(P) - e i . ‘kT) (10.30)
The variances of MCls x and MClyg, v are given by
Ociyy = P - Ky - le()? (10.31)
Ty = P D low(M)[? + BP - ep () (10.32)

kEQY
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ICly is the interference from all other sub-carriers. Considering the sub-carriers with
m =0, Ng, 2Ng, ..., (NF — 1)NB, ICls is given by

1 Nt—1 M-1
o= 3| 500 (7 S + VB

i=0 m=0

M=

—jon (kT) A
. e m . I Sm ’i

(10.33)

1 Nt—1

(m-Ns) —ign . k) .
Ny VP Z g () - A mngi | € 'CN:j'Srﬁ,i
1=0 m_N;ﬁ

The reason to subtract the second term from the first term on the right-hand side is that
Nk out of M sub-carriers carry the same data as the desired channel. The variance of
ICl can be derived [2] and is given by

T, L-1
0= #i(t)
ICI NTZ/ ; [

{ (K + B) - sin?(tMAft)cos (7w (1 — Ng)Aft)

sin(r Aft)sin(zNgAft) :|
—(K+8) - Ne (T — t)dt  (10.34)

sin?(TMAft) N
sin? (r NgAft) F
Finally, Ng, is the background noise with zero mean and a variance of a,ﬁm =02/Nt =
No/Nt - Ts.

10.3.5 Frequency domain despreading

In frequency domain despreading, the outputs of the time domain despreader will be
weighted by different factors, multiplied by a frequency domain spreading code and then
summed over Ng interleaved sub-carriers. In the despreading process, however, MCI
is caused by independent fading on interleaved sub-carriers, so MCI cancellation plus
MMSE detection must be employed.

Pure MMSE detection
At the zeroth (or original) stage of MCI cancellation, the regenerated MCI is unavailable
due to detected data being unavailable. Thus pure MMSE detection is used to combine
the signals from different interleaved sub-carriers. The weights of pure MMSE are given
by [3]
{\/_dk r* )} -c NF Lm/NBJ

E{Irk,ml la ()}

P . a*(M)

_ ] (10.35)
P la(M)? + oycy, , + C’l\lecm,y +oiey, + R,

w(M) =
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In the evaluation of w(rf), the estimates of several parameters are required. When
i in (10.16) is used to replace Aq (1), a(h) is approximated as &(f) = |Aq| and both
(10.31) and (10.30) are zero. Thus, (10.35) reduces to

w(f) = a(m) — (10.36)

0% NTE
L+ Kyx) - [@(m)2 + 2o 4 (=2
P No

where Es/Ng = PTs/Np.

For the first of the Ng symbols on the kth code channel, m =m - Ng and m =
0,1,..., Ng — 1. By summing the signals of the N interleaved sub-carriers, the output
of the frequency domain despreader is given by

L=
y[i NF Z rk m- NB NF m (,L)(m NB)]
m=0

= S; + MClx + MCly + ICI; + N; (10.37)
where S; is the desired data signal, given by
1 Nel
S =+P-d; - [N—F m; a(m - Ng) - w(m - NB):| (10.38)
MCly is the MCI caused by the Ky code channels from Qx, given by
MCly = N Z dy ['ilcﬁg?m <Nk:>m a(m - Ng) - w(m - NB):| (10.39)
kex m=0

MCly isthe interference caused by other Ky code channels from 2y and the pilot channel
due to non-zero Doppler shift, given by

MCly = — Z dy - [Z c(ﬁg)m e, - aw(m - Ng) - o(m - NB):|

F kEQY

[cﬂ‘F)m ap(M - Ng) - w(m - NB)] (10.40)

ICI; and N; are the ICI and the background noise components, respectively, with vari-
ances given by

Ng—1
Oy = 'C'm Z|w<m Ne)[? (10.41)
2 No = 2
= TNNE 2 Z lw(m - Ng)| (10.42)
S

Finally, a hard decision will be made on the output, y;, and a tentative decision déo) will

be obtained, where the superscript “0” stands for the zeroth stage. For QPSK modulation,
the probabilities of incorrect decisions of real and imaginary parts of y; are the same.
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Hybrid MCI cancellation and MMSE detection

Using the tentative decision {d,ﬁo), k # R} from the pure MMSE, MCI interference can
be regenerated for the first stage. Generally speaking, with the tentative data decisions
ds v, . dfk;i, _...dS7D where k # k, of the previous stage and channel estima-
tion A4, the MCI interference in (10.26) can be regenerated for the sth stage, so MCI
cancellation can be carried out. The regenerated MCI for the (m - Ng)th sub-carrier is

given by

QW = VP > df Vel - a(m - Ne) (10.43)

kEQx

Note that only the interference caused by the Ky code channels from Qx can be regen-
erated. For interference MClg v from Qv and the pilot channel, regenerated MCI is
zero due to orthogonality of different codes and to the fixed channel estimation over Nt
chips.

The output of the MCI cancellation is given by

(s) — v (s)
rl’(\,m.NB - rk,m-NB - Qm-NB

= Sgmng + MCIE &+ MClyngy + ICInng + Niyg  (10.44)
where S v, and ICln.n, are given by (10.23) and (10.33), respectively. MCIfﬁ)N xIs
the residual MCI, given by

MCI. x = MClang x — QW

= VP Y [di-a(m-Ng)—d° - a(m - Ng)| - ¢, (10.45)

kGQx

Assuming that the data decision error dyx — df"” andtheerrora(m - Ng) — &(m - Ng)
are independent with zero mean, the variance of residual MCI is given by

ot (8) = P Z E{|dc - (m - Ng) —d& - a(m - NB)|2}
kEQx
~ E{|(d — ) - e(m - Ng)[*}
i kezgx [+E{\dé“> [a(m - Ng) — &(m - Ng)]|*}

NT 1Nr—1
=4P - PEY Ky - a(m - Ng)[? +

i1,12)  (10.46)
i1=0 i,=0

where P(S Y'is the BER of the (s — 1)th stage and Rerr(ll, |2) is given by (10.19).
Since in r(s) , the powers of the useful signal, interference and noise terms are
unchanged, the new weights of MMSE with MCI cancellation at the sth stage are given
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by (10.35) with the substitution of o,\ZAC,mYX by a,\z,,C,m_NBAx(s), ie
o (m - Ng)
P -a(m - Ng)
P -|&(m - Ng)|* + OVI\Z/ICIm‘NB'x(S) + ‘7|20|m,NB + Glglm.NB
&(m . NB)

2 -1
Nr—1Np—1 ocl, NTE
1+ 4PFVKy) - [&(m - Ng)I? + 13 Z P> Rere(iz, 12) + F’NB +< ’I|os>
|1 0 Iz 0

(10.47)

Finally, the output signal of the frequency domain despreader after hybrid MCI can-
cellation and MMSE detection is expressed as

1\
() _ r® (kp)
=N > : Eme O - @®(m - Ng)] (10.48)

m=0

=5 + M1 + mcI +1c1® + N

where S(S) is the desired signal component contributed from the N+t chips in time domain
over Ng sub -carriers, given by (10.38) with the substitution of w(m - Ng) by »®)(m - Np).
MCI(S) is the residual MCI caused by the other Kx code channels from Qx, given by

M) = ZMcl(n?NBx e - @O(m - Ne)] (10.49)

MCI(S) is the MCI caused by the other Ky code channels from Qy and the pilot chan-
nel, given by (10.38) with the substitution of w(m - Ng) by «®(m - Ng) - ICI(S) is the
ICI component and Nf) is the background noise component at the sth stage, Wlth vari-
ances given respectively by (10.41) and (10.42) with the substitution of w(m - Ng) by
»®(m - Ng). Note that in the hybrid detection, not only the MCI but also the power or
variance of the useful signal, the ICI and the background noise change with the stages
because of the updated MMSE weighting factors.

Performance evaluation

Conditioned on the estimated channel fading factors {Am.x, }, the decision variable, y(s)
at the sth stage of MCI cancellation is given by (10.48). When the number of code
channels in Qv is large, conditioned on {An.n, } Which is contained in »®(m - Ng), and
spreading codes {Cﬁ',‘TT), Cﬂ‘:)}, where Cﬂl‘TT) is contained in ay (M - Ng), MCIS in (10.48)
can be modeled as a Gaussian random variable with variance

Ul\2/|<:|y(5) NZ Z

F kEQY

2

k k
Z [ - Cie - cte(m - Ne) - (m - Ne)]

2
Ng—1 R
~7 Z [Cﬁt)m ~ap(M - Ng) - 0®(m - Ng)]

(10.50)
ng m=0
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Therefore, at the sth stage, there are three Gaussian random variables in y(s)
MCI$), ICIS) and N MCI$) is the multicode interference in the time domaln from
code channels in 2y and IC1® is the inter-carrier interference from all other sub-carriers.
Since MCI(S) and ICI® are generated with different principles, the correlation between
McI® and ICI(S) is negligible. Furthermore, N(S) is the background noise. Therefore,
MCIE() ICI(S) and N(S) are independent Gaussmn random variables. A new Gaussian
random varlable as 77 MCI(S) + ICI(S) + N(S) can be deflned W|th the variance of

2(s) = UMC,Y(S) + 0g(8) + 04 (). Then the deC|S|on variable y ) is written as

The original data in MCI(S) (see (10.45) or (10.49)) is written as dx =
(dix + j - dox)/+/2, where d; x and dq « take 1 or -1 with equal probability. Similarly,
the tentative decisions can be written as d(S D= (dfk Qs j- d(S 1))/\/_ Defining the
error vector e " = dy — d° Y = e, ) +j-e5,”, the error probabllltles of the real
and imaginary parts are supposed to be equal and given by

6D e
1 1-peY, =0
PefY) = { Ptfs*”b, (s b (10.52)

Conditioned on {Xm.n,}, {di. k € 2x} and {ef > = el Y + j-e§ Y. k € x}, the

conditional error probability at the sth stage is given by

P ((ma ) () {6} e,

1
=5 Pr(Re(Sy) + MCIP +77) <0fy )

1 ©) ©, ©
+§.mmq% +Mux+%)goMFww?J
1 (Re@§%+Mc§U )
(s) (s)
1 Re(S® + MClI
+5-Q & x) (10.53)
2 Gn (S)/‘/E dHQ:l,dQ'Q:fl

where Q(z) = \/%7 fz+°° e~"/2dt for z > 0. The factor of v/2 is introduced because only
the real part of the Gaussian noise is considered with a variance equal to half of that of
the complex Gaussian noise.

In order to obtain the average bit error rate, (10.53) must be averaged over all con-
ditions. First consider the average over {e}’, e ke Qx} and {eg kl), k € Qx}. For n bit
errors out of Kx codes the number of orders of different error vectors (or sequences)

is (Knx> = nl(K n)' Further, defining {e}” el 1)}n,i’ i=12,..., (Knx) as the ith order

error vector with n bit errors, the probablllty of the ith order error vector with n bit errors
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out of Kx codes is given by
P() = (RF)"- (1 RF)) (10.54)

When n is large, (10.54) is very small. Thus, in numerical calculation, only a few small
values of n need to be considered. Therefore, the average of (10.53) over{ el Sk e Qx }
is given by

P (o). 10 {53 e, )
Kx)

= Z P(n) Z P (. () {537 ) (65 ) eee,)  (10.55)

Similarly, the average of (10.55) over {egfkl), k € Qx| is given by
Pb(S)({Xm-NB ’ {dk}|k€Qx)

KX)

= Z P(n) Z P (K b 10 H{e§ 3 ecar) (10.56)

Then (10.56) should be averaged over all possible Kx interference data

4Kx 1

PéS)({xm-NB}) = Z PéS)({Xm-NB}, {d}jlkeay) (10.57)
i—0

where 4 stands for the number of different values of dy and 4K is the total number of
combinations of dy over Ky data. In the special case (i.e. the zeroth stage or pure MMSE
detection), the regenerated MCI or the error vector do not exist. Thus, the error vectors
in (10.53) should be removed.

Finally, P,§5>({xm.NB}) is averaged over all {Am.ng, M =0, 1, ..., Ng — 1}, which can
be numerically evaluated using a Monte Carlo approach [4].

Numerical results

Using the Monte Carlo approach, some representative numerical results are obtained
from the analytical expressions and presented in this section. A broadband system with
100 MHz is employed. A total of M = 1024 sub-carriers are used and the resultant sub-
carrier spacing is about 97.7 kHz. The effective OFCDM symbol duration is 10.24 us.
When the delay spread of the multipath channel is around 1.0 us [5], a guard interval
Tq of 1.76 ps is adequate to combat the multipath interference. Therefore, the complete
OFCDM symbol duration is 12.0 us. Furthermore, the average received signal-to-noise
ratio (SNR) per bit is defined as SNRy = £ 209N (1 + g/K) = 14dB and the system
load is defined as K /N. The times y of NT for channel estimation is settobe y = 3. All
the numerical results are based on these assumptions unless noted otherwise.
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Figure 10.4 Performance of hybrid MCI cancellation and MMSE detection with N = 2 x 32
and full load.

First, performance of the OFCDM system is evaluated with the assumption of ideal
channel estimation. Thus, no pilot is needed. The BER performance of the hybrid MCI
cancellation and MMSE detection is shown in Figure 10.4 for N = Nt x Ng = 2 x 32
and full system load, i.e. K/N = 1.0 when the Doppler shift is zero. A three-stage MCI
canceller, including the zeroth to third stages, is considered. The system performance
without MCI is also shown for comparison. It can be seen from the figure that the
hybrid detection performs much better than pure MMSE when SNRy, is large. The BER
decreases as the number of stages increases and gets close to the performance without
MCI. The performance improvement between the pure MMSE and the hybrid detection
with the first stage is significant. The gap in BER between the first stage and second
stage is also large. However, the improvement beyond the second stage is insignificant.
In conclusion, the BER performance improvement for the hybrid detection decreases as
the number of stages increases. Considering two stages is sufficient.

Figure 10.5 shows the BER performance as a function of system load K/N for a
given SNRy, = 8 dB and a different number of stages. It can be seen that with various
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system loads, the hybrid detection exhibits much better performance than the conven-
tional MMSE. When system load is light, the first stage is needed. When the system load
is heavy, however, it is necessary to consider uing two stages. This is consistent with
Figure 10.4.

Figure 10.6 illustrates the BER performance with the hybrid two-stage MCI can-
cellation and MMSE detection, and with various values of Ng, the frequency domain
spreading factor, for a given total spreading factor. It can be seen that the BER of the
hybrid detection decreases as N increases, especially for large SNRy. This is because
a greater frequency diversity gain is obtained when Ng increases. Although more MCI
is caused when Ng gets larger, MCI cancellation can reject most of the MCI. In this
case, frequency diversity can still provide more gain when Ng becomes larger. In sum-
mary, with hybrid detection, a large value of the frequency domain spreading factor is
desired.

The BER of the hybrid detection is plotted in Figure 10.7 as a function of the frequency
domain spreading factor for a given total spreading factor and for various values of the
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system load. The BER of conventional MMSE is also plotted for comparison. It can be
seen that for pure MMSE, the BER decreases when Ng increases from a small value.
This is because the gain of frequency diversity is more than the loss caused by the MCI.
For different values of N, however, the pure MMSE provides very stable performance.
In other words, large Ng does not provide any frequency diversity gain for pure MMSE.
This is because more MCI is caused when N increases. The frequency diversity gain is
canceled out by the MCI. However, the hybrid detection performs differently. I1ts BER
performance improves when Ng increases for different system loads. This is similar to
Figure 10.6.

The BER is plotted in Figure 10.8 for both detection schemes as a function of Ng for a
given N, but variable N = Nt x Ng. Simulation results are also shown for comparison.
It can be seen that the analytical results provide correct and useful indications on the
system performance as simulation results, although the analytical results are optimistic
in the hybrid detection scheme. It can also be seen that for a given number of stages
(first stage or second stage) in the hybrid scheme, the BER decreases as Ng increases,
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whereas the BER of conventional MMSE s flat for various Ng. This is consistent with
Figure 10.7.

In the following, practical channel estimation is considered. Thus the code-multiplexed
pilot channel is needed. Figure 10.9 illustrates the effect of the power ratio 8 on the per-
formance of a two-dimensionally spreading system with the system load K /N = 0.25
and 0.75, respectively. The Doppler shift fp is assumed to be 500 Hz. For compari-
son, the performances of pure MMSE, and one-stage, two-stage and three-stage hybrids
are shown. It can be seen from the figure that when g is small, the system performance
degrades by the poor channel estimation. When g increases, BER performance improves
as the quality of channel estimation improves, and BER reaches a minimum for a par-
ticular value of 8. Further increasing 8 beyond that value increases BER due to the low
transmit power efficiency and more interference caused to data channels by the pilot
channel. When the system load is light, i.e. K/N = 0.25, the optimum g is around
12 dB. However, when system load is heavy, i.e. K/N = 0.75, the optimum 8 is around
18 dB. Generally speaking, the power on pilot channel is set to be about 20 percent of
the total transmit power, i.e. 8/(8 + K) = 0.2, or equivalently 8 = 0.25K. Moreover,
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the significant improvement in BER performance can be achieved by making use of the
hybrid detection. For either heavy or light system loads, the most significant reduction
in BER is obtained by the one-stage hybrid detection, then the improvement decreases
when the number of stages increases. For the light load, a one-stage hybrid detector is
sufficient, whereas for the heavy load, two-stage hybrid detection is necessary.

Given Nr = 16 and g = 0.25K, Figure 10.10 shows the optimal y (yop is the multi-
plier of Nt in channel estimation) as a function of fy for various values of N+. It can be
seen from the figure that for a given N, yop: decreases when fp increases. This is because
when fp is small the channel variation is negligible and a larger y can suppress more
interference and noise in channel estimation. But when fp is large, the channel variation
is obvious, so y should not be large in order not to distort the channel estimation. More-
over, for given fp, yopt is sSmaller when N is larger. However, yop: should be greater than
one for a wide range of Doppler shift.

The BER is plotted in Figure 10.11 also as a function of fp with N = 16 x 16, K/N =
0.75,and B = 0.25K for pure MMSE, and one-stage, two-stage and three-stage hybrids,
respectively. It can be seen from the figure that when fp is small (fp < 200 Hz), the
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performance of each detection is very stable and the performance of the hybrid is much
better than that of the pure MMSE. Considering the two-stage hybrid is sufficient. When
fp increases from 200 Hz, the performance of any detection degrades dramatically due
to poor channel estimation. Furthermore, the degradation in performance is much more
rapid for hybrid than for pure MMSE. This is because when fp increases, MCI in the
time domain increases, which cannot be cancelled out by the hybrid detection. When fp
becomes large (fp > 1000 Hz), the BER performances of the pure MMSE and hybrid
detection are very similar. In general, as long as fp is less than 800 Hz, the improvement
in BER with hybrid detection is still significant.

The BER of the two-stage hybrid is plotted in Figure 10.12 as a function of Ng
for various values of fp. For similar channel estimation, y is assumed to be 3 and 5
for Nt = 16 and Nt = 8, respectively. It can be seen that for a given fp, when Ng
increases, the system performance improves. This is because with hybrid detection, when
Nr increases, the frequency diversity gain increases and overcomes the increased MCI in
frequency domain. Note that for Nt = 16 and fp = 1000 Hz, the system performance
degrades slightly when Ng increases from a small value and remains stable. Furthermore,
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when fp is small, the performance difference between Nt = 16 and Nt = 8 is negligible.
However, the difference increases with fp. When fp > 500 Hz, the system with Nt = 8
performs much better than that with Nt = 16. This is because the MCI in the time
domain is larger with Ny = 16. This MCI increases with fp and cannot be cancelled out
by the hybrid detection. In summary, with similar channel estimation quality, a larger
frequency domain spreading factor is preferred, irrespective of the Doppler shift fp. But
a shorter Nt is more favorable when fp increases.

Figure 10.13 illustrates the system performance of the two-stage hybrid as a function
of Nt for various values of fp, as well. The frequency domain spreading factor Ng is
set to 8 or 16. y is changed with Nt. Using the optimum y = 3 when Nt = 16 and
fo = 500 Hz as a reference, to obtain similar channel estimation, y is chosen as 11, 5,
1and 1 for Ny = 4, 8, 32 and 64, respectively. It can be seen that, basically, for a given
value of fp, the BER of each detection increases when Nt increases. This is because with
similar channel estimation, the MCI in the time domain increases as Nt increases, which
cannot be mitigated by the hybrid detection. There are also some special points acting as
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the optimum value such as Nt = 8 for fp = 1000 Hz and Nt = 16 for fp = 100 Hz, but
the performance difference is not significant. Furthermore, when fp is small, the system
has stable performance with Nt = 4, 8 and 16. When fp increases, however, the system
performance with Nt = 16 is obviously degraded. In summary, when similar channel
estimation is possible, the system with shorter Nt is always favorable, especially when
the Doppler frequency is high.

Summary

The performance of OFCDM systems with hybrid MCI cancellation and MMSE detec-
tion is investigated in this chapter. The performance of conventional MMSE and the
hybrid detection have been compared extensively. The following conclusions are drawn.
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(1) The hybrid detection performs much better than the conventional MMSE. But the
BER performance improvement for the hybrid detection decreases as the number of
stages increases. Considering a two-stage MCI cancellation is sufficient.

(2) For the hybrid detection, a large value of frequency domain spreading factor, N,
is expected. For the conventional MMSE, however, the value of Nr does not make
much difference in BER performance.

(3) The quality of channel estimation is critical to the performance of hybrid detection
in the presence of Doppler shift. The optimum power ratio (8) between pilot and one
data channel takes a value around 0.25K for a wide range of system loads.

(4) The optimal times () of Nt in channel estimation decreases when the Doppler shift
increases, but should be greater than one for a wide range of Doppler shift.

(5) When the Doppler frequency fp is less than 200 Hz, the effect of the Doppler fre-
quency on system performance can be negligible. However, increasing fp rapidly
degrades the system performance. As long as fp < 800 Hz, the hybrid detection
still provides significant improvement in performance compared to the pure MMSE
detection.

(6) In order to achieve the best performance for a wide range of Doppler shifts, a larger
Nk is preferred, while a shorter N+ should be employed, especially when the Doppler
frequency is high.
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11.1

Coded layered space-time-frequency
architecture

For high-speed OFDM MIMO multiplexing, a new coded layered space-time-frequency
(LSTF) architecture (i.e. LSTF-c) with iterative signal processing at the receiver is pro-
posed, where multiple encoders/decoders are designed and each independent codeword
is threaded in the three-dimensional (3-D) space-time-frequency (STF) transmission
resource array. The iterative receiver structure is adopted consisting of a joint MMSE-SIC
detector and the maximum a posteriori (MAP) convolutional decoders. Simulation results
show that the proposed LSTF architecture can achieve almost the same performance as
the LSTF (i.e. LSTF-a) where single coding is applied across the whole information
stream. However, due to its structure of multiple parallel lower speed encoders/decoders
with shorter codeword length, the proposed LSTF architecture can be more easily imple-
mented than the LSTF-a.

Introduction

The challenge of the detection of MIMO multiplexing is to design a low complexity
detector, which can efficiently suppress multi-antenna interference and approach the
interference-free performance. In this chapter, an iterative processing technique for joint
detection and decoding is used in the coded MIMO multiplexing. The iterative receiver
contains an MMSE-SIC detector [1], the complexity of which is much lower than that
of the MAP detector especially when the number of transmit antennas N; and modu-
lation level are large. As a constituent code, the convolutional code is used due to the
computationally efficient SISO MAP decoding. The performances of the joint iterative
detection/decoding schemes for both turbo code and convolutional code are quite similar
for different numbers of antennas [2], [3]. However, the iterative joint scheme for con-
volutional code outperforms that for low density parity check (LDPC) code [4], because
the former can approach the performance with zero interference while the latter is very
sensitive to error propagation when the sum-product decoding algorithm is used. The
objective of this chapter is to evaluate the performance of iterative signal processing
for the proposed novel LSTF-c. The effects of system or channel parameters, such as
the number of iterations in the joint detectors and decoders, the percentage of the pilot
channel energy, the number of multipaths, the root mean square delay spread, the cor-
relation coefficient between antennas, and the Doppler frequency shift, etc., are studied
extensively.
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Figure 11.1  Transmitter model of LSTF-a.

The remainder of this chapter is organized as follows. The transmitter structures,
channel model and iterative receiver structures of the three LSTF architectures are
given in Section 11.2. The channel estimation algorithm and the MMSE-SIC detec-
tor are described in Section 11.3. Some representative simulation results are given in
Section 11.4. Finally, some conclusions are drawn in Section 11.5.

System description
Transmitter structures

The coded LSTF architectures have N; transmit antennas and N, receive antennas, assum-
ing there are Ny data symbols and N sub-carriers in one packet. Thus, the LSTF architec-
tures have a 3-D space-time-frequency (i.e. Ny x Ng x N¢) transmission resource array,
where N, Ng and N, are the spatial, temporal and frequency spans, respectively. The
convolutional-coded LSTF architectures with iterative processing are investigated in this
chapter, and therefore an interleaver is required to follow each convolutional encoder in
the transmitter structures.

Inthe LSTF-atransmitter structure shown in Figure 11.1, the information stream is first
encoded by a single convolutional encoder and then interleaved. After that, it is divided
into N; sub-streams, each of which is QPSK modulated, S/P converted, up-converted to
N¢ sub-carriers by an M-point IFFT (M > N¢), and then transmitted through transmit
antennas. In the LSTF-b transmitter structure shown in Figure 11.2, the information
stream is first divided into N; parallel sub-streams, each of which is independently
encoded by a convolutional encoder, interleaved, modulated, S/P converted, up-converted
to N sub-carriers, and transmitted through a dedicated antenna. The LSTF-c transmitter
structure is shown in Figure 11.3. As in the LSTF-b, the information stream in one
packet in the LSTF-c transmitter is divided into N; sub-streams towards N; encoders,
interleavers and modulators in parallel. Then the QPSK modulated symbols in each
codeword are S/P converted and then distributed according to the function F into the
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Nt x Ng x N¢ 3-D transmission resource array. After that, the symbols in each transmit
antenna are up-converted to N, sub-carriers and transmitted.

In all the LSTF transmitters, after encoding and interleaving, a block of 2 bits is Gray
mapped into one of the four possible signal points of a complex constellation in QPSK
modulation. At the output of the M-point IFFT, an effective OFDM symbol is obtained
with M samples, and a guard interval of T for CP is inserted between the OFDM symbols
to prevent inter-symbol interference. Therefore, the duration of a complete symbol is
T =Te + Ty, where T, = MTj is the effective symbol duration and Ts is the sampling
time.

Our aim is to design a novel LSTF structure that can exploit spatial, temporal and
frequency diversity like the LSTF-a, and also have a low processing speed and short
codeword length in the channel encoder/decoder like the LSTF-b. Thus, a novel (i.e.
LSTF-c) LSTF structure is proposed by introducing a distribution function F in the
LSTF-b, as shown in Figure 11.1. As in the LSTF-b, the whole information stream in
one packet in the LSTF-c is divided into N; sub-streams and then encoded and modulated
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in parallel. After that, the modulated symbols in each codeword are S/P converted and
then assigned inthe Ny x Ng x N¢ 3-D transmission resource array with the distribution
pattern F.

In our framework, there are N; independent codewords, which are distributed to the 3-
D transmission resource array according to the distribution function F. In the 3-D array,
the symbols from the ith (i =0, ..., Ny — 1) codeword at the input of the proposed
distribution function F are expressed by an indexing set

Fi (ne, ng, n¢) = {i, ng, ¢} (11.1)

whereny=0,...,Nt—1,ng=0,...,Ng—landn, =0, ---, N, — 1 represents the
n¢th transmit antenna, the ngth time slot and the ncth sub-carrier, respectively. At the
output of the distribution function F, the symbols from the ith codeword can be indicated
by an indexing set in the 3D array as

Fo (nt, ng, n¢) = {[Ng + N¢ + i |,, Ng, Nc} (11.2)

where |-y, denotes the operation of modulo N;. The cube of spatial, temporal and
frequency spans is {N¢, Ng, N¢} and it shows the capability of codewords to exploit
the full spatial, temporal and frequency diversities. That is, all these codewords are
distributed according to (11.2) in the 3-D array with the usage of the three resources:
antennas, symbol slots and sub-carriers.

Given the parameters N;, Ng and N, at the transmitter, (11.2) determines the dis-
tribution of the modulated symbols in each codeword to the 3-D array, and at the
receiver the inverse distribution function F~* is used to collect the symbols back in
the 3-D array to form the original codeword for decoding. Figure 11.4 shows the sym-
bol distribution with Ny = 4, Ng = 12 and N, = 8, where every parallelogram denotes
a symbol with a codeword number to which the symbol belongs. It can be seen from
this figure that each codeword (given i) in the 3-D array shows a shape of thread, and
thus this proposed novel LSTF-c is called threaded LSTF architecture. In summary,
the proposed LSTF-c makes the whole 3-D array be filled by N; disjoint codewords in
order to jointly exploit the available spatial, temporal and frequency diversity for every
codeword.

To carry out coherent MIMO detection, time-multiplexed pilot-aided channel estima-
tion is considered. Figure 11.5 illustrates the packet format. One packet at each transmit
antenna consists of Ny modulated data symbols, one time-multiplexed pilot symbol and
N — 1 dummy symbols at every sub-carrier. The position of the pilot symbol depends on
the order of transmit antennas. In order to achieve high-quality channel estimations, the
dummy symbols are given to avoid interference among different transmit antennas. That
is, when one transmit antenna transmits one pilot symbol, all the other transmit anten-
nas transmit nothing. x[nq, n¢] stands for the vector of Ny transmitted symbols from N
antennas at the ncth sub-carrier and the nqth time slot, and x,,[ng, nc] is the transmitted
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symbol at the nith antenna,
VPxng. nel, 0<ng<Ng/2—1
V/BPgxPlon, N = Ng/2 4 Ny
Xn,[Ng, Ne] = (11.3)

VPaxE Dy — Ny, ne].,

O?

Ng/2+ Ny <ng < Ng+ N¢—1
otherwise

where Py is the signal power of data symbols at one sub-carrier, xntata)[ -] is the QPSK
modulated data symbol with unity power at the nith transmit antenna, x®') is the
known QPSK modulated pilot symbol with unity power, and g is the power ratio of pilot
symbol to data symbol. Thus, the percentage of the pilot channel energy in one packet

isy = /(B + Na).
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Figure 11.5 Packet format (N; = 4).

11.2.2 Channel model

At the ngth time slot and the ncth sub-carrier, the channel response matrix with N, rows
and N columns, where N, is the number of receive antennas, is given by [5]

L-1
Hlna.ned = Y RYZHMS! exp(—j2r fn, 1) (11.4)
1=0

where f,_is the baseband equivalent frequency of the ncth sub-carrier; and L is the
number of resolvable paths of the frequency-selective fading channels.
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The stochastic MIMO channel impulse response H,(”“) of the Ith path is the matrix with
elements hl("d)(nr, n¢), where n,=0,1,...,N,—1and n;=0,1,..., Ny — 1, being
independently and identically distributed (i.i.d.) complex Gaussian random variables
with zero mean and variance o2. The L-path channel has an exponential power decay
10log(o /o2 ,) = —12/L dB with 3= 02 =1, and a time delay difference of
equal interval between two adjacent paths. Furthermore, hﬂ]d)(”r» ny) and h,(:d)(n,, Nt)
are assumed to be statistically independent for 1; # I,. The autocorrelation func-
tion of the Ith path between two different symbol slots with time difference Ang is
defined as

¢ (Ang) = E[h™ (0, n)* h{™ ™2™ (n,, n)} = 023 (27 fpANgT) (11.5)

where * stands for the complex conjugate, Jo (-) is the zeroth-order Bessel function and
fp is the maximum Doppler frequency shift.

In(11.4), S = S,l/ZS,l/2 andRy = Rll/lel/2 represent the transmit and receive spatial-
correlation matrices for the Ith path, given by

1 P e P 1 P e P
s=|" Yt " |r=|”t (1L6)
o, e,
p e p 1 p e p 1
Nt Nr

where p (0 < p < 1) stands for the correlation coefficient between any two transmit
antennas or receive antennas. When p = 0, the transmit antennas or the receive antennas
are uncorrelated.

Iterative receiver structures

Atthe ngth (0 < ng < Ng — 1) time slot and the ncth (0 < n, < N — 1) sub-carrier, the
received signal vector at the N; antennas

y [ng, nc] = H[ng, ncI X [ng, nc] + 7 [Ng, nc] (11.7)

where 71 [ng, nc] is the additive noise vector with elements being i.i.d. AWGN with
double-sided spectral density Ng/2. In addition, the channel estimation is first carried
out on each sub-carrier by using the time-multiplexed pilot channel, and then further
averaged over adjacent sub-carriers in the frequency domain. The element, &, , [nc], of
the tentative channel estimation matrix, £ [n.], for the ncth sub-carrier in one packet is
given by

&n,.n, [Nc] = Yn, [Na/2 + ng, nc] (11.8)

1
\/ﬂ_pdx(pilot)
where yp, [ng, nc] is the n,th element of y [ng, nc]. To improve the reliability of channel
estimation, &, , [nc] should be averaged over adjacent sub-carriers in the frequency
domain. Using a sliding window average, the elements, hy, n, [nc], of the final channel
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Figure 11.6 Receiver model of LSTF-a.
estimation matrix, H [n.], for the n.th sub-carrier is given by
- 1 j:nc"’)b
h n. = j 11.9
nene [Ne] 21 j;kgnr,n, [i] ( )
Zne—

where 2A + 1 is the size of the sliding window.

The receiver performance of MIMO multiplexing depends upon the efficiency of the
signal processing in separating the signals from different transmit antennas. Basically,
the problem of coded MIMO detection can be considered as a joint multiuser detection
and decoding problem. Hence, the turbo processing can be efficiently used to develop a
set of iterative multiuser detection algorithms that make a trade-off between performance
and complexity.

In the receiver structure of LSTF-a as shown in Figure 11.6, the sampled OFDM
symbols with M samples in every symbol interval from each receive antenna are S/P
converted, down-converted from the N sub-carriers by an M-point FFT, and then sent
to a SISO multiuser detector, which provides soft-valued estimates of the symbols from
all the transmit antennas. The iterative MMSE-SIC multiuser detector consists of a feed-
back module which performs parallel interference cancellation and a feed-forward filter
which performs interference suppression based on the MMSE criteria. In each iteration,
the soft outputs from the decoders in the previous iteration are used to update the a priori
likelihood ratio (LLR) values of the transmitted symbols. In the MMSE-SIC detector,
these updated LLR values are then used to regenerate the soft estimates in the parallel
interference cancellation, and also to calculate the MMSE filter coefficients. After the
detector, the signals are P/S converted, deinterleaved, and then decoded by an SISO
decoder. After that, the soft LLR outputs from the decoders are sent through interleavers
and S/P converters as the a priori LLR values for the SISO multiuser detector in the
next iteration. The receiver structure of the LSTF-b is shown in Figure 11.7, where at
the output of the detector all soft-valued sequences for N; codewords are independently
P/S converted, deinterleaved, and then decoded by Ny parallel decoders. After that, soft
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Figure 11.8 lterative receiver of the LSTF-c.
outputs of the N; decoders are independently interleaved, S/P converted and then sent
to the detector. The receiver structure of LSTF-c is described in Figure 11.8, which is
obtained from the LSTF-b receiver by inserting the distribution function F between the
detector and S/P converters, and inserting the inverse distribution function F~* between
the detector and P/S converters. Note that, in the iterative receiver, each of the sub-streams
is independently interleaved to facilitate convergence. This feature of the receiver is to
ensure good convergence characteristics for the iterative processing. The SISO multiuser
detector constitutes a major part of the overall complexity of the iterative receivers.
11.3 MMSE-SIC detection

For simplicity, the indices, ng and n., of the symbol slots and sub-carriers in
x[ng, ncl, y[ng, nel, H[ng, nc] and i [ng, nc], are omitted in the following. In the
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MMSE-SIC detection, it is assumed that the channel response matrix is perfectly
known in the receiver by using a channel estimation algorithm. The coded bit vector
(2 x$ xO xD xﬁ?_l, xﬁ,lt)_l) from the N transmit antennas is mapped to the
symbol vector x = (Xo, X1, .. ., Xn,—1), Where the element x,, corresponds to one of
the four possible signal points in the complex constellation of QPSK modulation.
In the MMSE-SIC detector, based on the a priori LLR sequence, Aa(2ny+ j) =
In Pr(x,ﬁf) = 1)/Pr(x,§f) =0), j =0,1, of the coded bit vector given by the channel
decoders at the previous iteration, the expectation and variance of the symbol X, trans-
mitted from the nth transmit antenna are given by

E{Xn} =Y KPr(x, = %) (11.10)
Xed
1 . .
=Y X[ [Pr(x{P =x0)
Xed j=0
Y% li[ (1 — D) + gD exp(Aa(@n + )
fed =0 1+ exp(Aa(2nc + J))

1

= ST 1L +exp(@ — 289) - Aa@ne+ )1

Xed j=0
and

Var(xn) = Y IR Pr(xn, = %) — [E{Xp }|? (11.11)

Xed

1
=Y IRP] ]I +exp(@ — 28D) - Aa@ne+ )] = [E{xn}I?

Xed j=0

where %) denotes the corresponding jth binary bit in symbol X. For the first iteration,
assuming equally likely coded bits, i.e. no a priori information available, one obtains
Aa(2ni+j)=0.

The soft estimate of the symbol vector x is formed as E{x} = (E{x1}, E{X2}, ...,
E{Xn-1}), and for each transmit antenna n;, the soft interference cancellation
is performed on the received signal vector y, to obtain the interference-reduced
signal

Yo =Y — HE{X}|E(x)=0 = H(X — E{X}|E(x,,)=0) + 71 (11.12)

In order to further suppress the residual interference in ¥, , an instantaneous linear
MMSE filter is applied to ¥,,, to obtain

Zn, = Wy, Y, (11.13)

where wy, stands for the filter coefficient vector with N, elements, and it minimizes
the mean square error, E{|Xn, — Zn,|?} = E{|Xn, — w;!ynf}, between the transmitted
symbol x,, and the filter output z,,,. Solving the zero point of the differential of this mean
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squared error with respect to wy, , one obtains

w;, = E {xo 95} E {5095}

= E {Xn [(X" = E{X"}|Ex1=0) H* +n"]}

x E{[H (x — Ef}ep=0) + 1] [(X" — E(X}epm=0) H + 0]}
= E {XnX* — Xn E{X*}|Exy}=0}

x H*{E {H(X — E{X}|Ex,1=0)(X* — E{X*}|gx,)=0)H*} + E {7777*}}71

= E {I¥n |} &*H* {HE {(Xx—E{X} /g, 1=0) (X* — E{X*Hep1=0) | H* + Noln}
= Ese*H* {H diag{Var(xo), . . ., Var(x._1),
x Var(Xn1), - - - » Var(xn,_1)}H* + Noly,} (11.14)

1

where Es = E{|xn,|?} = PqTe is the energy of each modulated data symbol, e denotes
a vector with the n¢th element being 1 and all the other Ny — 1 elements being 0,
diag{-} stands for a diagonal matrix, and I, is an identity matrix with N; rows and
columns.

Consider two special cases of the MMSE filter: in the absence of the a pri-
ori information, i.e. in the first iteration, the variances Var(xn) = Es make wj =
Ese*H*{EsHH* + Noly,} 71, and then (11.13) is the output of the well-known MMSE
filter for the n¢th transmit antenna; in the opposite case of genie a priori knowledge,
the variances Var(x,,) = 0 make w; = ESE:NO e*, and then (11.13) is simply a scale ver-
sion of the matched filter for the n¢th transmit antenna after perfect cancellation of the
interference from other transmit antennas.

The instantaneous MMSE filtering provides an efficient and accurate method of com-
puting the extrinsic LLR, which is vital to the iterative receiver. Conditioned on X,, it
is shown in [1] that the soft instantaneous MMSE filter output z,, is well approximated
as a Gaussian random variable with mean p, Xn, and variance Unzt given respectively

by

tn, = E {za x5} /E {1Xn P} (11.15)
- w:lHe/Es
= e*H*{H diag{Var(xo), . .., Var(xn,—1), Es, Var(Xn.+1), - . ., Var(xp,—1)}H*
+ Nolnt}He
and

ol = Var(zn,)
= E{lza|?} — 1d, = 1o, — 14, (11.16)
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Then the extrinsic LLR sequence of the coded bit vector given by the MMSE-SIC
detector is

Pr(x{) = 1)z Pr(x{) =1
Ap@2ni+j) =In ( Qt) %) _ n ( ?‘.) ) (11.17)
Pr (xn’ = 0]z;) Pr (xn’ = 0)
Z _ Pr(Xnt |Znt)
_ |p fneox=t AACN + )
ST Prxgzy N
xnte<b,x§{)=0
> A Pr(zn,|X,,) Pr(x,)
_ xntecb,xﬁi):l i
=In — Aa@ni+ )

2. Pr(zadx,) Pr(x,)

Xng e@,xﬁ{'):o

2 1
Z exp <_ |an - Mntxnz| /O’nzI + Z Xlgllt()AA(znt + k)
k=0

()

Xny €@, Xny' =1
=1In -
—|z — 2 [ 2 (k)
t
> exp ( |Zn Mntxn,| /Un, + > Xn, Aa(2n¢ + k))
xme@,xﬁ{):O k=0
— AaA(@ni + j)

After that, the extrinsic LLR sequence Ap(2n;+ j) passes through the inverse dis-
tribution function F~1, P/S converters, deinterleaver, and is then sent to the SISO MAP
decoder as the a priori LLR input for the coded bit vector. While in the next iteration, the
soft extrinsic LLR output of decoders is sent through the S/P converters, the distribution
function F and interleavers are then used to regenerate the a priori LLR input of the
MMSE-SIC detector for the coded bit vector.

Note that in a conventional SISO MAP decoder for convolutional code, only the infor-
mation bits are concerned. Therefore, the conventional SISO MAP decoding algorithm
is derived to provide LLR of each information bit. As a result, only information bits are
recovered after decoding. In the SIC scheme, however, data replicas must be regenerated
and then the coded bits should be recovered. Hence, only in the last iteration is the con-
ventional SISO MAP decoder used to recover information bits, while in the iterations
before the last one, the conventional SISO MAP decoder is modified to obtain LLR of
the coded bits, and then the soft estimates of the coded bits can be generated in the
MMSE-SIC detector.

Simulation results

Some representative simulation results are given in this section. Unless noted otherwise,
the parameters given in Table 11.1 are used as follows. The number of transmit or
receive antennas is Ny = N; = 4. A carrier frequency of 4.635 GHz with bandwidth of
50.75 MHz is assumed. The number of sub-carriers, N, is 384 with a sub-carrier spacing
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Table 11.1 Simulation parameters for convolutional-coded LSTF architectures

Number of antennas, N; = N,

Carrier frequency

Bandwidth

Number of sub-carriers, N

Number of IFFT/FFT points, M

Packet length

Data modulation

OFDM symbol duration, T (effective data, T.+ guard
interval, Tq)

Channel coding/decoding

Number of iterations in joint detection and decoders

Channel model

4

4.635 GHz

50.75 MHz

384 (131.836 kHz sub-carrier spacing)

512

Nq4(= 24) OFDM symbol slots

QPSK

9.259 us (7.585 + 1.674 ps: 512 + 113
samples)

1/2-convolutional code/SISO MAP decoding

4

L (= 6)-path exponential decay Rayleigh fading,
r.m.s. delay spread oyms = 0.23 us, Doppler
frequency shift fp = 20Hz

100 T T T T i
E,/N,=1dB .
p=0 1
L=6 ]
Opms = 023 s
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Figure 11.9 PER performance vs. the number of iterations in the joint detection and decoding.

of 131.836 kHz. The number of IFFT points, M, is setto 512, and in each packet there are
Ng = 24 OFDM symbols. QPSK modulation is adopted. To prevent I1SI, a guard interval
of Ty = 1.674 ps for cyclic prefix is inserted between two adjacent OFDM symbols.
The convolutional codes with coding rate R = 1/2, constraint length of 5 and generator
polynomials (23g, 35g ) are adopted, and the codeword length is 2N{N;Nq = 55 296 bits
inthe LSTF-abut only 2N Ny = 18432 bits in the LSTF-b and the LSTF-c. The number
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Figure 11.10 PER performance vs. the percentage of pilot channel energy in one packet.

of iterations in the joint MMSE-SIC detector and SISO MAP decoders is 4. The number
of multipaths is L = 6, the r.m.s. delay spread oyms = 0.23 us and the maximum Doppler
frequency shift fp is 20 Hz. The fading correlation coefficient p between antennas is 0.
In channel estimation, the average window size in frequency domainis 21 + 1 = 3, and
the percentage, y, of the pilot channel energy in one packet is set to be 20 percent. Finally,
because the average energy per transmitted symbol after cyclic insertion is P4T and the
elements in each channel response matrix H [ng, n¢] have unity variances, the average
symbol power of every receive antenna is N¢Py4T /(1 — y), carrying 2N¢R information
bits. Then the average SNR of every receive antenna per information bit is defined as
Eyp/No = P4T /2NgR(1 — y), which is set to 1 dB.

First, the packet error rate (PER) performance is shown in Figure 11.9 as a function
of the number of iterations in the joint MMSE-SIC detector and SISO MAP decoders. It
can be seen from the figure that the LSTF-c outperforms the LSTF-b significantly, and
has almost the same PER performance as the LSTF-a, because the LSTF-c can jointly
exploit the available spatial, temporal and frequency diversity like the LSTF-a. Generally,
the PER performance of all the three LSTF architectures improves dramatically as the
number of iterations increases from 1 to 3. However, when the number of iterations
increases further beyond 3, the PER performance of the three LSTF architectures remain
flat.

Figure 11.10 investigates the effect of the percentage, v, of the pilot channel energy
in one packet on the system performance. The total transmit power and the variance of
channel noise are fixed to meet E,/Ng of 1 dB. It can be seen that, for all the three LSTF
architectures, when y is small, the pilot channel has small power and this results in poor
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Figure 11.13  PER performance vs. the fading correlation coefficient between antennas.

channel estimation. Thus, the system performance degrades. When y increases, PER
performance improves as the quality of channel estimation improves, and PER reaches
a minimum value for a particular value of y. Further increasing y beyond that value
increases PER. This is because too much power is assigned to the pilot channel and
small power to data channel so that data channel becomes vulnerable to channel noise.
Thus, y should be in the range [16%, 24%] to provide near optimum system performance.
On the other hand, it can be seen that, for a given value of y, the LSTF-c outperforms the
LSTF-b significantly, and has almost the same PER performance as the LSTF-a. This is
consistent with Figure 11.9.

The PER performance of the three LSTF architectures as a function of the number
of multipaths, L, is shown in Figure 11.11. For different values of L from 2 to 12, the
maximum time delays are set to different values to make the corresponding r.m.s. delay
spreads, oyms, be approximately 0.23 us. It can be seen that the PER performance of all
the three LSTF architectures decreases almost linearly as L increases. This is because
a larger L makes the channel more frequency selective, and thus achieves much more
frequency diversity gain. Therefore, the instantaneous received signal power tends to vary
less, i.e. the time variations in the received signal approach a constant level. Furthermore,
for a given value of L, the LSTF-c achieves almost the same performance as the LSTF-a,
and outperforms the LSTF-b significantly.

Figure 11.12 illustrates the PER as a function of the r.m.s. delay spread oyms. It can
be seen that for all the three LSTF architectures, when oy is very small, the high
correlation between sub-carriers results in low frequency diversity gain. Thus, the system
performance degrades. When oy increases from a very small value, PER performance
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Figure 11.14 PER performance vs. the maximum Doppler frequency shift.

improves as the frequency diversity gain increases, and PER reaches a minimum value
for a particular value of oyms. Further increasing oyms beyond that value increases PER.
This is because the decreasing correlation between sub-carriers results in worse channel
estimation error in the frequency domain.

Figure 11.13 investigates the effect of the fading correlation coefficient, p, between
antennas on the system performance. It can be seen that, given p, the PER performance
of the LSTF-c is almost the same as that of the LSTF-a, but much better than that of the
LSTF-b. For all the three LSTF architectures, as p increases, the system performance
degrades, and the performance difference between the LSTF-c (or LSTF-a) and the
LSTF-b becomes smaller and smaller. This is because the spatial diversity gain decreases
with increasing correlation between antennas.

Although in most cases the high-speed LSTF architectures experience a slow fading
channel, when occasionally a large Doppler frequency shift occurs, the channel variation
in one packet duration is serious. For example, for a carrier frequency of 4.635 GHz,
when a mobile terminal moves at a speed of 200 km/hour, the resultant maximum Doppler
frequency shift can be almost as high as 800 Hz. Therefore, it is necessary to investigate
the effect of Doppler frequency shift fp. Figure 11.14 shows the PER performance as a
function of the maximum Doppler frequency shift. It can be seen that for all the three
LSTF architectures, when the Doppler frequency shift is small (i.e. less than 100 Hz), the
PER is almost flat. When fp increases from 100 Hz, the system performance degrades
severely. This is because the channel estimation cannot track the channel variation well.
On the other hand, for a given value of fp, the LSTF-c achieves the same performance
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as the LSTF-a, and outperforms the LSTF-b significantly. This is consistent with other
figures. When fp increases to 800 Hz, compared to that of the LSTF-b the performance
gains of the LSTF-a and the LSTF-c become smaller due to the increasing channel
estimation error.

Summary

In this chapter, the iterative receiver structure is studied for the novel LSTF architecture
(i.e. LSTF-c) with each independent codeword threaded in the three-dimensional space-
time-frequency transmission resource array for high-speed OFDM MIMO multiplexing
over frequency-selective fading channels. This iterative receiver structure consists of the
joint MMSE-SIC detector and SISO MAP convolutional decoder with time-multiplexed
pilot-aided channel estimation. The following conclusions are drawn.

(1) The proposed LSTF-c architecture can get almost the same performance as the
LSTF-a applying coding across the whole information stream, and considerably
outperform the LSTF-b assuming each independent codeword is being transmitted
through a dedicated antenna.

(2) Four iterations in joint MMSE-SIC detector and SISO MAP convolutional decoders
are sufficient to achieve stable performance.

(3) To provide near optimum performance, the percentage of the pilot channel energy
in one packet should be in the range [16%, 24%].

(4) As long as the Doppler frequency shift is less than 100 Hz, the performances of
the LSTF architectures are flat, but they degrade dramatically when the Doppler
frequency shift is large.
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12.1

Sub-packet transmission for hybrid
ARQ systems

ARQ is a flexible and efficient technique for data transmissions. In hybrid ARQ, sub-
packet schemes are more attractive for systems with burst errors than complete packet
schemes. Although sub-packet schemes were proposed in ARQ systems, optimum sub-
packet transmission is more effective to maximize throughput in a dynamic channel.
Since convolutional codes are burst errors in decoding, the optimum sub-packet can be
applied to convolutional codes. This chapter investigates the performance of sub-packet
transmission for convolutionally coded systems. An efficient method is proposed to esti-
mate the optimum number of sub-packets, and adaptive sub-packet schemes, i.e. schemes
that enable a system to employ different optimum numbers of sub-packets under various
conditions, are suggested to achieve maximum throughput in the system. Numerical and
simulation results show that the adaptive sub-packet scheme is very effective for the con-
volutionally coded hybrid ARQ system, and it can provide higher throughput, smaller
delay and lower dropping rate than complete packet schemes. Moreover, the adaptive
sub-packet scheme can be flexibly used with packet combining techniques to further
improve system throughput.

Introduction

In high-speed data communication systems, information sequences are transmitted usu-
ally in packets with fixed length. At a receiver, error correction and detection are carried
out on the whole packet. If the packet is found in error, the receiver sends a request to
the transmitter via a feedback channel, and then the whole packet is retransmitted. How-
ever, such a conventional complete-packet ARQ scheme is inefficient in the presence
of burst errors. As shown in Figure 12.1, when the whole packet is divided into a few
sub-packets, all or a majority of the bit errors may be located in one sub-packet, leaving
other sub-packets error-free. But in the complete packet scheme, the whole packet will be
retransmitted no matter how bit errors are distributed. This situation can be improved if
sub-packet schemes are employed. In sub-packet transmissions, only those sub-packets
that include errors need to be retransmitted.

Although sub-packet schemes were proposed in ARQ systems [1], there is no work
that discusses the optimum number of sub-packets, and a fixed sub-packet scheme
only provides improved throughput in a small range of the signal-to-noise ratio (SNR).
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Figure 12.1  Burst packet error patterns.

Ascertaining the optimum number of sub-packets in one transmission is the objective
of this chapter. Exploiting the burst error property of convolutional codes, an adaptive
sub-packet scheme is proposed to provide the highest throughput in a dynamic channel.
The chapter is organized as follows. In Section 12.2, the system model and sub-packet
schemes are introduced. In Section 12.3, PER performance of FEC codes is analyzed.
Section 12.4 is devoted to finding the optimum number of sub-packets for a system to
maximize the throughput. An efficient algorithm is proposed to estimate the optimum
number of sub-packets at variable SNR. Representative analytical and simulation results
of throughput, delay and dropping rate are also presented. Finally, conclusions are drawn
in Section 12.5.

System overview

In a hybrid ARQ system, the information data blocks are encoded with error detection
and FEC codes. The coded bit stream modulates a carrier using binary phase shift keying
(BPSK). After passing through an additive white Gaussian noise (AWGN) channel and
being demodulated, the baseband signals are decoded by error correction and checked by
error detection. Finally, acknowledgment signals, i.e. positive acknowledgement (ACK)
and negative acknowledgment (NAK), are transmitted back to the transmitter over an
ideal feedback channel, which is assumed to be error-free.

Suppose that an information data block of L-bit length is transmitted with ARQ tech-
niques. The whole information data block is segmented into N sub-blocks as illustrated in
Figure 12.2(a), which consists of N error detection encoders and one FEC encoder. Each
detection code is an (n, k) systematic block code where n is the length of one codeword
(one sub-packet) and k is the length of information bits in each sub-block (k = L/N
is an integer). That is, each sub-block passes through an error detection encoder that
produces a sub-packet of n bits. All sub-packets are then time-multiplexed into a whole
packet with length Ls, = n - N for the convolutional encoder with possible punctuation.
The final output is a channel-coded word of length L¢. The sub-packet structure is shown
in Figure 12.2(b) where each sub-packet includes a systematic error detection code of
n — k bits. In the following analysis, two different PERs are used in the N sub-packet
schemes. One is the sub-packet error rate (SPER), denoted as Pg,(N), and another one
is the whole packet error rate, i.e. the codeword error rate of the FEC code, denoted as
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Figure 122  Sub-packet schemes. (a) Encoder structure of sub-packet scheme (K = L/N),
(b) sub-packet structure.

Pw(N). Note that the conventional complete-packet scheme can be treated as a special
case of the sub-packet scheme with N = 1. That is, the PER of the complete-packet
scheme is simply represented by Py(1) or Psp(1).

A systematic cyclic redundancy check (CRC) code with 16 parity bits (L = 16)
in CCITT standards is used as the error detection code [2]. Its generator polynomial is
g(D) = D 4+ D' 4+ D’ 4 1, where D stands for bit delay operation. The CRC
code is easy to implement, but it is not easy to evaluate its performance in traditional
methods such as weight distribution and minimum distance. However, there are some
other meaningful measures for the performance of CRC codes, such as the “burst error
detection capability” and “error detection coverage (A).” A binary CRC code with L
parity bits can detect all burst errors of length L, or less and detect the fraction 1 =
1 — 27tee of all the error patterns. On a binary symmetric channel, when the code-
dimension k and the error probability are large, the undetected error probability of CRC
codes approaches 2, Thus, the performance of CRC codes is mainly determined by
Lere. The longer L, the better the performance. A CRC code with L. = 16 can provide
adequate detection for most applications.

A 1/2-rate convolutional code is employed with constraint length m; = 4 (or memory
length of m¢ — 1 = 3) and generator polynomial G(D) = [1+ D + D%, 1+ D + D? +
D3], or (64, 74) [2]. Higher-rate codes are obtainable by puncturing from the low-rate
code [3]. For example, the compatible 2/3-rate and 5/6-rate codes can be obtained from



12.3

Sub-packet transmission for hybrid ARQ systems 299

the 1/2-rate code by means of the following puncturing matrices:
[1101} and [ll 1,1001,1001}

0111 01 0,0111, 0110
respectively, where “1” means that the code bit will be transmitted and “0” means that
the code bit will be dropped and not transmitted.

Consider the ARQ protocol of sub-packet schemes. As shown in Figure 12.2(b), sub-
packets are independent of each other in CRC coding processes. The N sub-packets
named {SPi, SP,, ..., SPy} are time-multiplexed into a single whole packet to be
encoded by the FEC coder. At the receiver side, Viterbi decoding is carried out, and
the syndrome of CRC codes is calculated for each sub-packet SP; (i = 1,2, ..., N). If
there is no error in a sub-packet, the corresponding decoded sub-block is stored in a buffer
and an ACK is sent to the transmitter. However, if there are some erroneous sub-packets
after the decoding is finished, then the corresponding NAK is sent to the transmitter for
retransmission of the erroneous sub-packets. All correctly detected sub-blocks are stored
in a buffer, and sequentially forwarded to the higher layer. At the transmitter, since the
codeword of the previous transmission has been stored, the corresponding parts in the
codeword of the sub-packets to be retransmitted can be obtained and retransmitted to
the receiver. At the receiver, the signals of the previous transmission are needed. The
retransmitted parts will replace the erroneous parts in the previous codeword, and the
whole codeword is decoded again. The maximum transmission times for a particular

sub-packet are limited to M. If the sub-packet is still in error after M transmissions, then
it will be dropped out.

Performance bound

The tangential sphere bound is used since it is a tight bound for binary linear codes [3-5].
Compared to the union bound [6], tangential sphere bound gets much closer to the actual
performance at low to moderate SNR. The total number of codewords with Hamming
weight d is defined as

ch
Sa=Y Aua. d=0.1.... L (12.1)
w=0

where A, 4 is the number of codewords with Hamming weight d, generated from infor-
mation bits with Hamming weight w. Assuming that the variance of the additive channel
noise is o2, the tangential sphere bound on the PER, Py, is given by [5]

2
pp _ T dzy e—Zf/ZUZ iy Li — l, ry,
T Jow 270 2 202

Y s [Q (ﬂdfl)) - Q(%)}?(sz_z’ i _ngzal)> } (12.2)
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where the sum is only taken over {d} which satisfy 84/2 < «q, and variables r,, B4(z1)
and «yq are further defined as

r, = (1 — _ﬁEs)r
Iz, (Sd
Bi(21) = ———="
52 2r

v1-aE (12.3)
7
=r _
v 4L(E,

where Eg is the energy per coded bit. Thus, the total energy of a codeword is L¢Es.
34 is defined as the Euclidean distance between two codewords in d different positions
(d < Ly). For antipodal signals, 84 = 2,/dEs. Furthermore, ¥ (a, x) in (12.2) is the
normalized incomplete gamma function, given by

1 X
v, x)=—— | t¥leld, a>0 x>0 12.4
760 = [ (124)
where T" (a) is the gamma function, given by
+00
I (a) =/ t*leldt, x>0 (12.5)
0
In (12.2), Q (x) is the Q function, expressed as
Q) = N / et x>0 (12.6)
- V2 Uy ’ B '

By setting the derivative of (12.2) to zero, an optimal r can be found to achieve the
tightest upper bounds [5].

To calculate the tangential sphere bound, it is necessary to evaluate (12.1) first.
Although many efforts have been made by experts to find the distance spectra [7-10], it
remains a problem for most codes. Fortunately, for convolutional codes with small con-
straint lengths, (12.1) can be quickly calculated [11] when the codeword is not too long.
Since the computation complexity increases exponentially with the constraint length,
the tangential sphere bound is only calculated for the 1/2-rate convolutional code with a
constraint length of 4. Given Ly, = 1200, the length of the codeword is 2406, including
6 tail bits. Otherwise, an overflow will occur because the calculation involves very large
values. Convolutional codes with other code rates, constraint lengths and code lengths
will be studied as well.

Analysis and simulation

As explained in Section 12.1, sub-packet schemes are good schemes in the presence
of burst errors. This section is devoted to finding the optimum sub-packet schemes to
maximize system throughput. Consider an N-sub-packet scheme with an (n, k) error
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detection code. The effective code rate of the packet scheme is defined as

L N-k N-(N—Lg) Lep—N-L
Rett = — = = = cre 12.7
eff Lf Lf Lf Lf ( )

which accounts for the redundancy introduced by error detection codes. Define SNRy, =
Ep/Np as the SNR per information bit, where Ey, is the energy per information bit and Ng
is the power spectrum density of channel noise, and SNR; = Refr - SNRy, as the SNR per
channel bit. Obviously, when all the other parameters are fixed, SNR, (or Refr) decreases
as N increases. Given L. = 16 and N, one way to alleviate the effect of N on SNR; is
to apply sub-packet schemes in long-packet-length systems (large Lp).

Optimum sub-packet schemes

Throughput is chosen as the criterion for optimizing the number of sub-packets, N. Con-
sider a truncated system that employs a selective repeat-ARQ protocol with M maximum
transmissions. The throughput is defined as [6]
ch -N- Lcrc
Lt
When Ly, Lere, Lt (0r the code rate) and SNRy, are given, the throughput only depends
on N. When the number of sub-packets, N, is very large, Rqs tends to be small, so that
the throughput » becomes small. When N is very small, however, the SPER Pg,(N) tends
to be large, so the throughput n becomes small as well. Therefore, there must exist a
value of N at which the throughput takes a maximum value. The optimum number of
sub-packets (Nopt) that achieves the highest throughput can be obtained by setting the
derivative dn/dN to zero. Nop: can then be obtained from

ch ' 2Py (N) + Lcrc : [1 - Psp(N)]

_ dN
N = L 3PV
crc dN

N = Rerr - [1 — Psp(N)] = [1- Psp(N)] (12.8)

(12.9)

If Psp(N) is given, then Ny can be calculated from (12.9) directly. Unfortunately, it
is difficult to obtain a closed form of Pg,(N). Under the assumption of burst packet error
patterns and long packet lengths, Ngp can be obtained from (12.9) by approximating
Psp(N) with its average upper bound as follows.

For the hybrid ARQ system employing an N-sub-packet scheme, the error rate of the
whole packet, P,,(N), can be approximated by the tangential bound (12.2). Note that the
input sequence to the FEC encoder is not pure information bits but N time-multiplexed
CRC codewords. CRC encoders will change the weight distribution of the input sequence.
As Sq in (12.1) is the number of FEC codewords with weight d, it is a function of the
number of sub-packets. In addition, the effective code rate is a function of N. For long
packet lengths, the effects of N on weight distribution and code rate are not significant.
Moreover, the PER of convolutional codes is not sensitive to the change in SNR. Thus,
Pw(N) & Py(1). Furthermore, since bit errors are in burst, Ps,(N) can be approximated
by Py(N)/N:

Pu(N) _ Pu(N) _ Py

Psp(N) ~
(N) ~ =% A

(12.10)
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Then, Nop: can be obtained from (12.9) and (12.10):

Len - Pp

12.11
I—CI’C ( )

Nopt ~
Equation (12.11) clearly describes the relationship between Ny and other system
parameters. Firstly, Noy is limited by the redundancy (L) introduced by error detection
codes. When the CRC is long (large Lcrc), Nop: may take a value as small as one, which
means that there is no benefit from sub-packet schemes due to too much redundancy
introduced by the CRC. When L is very small, Noy becomes large. Thus, a small Ly
is required to render a sub-packet scheme advantageous. For CRC codes, however, L
should be large enough to ensure detection. Therefore, to balance both CRC detection
capability and sub-packet scheme, an appropriate value of L ¢ should be chosen. Second,
when L and Py, (1) are given, Nopy increases with Ly, which means more benefit from
large-N sub-packet schemes in long-packet-length systems. Third, a lower bound of
Pw(1) can be obtained from (12.11) by setting Noy: = 1, and is given by

Puw = Lore (12.12)
- Lep

Thus, a longer packet length L¢, can result in a smaller Py, which will increase the
effective SNRy, region of sub-packet schemes (see (12.7)). In the SNR,, region where
Pw(1) < Pw, Nopt is set to one, which means that complete packet schemes are the best
packet schemes in the region, instead of sub-packet schemes.

Given Lg and Ly, the optimum sub-packet scheme can be constructed as follows.
First, a PER versus SNRy, curve is obtained from the tangential sphere bound (or simu-
lation). Then Py, can be found from the curve and the corresponding SNR;, is taken as a
threshold. For SNRy, where Py (1) < Py, Nopt should be set to one, whereas for smaller
SNRy, where Py,(1) > Py, Nopt is calculated by using (12.11).

The proposed method of constructing adaptive sub-packet schemes is verified with
convolutional codes. Consider a convolutional code with L = 2406, L, = 1200, m; =
4 and a code rate of 1/2, whose generator polynomial is (64, 74). The tangential sphere
bound of PER is obtained and Py, is calculated from (12.12) with the corresponding
SNRy, of about 5.0 dB. Therefore, when SNRy, is smaller than 5.0 dB, the optimum Nt
can be found by using (12.11), whereas when SNR, > 5dB, Ngp = 1. The adaptive
sub-packet scheme (or Ngpt) can be derived. Simulation results are also depicted in
Figure 12.3 for comparison. It is seen that analytical Nop: derived from the tangential
sphere bound is close to the simulated Ngp obtained from simulations at low or high
SNRy. At moderate SNRy, however, it is larger than the simulated Nop. This is because
when SNRy, is low or high, the tangential sphere bound provides good estimation for
PER, while at moderate SNRy, this upper bound is much larger than the simulated PER.
It is seen from Figure 12.3 that the optimum sub-packet scheme is not a constant-N
scheme. Instead, Nopt changes with SNRy. The scheme that enables a system to employ
different values of Ny under variable SNRy, is called “an adaptive sub-packet scheme.”
Using a predefined table of Ny at different SNRy, the adaptive sub-packet scheme can
be easily realized.
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Figure 12.3 Optimum number of sub-packets in the adaptive sub-packet scheme.

Since at moderate SNRy, Nopt derived from the tangential sphere bound provides a
rough estimation for the real Noy, it is necessary to investigate the system throughput
with the adaptive optimum sub-packet scheme. The throughput of the complete packet
scheme obtained from simulation is also plotted for comparison. Note that the optimum
number of sub-packets is dependent on the SNRy,. It can be seen from Figure 12.4 that
when SNRy, is small or moderate (SNR;, < 3dB), the adaptive sub-packet scheme can
significantly improve the system throughput compared to the complete packet scheme.
Analytical and simulation results are very close even at moderate SNR;, where analytical
Nopt is larger than simulated Nop: (see Figure 12.3). That is, performance degradation is
small when Ny is slightly over-estimated.

Simulated throughput is illustrated in Figure 12.5 with fixed-N and adaptive sub-
packet schemes. It is seen that an adaptive sub-packet scheme always provides the high-
est throughput, whereas fixed-N sub-packet schemes provide the same throughput as
adaptive only in narrow ranges of SNRy,. Specifically, when SNRy, is from 2 dB to 3 dB,
or from 3 dB to 4 dB, or from 4 dB to 5 dB, the optimum numbers of sub-packets
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Figure 124 Throughput comparison between simulation and analytical results.

are about Nopr = 8, 4 and 2, respectively. When SNR, > 5dB, the complete packet
scheme (Nop: = 1) performs the best. This is consistent with Figure 12.3. In summary, for
convolutionally-coded hybrid ARQ systems, the adaptive sub-packet scheme improves
the throughput significantly.

The performance of adaptive sub-packet schemes will be further investigated with
different code rates and constraint lengths. As mentioned in the previous section, it is
complicated to obtain the distance spectra of convolutional codes with punctuation and
long constraint lengths. In order to provide the performance comparison of the adaptive
sub-packet and complete packet schemes in more detail, the following results are obtained
by means of simulations.

Figure 12.6 illustrates the system throughput as a function of SNRy for different
code rates generated by puncturing. It can be seen that for a given scheme (adaptive or
complete), the convolutional code with code rate of 1/2 provides the highest throughput
at small SNRy, while the code with code rate of 5/6 performs best at high SNRy,. For a
given code rate, although adaptive and complete schemes perform the same when SNRy
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Figure 125 Throughput of fixed sub-packet and adaptive sub-packet schemes.

is large, the former performs much better than the latter when SNRy, is small or moderate.
Itis also interesting to note that in the SNRy, range of interest, the throughput of 5/6-rate
code with the adaptive scheme is always higher than that of 1/2- or 2/3-rate code with
the complete scheme. Although the SPER of the 5/6-rate code is higher than the complete
PER of the 1/2-rate code, the former code still provides better throughput than the latter
due to the higher code rate. In summary, for the adaptive scheme, the best code rates
should be 1/2, 2/3 and 5/6 for SNRy, less than 3 dB, from 3 dB to 4 dB and greater than
4 dB, respectively.

In order to investigate the effect of packet length on the optimum sub-packet scheme,
Figure 12.7 shows the throughput (1) as a function of the number of sub-packets (N)
for Lo = 1200 and 1800, respectively. It is seen that each curve takes a peak value at
a specific value of N, which is Noyt = 9 and 12 for L, = 1200 and 1800, respectively.
Nopt is roughly proportional to Lc,. Although the peak values of the two curves are very
close, the curve of Ly, = 1800 is more robust to N. Therefore, a large value of L, is
preferable.
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Figure 12.6  System throughput of adaptive sub-packet and complete packet schemes for
different code rate.

Delay

Assuming that T is the time needed to encode, transmit and decode a sub-block of data,
the system delay is T plus additional delay caused by retransmission. For N = 1, i.e.
in complete packet schemes, if the packet is error free, then the system delay is T. If
the packet is in error, then additional time is needed for retransmission. Assuming that
feedback delay is negligible, the average additional system delay for complete packet
schemes is given by

Delay = T - Pop(1) + T - Psp(1)2 +--- + T - Pp()M ! (12.13)

When N > 1, the situation is quite different. For the received sub-packets SP; to SPy,
if the first sub-packet SP; is in error, then the other sub-packets must wait for it even
if they are error free, because data blocks must be sent to the upper layer protocol in
sequence. Hence, the system delay also depends on the position of the erroneous sub-
packet. Consider the simple case of M = 2, where all new sub-packets are transmitted.
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lengths.

At the receiver side, if the first sub-packet is in error, then all N sub-packets must wait for
another T before being sent to the upper layer or dropped, and the average additional delay
is Psp (N) - T. If the first sub-packet is error free and the second is in error, then the first
is sent to the upper layer and the other N — 1 sub-packets wait in the buffer for another
T. Hence, the average additional delay is [1 — Psp(N)]- Py (N)- (N —1)/N - T.
Similarly, when the first i sub-packets are error free and the (i +1)thisinerror, the average
additional delay is [1 — Psp (N)] - Psp (N) - (N —1)/N - T. Then, the additional delay
caused by retransmission for N-sub-packet schemes is given by

N—-1 N —i

Delay = Z [1— Py(N)]" - Psp(N) - T
i

B [1— Po(N)INTH = [1 = N - Psp(N)] - [1 — Psp(N)]
=T. (Psp(N)+ NPy )
(12.14)

When N = 1, (12.14) reduces to (12.13).
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Figure 12.8  Additional delay in adaptive sub-packet and complete packet schemes.

Figure 12.8 illustrates the additional delay of complete and adaptive schemes for
convolutionally coded systems. For all considered code rates, the adaptive sub-packet
scheme always provides less additional delay than the complete packet scheme, although
the improvement is relatively small. In this figure, L¢y is set to 1200, and the packet length
varies with code rates. Note that in fact T should change with packet length. The same T
is used in this figure, however, since the focus is on the performance difference between
complete packet and adaptive sub-packet schemes for each code rate.

Dropping rate

When a sub-packet is unsuccessfully transmitted for M times, it will be dropped out.
Therefore, in a truncated ARQ system with M maximum transmissions, the dropping
rate of a sub-packet is simply a power function of Pgy(N):

Parop = Psp(N) - Psp(N) - - - Pp(N) = PS’EA(N) (12.15)

M
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Figure 129 Dropping rate in adaptive sub-packet and complete packet schemes.

For M = 2, the dropping rates of complete packet and adaptive sub-packet schemes
are shown in Figure 12.9. It can be seen that for a given code rate, the dropping rate
of the adaptive sub-packet is much smaller than that of the complete packet, especially
when SNRy, is moderate.

Sub-packet combining

By combining a previously received erroneous packet and a new packet, the system
throughput can be improved significantly [12]. The adaptive sub-packet scheme can be
used with packet combining to further improve the system performance. It is assumed
that in total M = 2 transmissions are permitted. At the first transmission, the data
signals are transmitted using the optimum sub-packet scheme according to the channel
condition. At the receiver, all sub-packets are stored and NAK is sent to the transmitter
for retransmission of the erroneous sub-packets. The received signals of the previous
erroneous sub-packets and the corresponding sub-packets in the second transmission
are combined and the whole codeword is decoded again. If the channel is static during
the two transmissions, then the combination is simply the half sum of the two received
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Figure 12.10 Performance of adaptive sub-packet schemes with packet combining.

signals. In the Gaussian channel, the SNR of the combined signal is improved by 3 dB
and the SPER can be reduced significantly. If the sub-packet is still in error after packet
combining, it will be dropped.

Figure 12.10 shows the throughput performance of the adaptive scheme with and with-
out sub-packet combining. As a comparison, the performance of the complete scheme
with and without packet combining is also shown. It can be seen that for either the
adaptive or complete scheme, the system throughput is enhanced considerably by the
combining algorithm, especially at low SNR. With the combining algorithm, the adap-
tive scheme still outperforms the complete scheme, but the performance gap is reduced
when SNRy, is around 1 dB. This is because, when SNRy, is small, the SPER and PER
of the first transmission is high and the system throughput is mainly determined by
the SPER and PER after combining. Hence, due to two transmissions, the throughput is
roughly equal to half of the throughput without combining by shifting the SNR by —3 dB.
Therefore, with combining, the performance gap between the adaptive and complete
schemes reduces to a small value as SNRy, increases. When SNRy, is further increased
beyond 1 dB, however, the throughput in the first transmission increases for the adaptive
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scheme, while it is still very small for the complete scheme. Therefore, after combining,
the throughput gap between the two schemes increases as SNRy, increases from 1 dB.
Then, when SNRy, is moderate or high, after combining, the packet is error free in most
cases. Hence, the throughput is mainly determined by the SPER and PER at the first
transmission, and the throughput difference between the two schemes reduces as SNRy
is high.

Itis interesting to note that although the adaptive scheme without combining is inferior
to the complete scheme with combining at low SNR, the former outperforms the latter
when SNRy, > 2 dB. Asexplained before, when SNRy, is moderate or high, the throughput
after combining is mainly determined by the PER of the complete scheme at the first
transmission. Since the SPER of the adaptive scheme is much lower than the PER of the
complete scheme when SNR;, > 2dB, it is noticeable that the adaptive scheme without
combining has higher throughput than the complete scheme with combining. In summary,
the adaptive sub-packet scheme can be flexibly used with the packet combining technique
and still outperforms the complete scheme with combining.

Conclusions

This chapter presents an optimum sub-packet scheme for convolutionally coded ARQ
systems. By means of theoretical analysis and computer simulations, the following has
been shown.

(1) Sub-packet schemes are suitable for convolutionally coded ARQ systems at low to
moderate SNRy. Significant improvement in the system throughput is obtainable
with optimum sub-packet schemes.

(2) The optimum number of sub-packets (Nopt) can be derived under the assumption
of burst packet error patterns. Ny decreases with increasing SNRyp. Adaptive sub-
packet schemes provide best performance in dynamic channels (variable SNRy).

(3) The optimum sub-packet scheme outperforms complete packet schemes in the addi-
tional delay and dropping rate.

(4) The optimum sub-packet scheme can be flexibly used with the packet combining
technique to further improve system throughput.
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